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This thesis demonstrates the silicon-based on-chip W-band phased array systems. An

improved wideband I/Q network to minimize the capacitive loading problem is presented, and

its implementation in a 60–80 GHz active phase shifter using 0.13 µm SiGe BiCMOS process

is demonstrated. In addition, a 67–78 GHz 4-bit passive phase shifter using low-pass π-network

and 0.13 µm CMOS switches is demonstrated. By adding amplifiers to the passive phase shifter

with the architecture of alternating amplifiers and phase shifter cells, a low-power BiCMOS 4-

element phased array receiver for 76–84 GHz applications are presented. Lastly, a 76-84 GHz

16-element phased array receiver, designed differentially in order to reduce the sensitivity to

packaging effect such as ground inductance, is presented.

This thesis presents the silicon-based on-chip W-band phased array systems. An im-

proved quadrature all-pass filter (QAF) and its implementation in 60–80 GHz active phase shifter
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using 0.13 µm SiGe BiCMOS technology is presented. It is demonstrated that with the inclu-

sion of an Rs/R in the high Q branches of C and L, the sensitivity to the loading capacitance,

therefore the I/Q phase and amplitude errors are minimized. This technique is especially suited

for wideband millimeter-wave circuits where the loading capacitance (CL) is comparable to the

filter capacitance (C). A prototype 60–80 GHz active phased shifter using the improved QAF is

demonstrated. The overall chip size is 1.15 × 0.92 mm2 with the power consumption of 108

mW. The measured S11 and S22 are < -10 dB at 60–80 GHz and 60–73 GHz, respectively. The

measured average power gain is 11.0–14.7 dB at 60–79 GHz with the rms gain error of < 1.3 dB

at 60–78 GHz for 4-bit phase states. And the rms phase error is < 9.1◦ at 60–78.5 GHz showing

wideband 4-bit performance. The measured NF is 9–11.6 dB at 63–75 GHz and the measured

P1dB is -27 dBm at 70 GHz.

In another project, a 67–78 GHz 4-bit passive phase shifter using 0.13 µm CMOS

switches is demonstrated. The phase shifter is based on a low-pass π-network. The chip size is

0.45 × 0.3 mm2 without pads and consumes virtually no power. The measured S11 and S22 is <

-10 dB at 67–81 GHz for all 16 phase states. The measured gain of 4-bit phase shifter is -19.2

± 3.7 dB at 77 GHz with the rms gain error of < 11.25◦ at 67–78 GHz. And the measured rms

phase error is < 2.5 dB at 67-78 GHz. The measured P1dB is > 8 dBm and the simulated IIP3 is

> 22 dBm.

A low-power 76–84 GHz 4-element phased array receiver using the designed passive

phase shifter is presented. The power consumption is minimized by using a single-ended design

and alternating the amplifiers and phase shifter cells to result in a low noise figure at a low power

consumption. A variable gain amplifier and the 11◦ phase shifter are used to correct for the rms

gain and phase errors at different operating frequencies. The overall chip size is 2.0 × 2.7 mm2

with the current consumption of 18 mA/channel with 1.8 V supply voltage. The measured S11

and S22 is < -10 dB at 70–88 GHz and 74–88 GHz, respectively. The measured average power

gain is 10.1–18.9 dB at 76–84 GHz with the rms gain error of < 0.6 dB at 76–77 GHz, < 0.8 dB

at 79–81 GHz and < 1.1 dB at 81–84 GHz. The measured rms phase error is < 3.9◦ at 76–77

GHz, < 7.2◦ at 79–81 GHz and < 10.4◦ at 81–84 GHz. The measured NF is 10.5 ± 0.5 dB at

80 GHz and the measured input P1dB is -26.7 dBm to -23 dBm at 77–80 GHz depending on the

gain setting. The on-chip coupling is < -30 dB between adjacent channels.

Finally, a 76–84 GHz 16-element phased array receiver in a 0.13 µm SiGe BiCMOS pro-

cess is presented. All circuits are designed differentially to result in less sensitivity to packaging

effect and high channel-to-channel isolation. The overall chip size is 5.0 × 5.8 mm2 with the

xvii



power consumption of 500–600 mA from 2 V supply voltage. The measured S11 and S22 for all

16 phase states is < -9 dB at 72–88 GHz and 73–86 GHz, respectively. And the measured aver-

age power gain (S21) is > 10 dB for 76.4–90 GHz with the rms gain error of < 1 dB for 74–84.2

GHz. The measured rms phase error is < 11◦ for 73.6–83.6 GHz. In order to optimize the rms

gain and phase errors, the VGA and 11◦ phase shifter are used. The measured reverse isolation

(S12) > -45 dB. The measured NF is 11.2–13 dB at 77–87 GHz at the maximum gain state. And

the measured input P1dB is -20 dBm at 77 GHz and -25.8 dBm at the 83 GHz. The measured

coupling between channels is < -48 dB because of the relatively high substrate resistance and

the long distance between channels.

xviii



Chapter 1

Introduction

1.1 Phased Array Systems

Phased array systems are widely used in defense applications such as radars and com-

munication systems to achieve beam forming and beam scanning [1]. Mechanically-controlled

phased array systems uses many motors and gears to rotate and elevate the antennas. However,

because this technique is slow and difficult to control accurately, electronically-scanned phased

array has been developed. With this technique, the high-speed and high-precision beam forming

and scanning can be achieved [2].

Phased arrays are an array of antennas in which relative phase of the each element is

varied in such a way that the signal of the desired direction is added constructively and the

signals of the undesired direction are suppresed. By increasing the number of the antenna and

changing the signal amplitude of the each antenna, the beam pattern can be shaped (Fig 1.1(a)).

Also, by controlling the phase shifter of each antenna, the beam pattern can be steered (Fig.

1.1(b)). Fig. 1.2 shows the block diagram of the 8-element phased array system receiver. The

incoming signal from the angle θ arrives at each antenna with a phase difference of 4φ,

4φ = kd cos θ, k =
2π

λ
(1.1)

where, d is the distance between the antenna elements, θ is the incident angle, and λ is the

wavelength. By compensating the phase and amplitude difference between the antenna by the

phase shifter and the variable gain control block, the incoming signals are added constructively

in the desired direction and suppressed in the other directions.

One of the benefits of the phased array systems is that the effective Signal-to-Noise-
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Ratio (SNR) at the output of the receiver can be improved by 10log(N) compared the single

antenna element. As can be seen in Fig. 1.3(a), the incoming signals at each antenna are ampli-

fied by the system power gain and combined ”coherently” at the output. However, the input noise

at each antenna are amplified by the same gain and then combined ”incoherently”. Therefore, the

SNR at the output of the phased array receiver is improved. In addition, any interference from

different direction can be placed in the null of the beam pattern so that the spectral efficiency is

increased by spatial filtering (Fig. 1.3(b)).

1.2 Phased Array Architectures

The phase shifting to compensate for the phase difference between the antennas can be

realized in the RF, IF, LO and digital domain (Fig. 1.4). The RF phase-shifting architecture (Fig.

1.4(a)) has been widely used because the interferers at the system are combined and suppressed at

the RF domain, thus the required linearity of the following mixer can be relaxed. Also, because

the RF phase-shifting needs only one mixer at the receiver, it can be scalable to large arrays

with low power consumption. Recently, the IF- or LO-based phase-shifting architectures were

realized (Fig. 1.4(b),(c)) because these archtectures can remove the RF phase shifters which can

be lossy at millimter-wave. However, they requires the LO distribution network, which requires

complex layout for large arrays. Also, they require one mixer for every channel and this will

make the system complex with high power consumption. In the digial beam-forming (DBF)

architecture (Fig. 1.4(d)), the signals are first digitized and the phase shifting is done in the

digital domain. The DBF can achieve the highest performance. However, the DBF consumes

high power because it requires the largest number of components including A/D converters and

digital signal processor (DSP). Therefore, all RF phase-shifting architecture is chosen in this

thesis.

1.3 77 GHz Automotive Radars

One of the application that phased arrays have been used is the automotive radars. Over

the past decades, an intense research effort has been put on the automotive radar systems, includ-

ing parking aids, blind-spot detection, lane change and adaptive cruise control (ACC). Especially,

long-range radars (LRR) for the ACC require the narrow beamwidth and the beam steering ca-

pabilities in order to detect the distance and the relative speed of the vehicles in the range of

100-150 meters. Therefore, the 76-77 GHz band is preferred because it can have large arrays of
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antenna with compact size.

At millimter-wave frequency, these phased array systems have been implemented with

GaAs or InP based on discrete modules, resulting in high cost and low integration density. How-

ever, recent developement in silicon technology has led to the silicon-based single-chip phased

array in order to reduce the cost. SiGe implementations of the automotive radars were par-

ticularly successful due to their low phase noise performance and reliability over a range of

temperature.

1.4 Thesis Overview

Chapter 2 presents the design and analysis of an improved wideband I/Q network and

its implementation in a wideband phased-array front-end. It is found that the addition of two

resistors (Rs) in the all-pass I/Q network results in improved amplitude and phase performance

versus capacitance loading and frequency, which is essential for wideband millimeter-wave ap-

plications. A prototype 60-80 GHz phased array front-end based on 0.13 µm SiGe BiCMOS is

demonstrated using the improved QAF and with 4-bit phase shifting performance at 55-80 GHz.

Application areas are in wideband millimeter-wave systems.

Chapter 3 demonstrates a 67–78 GHz 4-bit passive phase shifter using CMOS switches

available in the 0.13 µm SiGe BiCMOS process. The phase shifter is based on a low-pass

π–network and CMOS passive transistors. The phase shifter achieves -19.2 ± 3.7 dB of gain

including pad loss at 77 GHz. The RMS phase error is less than 11.3◦ and the RMS gain error is

less than 2.5 dB over the 67–78 GHz range. The total chip size is 450 × 300 m2 (0.135 mm2),

excluding pads, and the chip consumes virtually no power. The measured P1dB is > +8 dBm at

77 GHz and the simulated IIP3 is > 22 dBm, making it possible to precede this design with a

high gain LNA without loss of system linearity or input power handling.

Chapter 4 presents a 76–84 GHz low-power 4-element phased array receiver built using

a 0.13 µm BiCMOS process. The power consumption is reduced by using a single-ended design

and alternating the amplifiers and phase shifter cells to result in a low noise figure at a low power

consumption. A variable gain amplifier and an 11◦ trim bit are used to correct for the rms gain

and phase errors at different operating frequencies. The phased array consumes 32 mW per

channel and results in a gain of 10–19 dB at 76–84 GHz, a noise figure of 10.5 ± 0.5 dB at 80

GHz and an rms gain and phase error < 0.8 dB and < 7.2◦, respectively, up to 81 GHz, and <

1.1 dB and 10.4◦ up to 84 GHz. The phased array also shows a channel to channel coupling of <

-30 dB up to 84 GHz. The alternating amplifier/phase shifter topology consumes less power than
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a vector modulator approach, and can be extended to a differential topology. To our knowledge,

this work presents state-of-the-art on-chip performance at W-band frequencies.

Chapter 5 presents a 76-84 GHz 16-element phased array receiver built using a 0.13 µm

BiCMOS process. The chip is built with fully differential circuits in order to avoid the ground

inductance effect from packaging (bond-wire, stud-bump, etc.). A variable gain amplifier and an

11◦ calibration bit are used to correct for the rms gain and phase errors. Each channel consumes

60 mW and results in an average gain of 9–17 dB, S11 and S22 of < -10 dB at 76–84 GHz,

a noise figure of 11–13.5 dB at 76–85 GHz, a input P1dB of -21 dBm at 77 GHz and an rms

gain and phase error < 1 dB and < 11◦, respectively, at 76–83 GHz. The measured phased-array

including the 16:1 summer and I/Q mixer shows a voltage conversion gain of 28–33 dB in a 1 kΩ

IF load (VoutIF /VinRF ), and I/Q imbalance < 1 dB at 76–84 GHz (< 0.5 dB at 76-81 GHz), a

3-dB IF bandwidth of DC–5 MHz with a controllable IF gain range of 20 dB (for FMCW radars).

The required LO power is -4 dBm at 37-44 GHz and is provided using an external source. The

phased array also shows a channel to channel coupling of < -40 dB up to 84 GHz.

Appendix A presents the design and implementation of a 18–20 GHz satellite down-

converter receiver with a 10.5 GHz local oscillator. The circuit design is single-ended for min-

imal area and current consumption, and for compatibility with a GaAs low-noise pre-amplifier

and a coaxial output transmission-line. The RF, LO and IF ports are ESD protected using on-

chip diodes. The down-converter results in a measured gain of 35–40 dB, an output P1dB of +2.4

dBm, and a noise figure of 4.8–9.8 dB for an input frequency of 18–20 GHz (IF of 3–1 GHz).

The required LO power is 2–3 dBm. The chip consumes 31.5 mA from a 2.5 V supply, and 55

% of the current is used for the output 50 Ω driver (17.3 mA). The chip size is 1.1 × 0.7 mm2

including all pads and is built using a commercial 0.18-µm SiGe technology.



Chapter 2

An Improved Wideband All-Pass I/Q

Network for Millimeter-Wave

Phase-Shifters

2.1 Introduction

Electronic phase shifters are essential for phased-arrays, and have been implemented

using passive and active networks in CMOS and SiGe technologies [3–21]. The active approach

is based on an in-phase/quadrature-phase (I/Q) network and, phase interpolation is achieved by

adding the I/Q signals with appropriate amplitudes and polarities (Fig. 2.1) [13–21]. A low-loss

accurate I/Q network is therefore an important circuit element of the active approach for precise

phase shifting. To circumvent the loss in traditional R-C-based passive quadrature generators

such as RC–CR bridge or R–C polyphase filters, a new quadrature all-pass filter (QAF) based on

an L–C series resonator was proposed in [14]. The QAF utilizes a second-order series resonance

and provides a wideband quadrature signal with maximum 3 dB voltage gain, and has been

implemented in several wideband phased-array chips [14–16, 18, 19, 21].

However, at millimeter-waves, the QAF loading capacitance due to the vector modulator

can be comparable to the internal QAF capacitance, and this results in significant I/Q errors. In

fact, this problem was known in [14], and it was recommended that the loading capacitance (CL)

be chosen to be 0.1–0.2 of the filter capacitance (C) for reduced phase errors. At millimeter-wave

frequencies, this is not possible in many cases, and therefore, an improved QAF network which

is not sensitive to the loading capacitance is required. This paper presents the analysis of such a

8
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network, and its implementation in a wideband 60–80 GHz phased–array front–end.

2.2 Design

2.2.1 Architecture

The active phase shifter architecture is presented in Fig. 2.1. An I/Q network and two

variable gain amplifiers (VGAs) are used in a differential mode for sign reversal, and the VGA

outputs are summed in the current domain to create the final vector with arbitrary phase shift.

The output phase relies on the gain ratio between the I- and Q-paths, and this results in a robust

design against process, supply voltage and temperature variations. Phase synthesis based on

the interpolation of quadrature vectors is a linear operation and is independent of frequency,

guaranteeing wideband operation. The fundamental limitation of the phase accuracy and the

operating bandwidth is given by the quadrature network.

Analysis Of Phase Synthesis Based On Signal Interpolation

To investigate the effect of the amplitude and phase errors in the quadrature network

on the output phase accuracy, define a quadrature signal set as SIQ = {VI , VQ} = {A 6 0◦,

A∆A 6 (90+∆θ)◦}, where ∆A and ∆θ are the I/Q amplitude mismatch and phase imbalance of

the basis I/Q vectors VI and VQ, respectively. The linear combination of the reference vectors is

Vout = GIA 6 0◦+GQA∆A 6 (90+∆θ)◦, where GI and GQ are amplitude weights determined by

the output phase θout = tan−1(GQ/GI ). The phase error (θerror) and amplitude error (Merror) of

the output signal are given by (2.1) and (2.2), respectively ( [22]):

θerror|n = tan−1Pn − tan−1

(
Pn∆Acos∆θ

1− Pn∆Asin∆θ

)
( deg). (2.1)
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< 360◦/25 = 11.25◦) and 5-bit (region III, θerror < 360◦/24 = 5.625◦) operation.

Merror|n = 10 log

(
1 + (Pn∆A)2 − 2Pn∆Asin∆θ

1 + P2
n

)
(dB). (2.2)

where Pn=(GQ/GI )n=tan−1(n360◦/2N), with N=number of phase bits; and n=0, 1, 2, . . . , 2N-1

(0 ≤ Pn ≤∞, Pn=0 for θout=0◦, Pn=1 for θout=45◦ and Pn=∞ for θout=90◦).

When Pn=∞ (+90◦ phase bit), θerror=∆θ and Merror=20log∆A, respectively, consis-

tent with intuition (tan−1x'π/2-1/x, if xÀ1). θerror should be <360◦/2N+1 to avoid any phase

overlap between different phase bits, guaranteeing N-bit phase resolution. Fig. 2.2 ( [22])

presents contour plots of ∆A and ∆θ for several cases of θerror. To achieve 3-bit, 4-bit and

5-bit accuracies the I/Q errors should be inside region I, II and III, respectively. For example, for

5-bit phase accuracy, |∆θ| needs to be less than 5◦ with a maximum of±1.5 dB of I/Q amplitude

error in the quadrature network.

2.2.2 Quadrature Signal Generation

2.2.3 R-C-based and L-C Resonator Quadrature Generators

The traditional RC-CR network has been widely used for narrowband quadrature signal

generation (Fig. 2.3(a)). To extend the operation bandwidth, multi-stage R-C polyphase filter of

which a single stage is shown in Fig. 2.3(b) has been used. However the limitation of these I/Q

networks is the loss which tends to increase significantly with the number of stages for wideband
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operation. Therefore the main applications of these networks are in high signal routes such as

LO or IF rather than the RF path [23–25].

Quadrature signals can also be generated without any voltage loss using an L-C reso-

nance technique, which is shown in Fig. 2.3(c) for the single-ended version (where R=
√

L/C

{Q=
√

L/C/R=1} and ωo=1/
√

LC). The transformation to a differential all-pass network having

equal I/Q amplitude for all ω, called a quadrature all-pass filter (QAF), is described in [14]. The

transfer function of the QAF ( [22]) is


 VI±

VQ±


 = Vin ×




±
s2 + 2ωo

Q s− ω2
o

s2 + 2ωo
Q s + ω2

o

∓
s2 − 2ωo

Q s− ω2
o

s2 + 2ωo
Q s + ω2

o




(2.3)

where s=jω. For practical applications with 0.8 ≤ Q ≤ 1, the QAF results in 2-3 dB voltage

gain over a wideband frequency range (3:1) which is much better than the R-C-based I/Q net-

works [14]. The QAF can generate any phase difference between two outputs by changing the

resistor value (R) in Fig. 2.3(c): i.e., in general, the replacement of 2R with 2R×ξ will generate

2×tan−1(1/ξ) of phase difference between the output ports.
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Performance Comparison

Fig. 2.4 ( [22]) shows the performance comparison between the polyphase filters and

the QAF, when driven by ideal voltage source and with no capacitance loading. For a fair com-

parison, the polyphase filters are also driven in an all-pass mode where the quadrature-phased

differential input, VQin±, is tied to the in-phase differential input, VIin± in Fig. 2.3(b), re-

sulting in equal I/Q amplitude for all ω and quadrature phase splitting at the pole frequency

(=1/RC) [25]. The poles of each stage in the 2- and 3-stage polyphase filters are also set at the

same value. The 3-stage polyphase filter shows the widest I/Q phase bandwidth at the expense of

high loss. The I/Q phase error characteristic of the QAF is equivalent to that of the second-order

polyphase filter but the QAF achieves 6 dB higher voltage gain than the second-order polyphase

filter. The QAF can achieve more than 100% bandwidth with an I/Q phase error < 5◦ and with

> 2.6 dB of voltage gain. Another difference between the polyphase filters and the QAF is that

the QAF provides real input and output impedances over a wide bandwidth while the input and

output impedances of the polyphase filter are capacitive (Fig. 2.5) [14]. Typically input and

output return losses of the QAF are < -10 dB over more than 240% bandwidth.

Improvement of the QAF under Loading Capacitance

A parasitic loading capacitance, CL, will cause I/Q errors in the QAF and these errors

are large at mm-wave frequencies since CL can be comparable to the filter capacitance C [14].

The insertion of a series resistance Rs in the high Q branches of C and L reduces the network

Q and its sensitivity to the loading capacitance (Fig. 2.6). In this case, the I/Q transfer function

of (2.3) is modified as (2.4) ( [22]), and Rs separates the negative real poles farther through de-

creasing Q by (1 + Rs/R). The Rs does not disturb any zero location. Since the quadrature phase

relation is set by the geometry of the zero positions, the I/Q phase characteristics of (2.4) are

identical to those of (2.3).


 VI±

VQ±


 = Vin ×




±
s2 + 2ωo

Q s− ω2
o

s2 + 2ωo
Q

(
1 + Rs

R

)
s + ω2

o

∓
s2 − 2ωo

Q s− ω2
o

s2 + 2ωo
Q

(
1 + Rs

R

)
s + ω2

o




(2.4)

Fig. 2.7 ( [22]) presents the simulated QAF I/Q phase errors and magnitude mismatches with

several values of Rs/R versus CL/C at ωo. The I/Q errors are suppressed with the increase of Rs

and the QAF is insensitive to the parasitic capacitance when Rs = R at ωo. The penalty is loss
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as shown in Fig. 2.8 ( [22]), and the maximum loss to desensitize CL at ωo is 6 dB when Rs =

R (Fig. 2.8 is done for CL/C = 0). The added benefit of Rs is that it increases the QAF input

impedance by (1 + Rs/R) and increases the load impedance on the previous amplifier stage (thus

lowering its power).

An in-depth look at the frequency response of the QAF with a loading capacitance and

the corresponding effect of Rs is shown in Fig. 2.9. The simulations are done for a QAF with a

natural Q = 1, that is, CL = 0 and Rs = 0. It is seen that the phase mismatch between the I and Q

outputs for CL = 0.5 C is the same as CL = 0 but with a shift in frequency due to the CL loading

(Fig. 2.9(a)). The addition of an Rs serves to de-Q the network and widen the frequency response

at the expense of loss as shown in Fig. 2.9(b). In effect, the I/Q response can be re-centered for a

specific CL value and an Rs is not really needed. However, the amplitude mistmatch between the

I and Q output is greatly affected by the CL loading (Fig. 2.9(c)) and the addition of Rs/R = 0.67

to the network improves the mismatch to < 1.5 dB (from 4–5 dB) over a wide frequency range

(Fig. 2.9(d)), and allows the design of wideband 5-bit phase shifters. In reality, the choice of

Rs depends on CL/C and can be minimized with proper scaling of the QAF impedance together

with optimizing the loading transistor size.

2.2.4 Wideband 60–80 GHz Phase Shifter Design

The active phase shifter is designed using a 0.13 µm SiGe BiCMOS process (IBM 8HP).

The IBM 8HP supports seven metal layers including two thick metal layers, AM (= 4 µm) and

LY (= 1.25 µm), for low loss the RF routing (Fig. 2.10). The SiGe npn transistors with a

peak cutoff frequency (fT ) of 200 GHz, Metal-Insulator-Metal (MIM) capacitors (1 fF/µm2)

and spiral inductors are provided in the design kit, but in this work, coplanar-waveguide (CPW)

transmission lines are used as the inductors using shorted stubs. The transition between the 50

Ω transmission line and the G-S-G pad is designed using an electromagnetic simulator (Sonnet

[26]) to provide a 50 Ω impedance and < -25 dB reflection coefficient.

The active phase shifter circuit is shown in Fig. 2.11. First, the single-ended RF input

signal is amplified by a three-stage low-noise amplifier (LNA), and then converted to a differen-

tial signal using an active balun. Next, the differential quadrature signals are generated using a

QAF loaded with Rs and the I/Q signals are sent to a vector modulator. One output of the vector

modulator is terminated in 50 Ω for single-ended S-parameter measurements.

A common-emitter topology is adopted for the LNA to provide low-noise matching and

50 Ω input matching (Fig. 2.11). The first stage is biased at 1.0 mA/µm which is the middle
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Figure 2.10: IBM 8HP metal stack-up.

bias point between the lowest noise figure and the maximum power gain. The input matching is

done using a single shunt inductor at the gate for the minimum chip area. The second and third

stages are biased to maximize the gain. The LNA consumes 9.3 mA from 1.5 V supply (14 mW)

and achieves a simulated voltage gain of 19 dB at 70 GHz, and with S11 < -10 dB at 55.5–73.0

GHz. The simulated noise figure is 8 dB and 1-dB compression point (P1dB) is -19 dBm (when

simulated with a 50 Ω output port).

The active balun is realized using a two-stage differential amplifier by grounding one of

the differential inputs of the first stage. In order to provide additional common-mode rejection,

resistors are placed at the drain of the current source transistors (Fig. 2.11). Simulations indicate

that the output signal has an amplitude imbalance of 0.7 dB and the phase error of 2.2◦ at 70

GHz. The simulated balun voltage gain is 7.9 dB at 70 GHz for a current of 11.2 mA.

After a buffer stage with a simulated voltage gain of -1.3 dB at 70 GHz, the differnetial

quadrature signals are generated by the improved QAF network (Fig. 2.11) with L =35.14 pH,

C =103.4 fF, and R = 20 Ω. This results in Q =
√

L/C/R = 0.92. In this design, the estimated

loading capacitance is CL = 50–80 fF, which results in CL/C = 0.5–0.8 which causes an I/Q

phase error of 18◦ and an amplitude mismatch of 6 dB at the center frequency (see Fig. 2.7). By

choosing Rs = 20 Ω (Rs/R=1), the gain decreases to -3 dB, but I/Q errors are greatly minimized

and the input impedance doubles to 40 Ω.

The vector modulator is composed of two Gilbert-cell type VGAs [14, 15] and the de-

sired phase signal is synthesized by adding the current-domain I/Q signals with the proper gains

at the output nodes (Fig. 2.11). The 180◦ phase shifting is done by switching the tail current

(sw−I+/sw−I- and sw−Q+/sw−Q-) and the variable gain function is done by changing the bias

current of the I/Q branches (Ibias and Qbias). The vector modulator consumes 11.6 mA from a

3 V supply with a voltage gain including the QAF of -3.2 dB at 70 GHz.
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Figure 2.11: Circuit schematics of the wideband millimeter-wave phase shifter front-end.
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2.3 Measurements

All measurements are done on-wafer using an Agilent E8361A Vector Network Ana-

lyzer with extenders to 110 GHz. A standard Short-Open-Load-Thru (SOLT) calibration to the

W-band GSG probe tips is first done using the Cascade 138-357 calibration substrate [27], and

the measurements include the GSG pad transition loss. Several chips were measured and resulted

in similar measurements.

Fig. 2.12 presents the chip microphotograph of the wideband active phase shifter front-

end. The overall chip size is 1.15×0.92 mm2 including pads with a power consumption of 108

mW (LNA: 9.3 mA, 1.5 V, Balun: 11.6 mA, 3.0 V, buffer: 8.6 mA, 3.0 V, vector modulator:

11.6 mA, 3.0 V). The power consumption is relatively high due to the wideband design of 60-80

GHz and the de-Q resistors. Also, since this was a demonstration circuit for the improved QAF,

low power techniques such as interstage transformer neutralization were not used.

Fig. 2.13 presents the measured input and output matching characteristics for 16 phase

states. It is seen that S11 is < -10 dB at 60–80 GHz, and S22 is < -10 dB at 60–73 GHz. The

measured S22 does not agree well with simulations and this could be due to slight imbalances in

the differential output port (one is internally loaded with 50 Ω and the other is connected to the

GSG pad). The measured average power gain (S21) is 11.0-14.7 dB at 60–79 GHz and agrees

well with simulations. The peak-to-peak gain variation is≤ ±2.3 dB, and the rms gain variation

is < 1.3 dB at 60–78 GHz for the 4-bit phase states (Fig. 2.14). Fig. 2.15 presents the measured

4-bit phase responses from 60–80 GHz. The phase shifter results in an rms phase error of < 9.1◦

at 60–78.5 GHz, and < 5.6◦ at 70–77.5 GHz, showing wideband 4-bit performance.

An accurate method to measure the QAF performance is to compare the measured 0◦

and 90◦ responses of the active phase shifter [14]. Fig. 2.16 shows that the I/Q phase and

amplitude error of the improved QAF is < 9.5◦ and < 0.5 dB for 55–78.5 GHz, respectively,

which is a proof that the improved QAF does generate accurate I/Q signals under high capacitive

loading. Both follow the response predicted in Fig. 2.9.

The measured noise figure (NF) ranges is 9–11.6 dB at 63–75 GHz and agrees well

with simulations (Fig. 2.17). The NF is nearly independent of the phase states because the

LNA/active-balun gain is high enough to ignore the NF variation in the vector modulator. The

measured 1-dB gain compression point (P1dB) is -27 dBm at 70 GHz (not shown).

Fig. 2.18 presents the measured gain and rms errors at different temperatures up to 67

GHz (limited by the test set-up). The gain drops by ∼10 dB from 20◦ to 110◦. In the future,

this gain drop can be compensated using Proportional-To-Absolute-Temperature (PTAT) biasing
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mm2 including pads).
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circuits as shown in [10]. On the other hand, the rms phase and gain errors remains the same

showing that the vector modulator amplifiers track each other over a wide temperature range.

2.4 Conclusion

This paper presents an improved QAF and its implementation in 60–80 GHz active phase

shifter using a 0.13 µm SiGe BiCMOS technology. It is demonstrated that with the inclusion

of an Rs/R=0.5–1 in the quadrature all-pass filter, the capacitive loading problem is mitigated

and the I/Q phase and amplitude errors are minimized. This technique is especially suited for

wideband millimeter-wave circuits which naturally result in a high CL/C values and cannot be

tuned using narrowband techniques. A prototype wideband receiver resulted in state-of-the-art

I/Q amplitude and phase balance at 55-78 GHz even with a CL/C loading of 0.5-0.8.
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Chapter 3

A 4-bit Passive Phase Shifter for

Automotive Radar Applications in

0.13µm CMOS

3.1 Introduction

Phased array systems have been widely used in defense applications such as radars and

communication systems to achieve electronic beam forming and fast beam scanning [1]. At

millimeter-wave frequency, these have been implemented with GaAs and/or InP based discrete

modules, resulting in high cost and low integration density. However, recent development in

silicon technologies have led to Si-based phased array on a single chip. This does not only reduce

the cost but also multiple elements can be integrated on a single chip with excellent uniformity.

A major issue in building phased array is the phase shifter design, especially at millimeter-

wave frequencies. The phase shifter can be built using a switched delay [7], loaded reflection

[28], loaded line [4] and vector modulation [14]. In this paper, low-pass passive networks with

MOSFET switches are used [29].

3.2 Design and Implementation

3.2.1 Process, Transmission Line, Capacitor and RF pads

The 4-bit digital phase shifter is designed using CMOS switches available in the IBM

8HP, 0.12 µm SiGe BiCMOS process. All the inductors used in this design are implemented with

26
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transmission lines as shown in Fig. 3.1. The small capacitors are built using two interconnect

metal layers in the process stack-up (Fig. 3.1). Each bit of phase shifter is designed with the

input and output impedance of 50 Ω and connected using short 50 Ω transmission lines. A

tapered transition between G-S-G pad transition and the transmission line is designed to provide

50 Ω input and output impedance. All the design including transmission lines, capacitors, pads

and interconnections are simulated using Sonnet [26], a full-wave EM solver.

3.2.2 Phase Shifter

A 4-bit digital phase shifter with 22.5◦ phase resolution is designed using CMOS passive

switches. The digital phase shifter consumes virtually no power and requires simple digital

control circuits. Fig. 3.2 presents the schematic of the 4-bit digital phase shifter. Two 90◦ phase

shifters are tied together to build the 180◦ phase shifting element. Then, 22.5◦, 45◦ and 90◦

phase shifter are placed afterwards. Each phase shifter is based on a low-pass network which

consists of one series inductor and two shunt capacitors [29]. The network can switch between a

phase-delay state and a bypass state using CMOS passive switches. When T1 is off and T2 is on,

Ls and Cp form a low-pass network which results in a phase delay given by φ = sin−1(ω◦Ls/Z◦).

However, when T1 is on and T2 is off, Ls and Cp / 2 has minimal effect on the phase which gives

a bypass state [29]. Because the junction capacitors of the shunt CMOS switch (T2) degrades

the isolation to ground at the bypass state, a shunt inductor Lr is added in parallel with the shunt

switch to resonate out the parasitic capacitor at the desired frequency. This is a standard design

and has been implemented before at Ka-band [29]. The challenge in this work is to scale it to

W-band using 0.13 µm CMOS transistors.

A large CMOS transistor results in a small series resistance, which is desirable for a

small insertion loss. However, as the transistor size increases, the capacitive coupling to the

substrate increases due to the increased shunt junction capacitances of the source and drain,

resulting in an increase of the signal loss. Therefore, the transistor size must be optimally chosen

to minimize the insertion loss at the desired frequency [30]. Simulations show that the insertion

loss is minimized at 77 GHz when the gate width is 14 µm. Also, the substrate resistance,

(Rsub), between source/drain junction and substrate depends on the size and distance of substrate

contact [31]. Therefore, large substrate contacts (81 × 54 m2) are placed closely around each

transistor to minimize the uncertainty and to ensure that Rsub is close 50 Ω, assumed by the

IBM model [32]. Also, the CMOS gate node is biased using a large resistor, Rc = 22 kΩ, which

prevents signal leakage and oxide breakdown [33].
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Figure 3.1: The grounded-CPW transmission line and Metal-Oxide-Metal capacitor.
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Figure 3.2: Schematic of the 4-bit digital phase shifter.
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Fig. 3.3 presents the chip photograph of the designed phase shifter. The values of the

inductors are shown in Fig. 3.2 and each is translated to an equivalent short transmission-line

stub. The chip size is 450 × 300 m2 without pads. The inductors and capacitors are designed

using a full-wave electromagnetic simulator and therefore the interconnect and mutual coupling

effects are taken into account.

3.3 Measurements

The 4-bit digital phase shifter was measured using an Agilent E8361A 67 GHz PNA

with extenders up to 110 GHz. All the measurements were done with SOLT calibration to the

probe tips. The probe loss and transition to the CPW line are included in the measurements. Fig.

3.4 presents the measured phase response of the phase shifter for all 16 different phase states over

67-82 GHz. It is seen that 180◦ and 90◦ phase shifters result in excellent phase performance. The

measured gain of all 16 different states and the average gain are shown in Fig. 3.5. The phase

shifter results in -19.2±3.7 dB of gain at 77 GHz, which includes 1 dB pad loss. The RMS phase

error and RMS gain error are 10.8◦ and 2.4 dB at 77 GHz as shown in Fig. 3.6, respectively.

The input return loss is < -10 dB over 67-82 GHz for all 16 states (Fig. 3.7). The output return

loss is < -10 dB over 67-81 GHz as shown in Fig. 3.8 for all 16 states. The measured and

simulated gain are shown in Fig. 3.9 vs. phase state. One can clearly notice that the transistor

insertion loss (or Ron) is not accurately modeled since the measured insertion loss at the 0◦ state

is 5 dB higher than the simulated gain. In this case, all the series transistors are biased ON, and

therefore each stage has approximately 1 dB higher insertion loss than simulated. On the other

hand, when all the shunt transistors are turned ON, 337◦ (phase delay state), then the measured

and simulated insertion loss are nearly the same. Also notice the measured large insertion loss

variation when the 90◦ state is toggled. This is currently being investigated and is not available

in the simulations. The measured 1 dB gain compression point is > 8 dBm as shown in Fig. 4.17

and is limited mainly by the available test power. The simulated IIP3 is > 22 dBm, and is not

measured.

3.4 Conclusion

A 67-78 GHz 4-bit passive phase shifter using CMOS switches available in 0.12 µm

SiGe BiCMOS process is presented. The RMS phase error is < 11.25◦ over 67-78 GHz, respec-

tively. The phase shifter must be combined with a 20 dB gain LNA/VGA to compensate for its
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Figure 3.3: Chip photograph of (a) 4-bit digital phase shifter and (b) 90◦ phase shifter cell.
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loss and gain variation for millimeter-wave applications. The passive phase shifter is very small

and is therefore excellent for array applications without taking a lot of space on the RFIC wafer.
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Chapter 4

A Low Power 4-Element Phased Array

Receiver with Single-Ended Passive

Phase Shifter for 76-84 GHz Radar and

Communication Systems

4.1 Introduction

Millimeter-wave automotive radar chips, both at 77 GHz (mostly FMCW systems) and

at 79-81 GHz (pulse based systems), were recently demonstrated using SiGe and CMOS tech-

nologies [34–44]. The SiGe implementations were particularly successful due to their low phase

noise performance and their operation at temperatures as high as 125◦C which is required in

automotive applications. There are two radar platforms for automotive applications: 1) Long-

range radars for cruise control (1-200 m) implemented at 76-77 GHz and with 200-1000 MHz

bandwidth, and 2) short-range radars (0.5-40 m) implemented at 79-81 GHz using < 1 ns radar

pulses for blind-spot detection, lane change, and collision avoidance applications. Both appli-

cations require that the antenna beam be scanned in space, and this can be done using switched

focal plane systems [45–47], digital beamforming [48,49], or phased arrays [16,50]. The phased

arrays for the long range radars are particularly challenging since an 8 cm aperture can be re-

placed by 8-24 antennas (the number of channels depends on the scanning angle and the number

of transmit channels [2]), and therefore, it is advantageous to reduce the power consumption per

phased-array element.

35
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The 81-86 GHz band is also used in high-data rate point-to-point communication sys-

tems with complex modulation [51–54]. In this case, the band can be used entirely in one shot,

or can be subdivided into two different band (81-84 GHz, 83-86 GHz, etc.). These systems are

currently based on reflector antennas, but phased arrays are proposed to solve the costly align-

ment issue between two reflector antennas located on towers. In this case, the SiGe phased array

must be proceeded by a low noise InP amplifier (one per channel) since the system NF must have

a very low NF (< 4 dB) for long distance communications.

Silicon-based phased arrays have been demonstrated at millimeter-wave frequencies us-

ing All-RF, LO and IF beamforming architectures [16, 50, 55–59]. This work is based on the

All-RF approach which eliminates the I/Q mixers on each element and the LO distribution net-

work. The RF beamforming architecture can be scaled to a large number of elements (16-32)

as shown by UCSD, Intel, IBM and Mediatek at 45-65 GHz [16, 55–57]. A single-element chip

and a 4-element chip are presented capable of operation at 76-77 GHz, 79-81 GHz, and 81-84

GHz with low power consumption and wide instantaneous bandwidth.

The phased-array receiver design is single-ended and consumes less power than a dif-

ferential implementation, but on the other hand, it is sensitive to the grounding inductance when

packaged with off-chip antennas. One way to solve this problem is to use on-chip antennas as

shown in [60] for a 3x3 wafer-scale power amplifier array. In this case, the antenna and the

amplifier/phase-shifter share the same ground and there is no ground transition between the chip

and the antennas. Another way is to migrate the design presented in this paper to a differential

circuit which is robust to ground inductance transitions as shown in [55].

4.2 Design

4.2.1 Architecture

The 4-element phased-array architecture is shown in Fig. 4.1. The design is based on

an amplifier/phase-shifter cell/amplifier approach [61], and the outputs of the 4-element array

are added together using a two-stage Wilkinson coupler. Wilkinson couplers are passive devices

with high linearity and low loss [62], and are ideal at mm-wave frequencies due to their relatively

small size and low loss [6, 63]. The amplifiers are implemented using 0.13 µm SiGe transistors

with a fT / fmax of 200 / 220 GHz, and the phase shifters are based on switched-LC networks im-

plemented using 0.13 µm CMOS transistors (available in the IBM 8HP process) [32]. The phase

shifters show high linearity (IIP3 of ∼23 dBm) and zero power consumption, but have a simu-
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Figure 4.1: W-band 4-element phased-array architecture.

lated loss of 17-20 dB for a 5-bit design due to the channel resistance and parasitic capacitance

of the 0.13 µm CMOS transistors [6, 30, 64].

Fig. 4.2 and Table 4.1 compare three different topologies for the phased-array element:

Topology 1 is based on a traditional design with an LNA in front followed by a 5-bit phase shifter,

topology 2 divides the amplifier into two units, one at the input and one at the output of the phase

shifter, and topology 3 distributes the amplifiers and phase shifters throughout the chain. The

design is done for an input P1dB of -26 dBm and a gain of 16 dB at 81 GHz. Topology 1 results in

the lowest NF but with the highest power consumption due to the 36 dB amplifier gain required

to overcome the 20 dB phase shifter loss. This results in an P1dB of +10 dBm at the output of

the LNA and high power consumption. Also, due to the potential of substrate coupling, it is not

advisable to design 36 dB gain amplifiers in single-ended systems [65]. Topology 2 results in

the highest NF, and this is not acceptable. It is seen that topology 3 results in a NF of 11.4 dB

and with a power consumption of only 32 mW per channel, roughly quarter of topology 1.

4.2.2 Amplifiers

The 4-element phased array is built using the IBM 8HP process with 7 metal layers and

a 4 µm thick top layer (AM) (Fig. 4.3). The coplanar-waveguide (CPW) transmission lines are

built using the AM and MQ layers with a 9.2 µm thick interlayer dielectric, and have a simulated

loss of 0.75 dB/mm at 80 GHz for a 50 Ω line. Fig. 4.4 presents the simulated fmax and fT for a 5

× 0.12 µm common-emitter transistor given by the IBM model (reference to M1) and including

the full electromagnetic (EM) simulation up to AM layer. It is seen that the EM-simulated fT
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Table 4.1: Comparison of three different topologies

Gain NF IP1dB Power Cons.

(dB) (dB) (dBm) (mW)

Topology 1 16 8.4 -26 120

Topology 2 16 12.5 -26 32

Topology 3 16 11.0 -26 32
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and fmax are lower than the values obtained using the IBM model. This has significant effect on

the gain and NF of mm-wave amplifiers and is therefore essential for accurate circuit design.

A two-stage cascode-based LNA with a center frequency of 81 GHz is used with conju-

gate inter-stage matching for maximum gain (Fig. 4.5(a)). The second stage is gain controlled

using 2-bit current steering (0/-0.2/-2.3/-4.0 dB relative gain). Resistors are placed in shunt with

the load inductors in order to widen the 3 dB bandwidth to 19 GHz at the expense of 0.5 dB in

additional noise. The inductors are designed using microstrip lines between AM and M1, with a

width of 6 µm and Q of 18 at 81 GHz, and are EM modeled by Sonnet [26]. C1 (40 fF) is built

using custom capacitors between M3 and M4 with a simulated Q of 40 at 81 GHz. The current

bias is done at 0.6 mA/µm to result in the lowest noise figure and is less than the optimal bias

current for highest gain as given by the IBM design manual [32]. A simulated gain and noise

figure of 9.9-12.2 dB and 8.2-8.8 dB, respectively, are obtained at 76-85 GHz for a total bias

current of 6 mA. The amplifier results in a wide impedance match (S11, S22 < -10 dB at 72-100

GHz, 74-91 GHz respectively) and a P1dB of -21 dBm. The other variable-gain amplifiers are

identical to the two-stage LNA.

An essential design tool at millimeter-wave frequencies is the global analysis and opti-

mization of the two-stage cascode amplifier (Fig. 4.5(b)). In the layout around the transistors,

the ground plane is dropped from MQ to M1 to result in a low emitter inductance, and the induc-

tors are based on microstrip-lines using AM and M1 layers. The entire circuit is modeled using

Sonnet with internal ports for the base-emitter-collector nodes, and the ports are attached to the

IBM transistor models in the Cadence. This takes into account the full-wave electromagnetic

effects of the vias around the transistors and any coupling between the inductors in the amplifier.

The Sonnet simulation takes 4 hours to analyze the cascode amplifier from 0.1 to 200 GHz on a

modern desktop station (Fig. 4.5). The global modeling and optimization technique, while time

intensive, results in excellent comparison between simulations and measurements (see Section

III).
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4.2.3 Phase Shifter Design

The design of the phase shifter is based on switched 50 Ω low-pass networks for the

11◦, 22.5◦, 45◦ and 90◦ bits, and the 180◦ bit is built using two 90◦ bits under the same control

voltage (Fig. 4.7) [30]. In the bypass-state, T1 is ON and T2 is OFF, Lr resonates with the off-

state capacitance of T2, creates an open-circuit at node A, and port 1 is connected to port 2 using

T1. In the phase-delay state, T1 is OFF and T2 is ON, T2 connects point A to ground, and port

1 is connected to port 2 using the low-pass network Cp-Ls-Cp. The phase delay is determined

by the choice of Cp and Ls, and is linear with frequency within a ±10 % frequency range.

The transistors (T1, T2) must be chosen to result in relatively low insertion loss when

the transistors are ON, but on the other hand, the 0.13 µm CMOS technology results in a large

substrate capacitance which contributes to high insertion loss at 77-85 GHz even when the tran-

sistors are off. T1 and T2 are therefore chosen to result in similar insertion loss in the bypass and

phase-delay states (see Table 4.2). Fig. 4.8 presents the simulated gain and phase response of the

individual phase shifter cells. The 90◦ bit is challenging due to the large Cp-Ls-Cp values used,

and results in an insertion loss of 4.0-4.2 dB (8.2-8.5 dB for the 180◦ bit) and an S11 (or S22) <

-11.5 dB from 75-85 GHz in the phase-delay state. In order to alleviate the effect of the S11 mis-

match, the 90◦ and the 180◦ cells are placed next to the central amplifier which is a well-matched

50 Ω impedance block. The inductors are designed using Sonnet and based on high-impedance

transmission-lines (Z◦=70.7 Ω, 2 dB/mm, Q=13 at 80 GHz), and global EM simulation is per-

formed (see Fig. 4.7 for the Sonnet EM model). Also, the 22◦/45◦/90◦ and the 180◦/11◦ bits

are simulated together in Sonnet and Cadence in order to ensure low electromagnetic coupling

between the individual bits and a wideband impedance match.

This phase shifter topology results in gain variation over the 16 states due to the loss

and impedance variation between the two states of each cell, and the cascade of non-ideal 50

Ω blocks (especially the 45◦, 90◦ cells). Simulations indicate a gain of -17 to -20 dB over the

32 states at 81 GHz. The variable gain amplifiers are therefore essential to compensate for this

effect and to result in a low rms gain error.

4.2.4 2-stage Wilkinson Combiner

The 50 Ω Wilkinson combiners are designed using two λ/4 sections of 70.7 Ω CPW

lines (Q=13 at 80 GHz) and result in an insertion loss of 0.9 dB and S11/S22/S33 < -20 dB at

72-88 GHz (Fig. 4.10). The isolation between the two ports, S23, is > 25 dB at 72-88 GHz.

The Wilkinson combiner is wideband and has no effect on the channel S-parameters except for
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Table 4.2: Phase Shifter Component values.

11
◦

22
◦

45
◦

90
◦

180
◦

T1/T2 ( µm) 7/4 7/4 14/4 14/10 14/10

Ls (pH) 65 70 80 74 74

Cp (fF) 12 12 17 41 41

Lr (pH) 117 107 92 62 62

Bypass loss (dB) 2.5 2.9 3.8 4.4 8.7

Delay loss (dB) 1.4 1.6 2.7 4.0 8.3
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an additional 0.9 dB loss per stage. Again, the 4:1 Wilkinson combiner is electromagnetically

modeled in Sonnet and its S-parameter block is used in Cadence.

4.2.5 Phased Array Simulations

The simulated average gain of a single channel is 16.1 dB at 80 GHz for the 16 phase

states, with a corresponding noise figure of 11.1±0.6 dB, an input P1dB of -27 dBm, and a power

consumption of 32 mW (1.8 V, 18 mA). The simulated S11 and S22 are < -10 dB from 73 GHz

to > 90 GHz. The gain can be controlled by 9.5 dB in 1.6 dB steps. An important design aspect

is that the channel phase does not change by more than±4◦ over a large gain-control range. This

allows the variable gain amplifiers to correct for the gain change vs. phase state without adding

additional phase errors. The 4-element array results in a similar performance as a single channel

but with an additional 2.4 dB loss at 81 GHz: 1.8 dB loss due to two Wilkinson couplers and 0.6

dB for the added transmission lines.

Since this is a single-ended design, the phased array channels are placed 600 µm from

each other, and the area between the channels is filled with Vcc decoupling capacitors (23 pF

per channel) and with metal walls which connect the AM metal layer to the substrate. The
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input GSG (CPW) pad transition is designed using Sonnet and includes a short high-impedance

tapered section to match the pad capacitance at 70-90 GHz, and results in S11≤-20 dB and S21

≤ -0.2 dB at 75-85 GHz.

4.3 Measurements

Fig. 4.11 presents microphotographs of a single-channel chip and a 4-element chip.

All measurements are done on-wafer using an Agilent E8361A Vector Network Analyzer with

extenders to 110 GHz. A probe-tip calibration is first done using the Cascade 138-357 calibration

substrate [27], and the measurements include the GSG pad transition loss. Several chips were

measured and resulted in similar measurements.

Fig. 4.12 presents the measured gain response of a stand-alone test chip with 23◦/45◦/90◦

phase shifters. The measured average gain agrees well with simulations, but has larger variation

vs. phase states at > 82 GHz than predicted by simulations. It shows good matching between

the simulated and measured average gain of the phase shifters.

Fig. 4.13 and Fig. 4.14 present the measured S-parameters of a stand-alone single

channel for 16 phase states and the bias conditions are VDD = 1.8 V and a current of 18.3

mA/channel. A wideband input and output matching is achieved with a rms gain and phase error

of 2.2-3.5 dB and ≤ 15◦, respectively, at 76-84 GHz. Comparison with simulations indicates

excellent match with S11, S22 and the average S21, but again with a higher rms gain and phase

error. This is attributed to the phase shifter cells which showed higher loss than simulations due

to inadequate 0.13 µm transistor models at 75-85 GHz. The measurement also shows 13 dB of

gain control with≤±4◦ phase change over a 10 dB control range (Fig. 4.15). The nominal state

in Fig. 4.15 is the gain-state setting which is used for all measurements (S-parameters in Figs.

4.13 and 4.14).

The measured NF and input P1dB were also done on the single channel chip and are

shown in Fig. 4.16 and Fig. 4.17. The NF measurements are done at the nominal gain state so

as to yield the average NF seen by the phased array channels when the gain control is used. The

measured average NF is 10.5 dB at 80 GHz which agrees well with simulations (11.1 ± 0.6 dB

at 80 GHz for all phase states). The measured input P1dB is -26.7 to -23.0 dBm at 77-80 GHz

depending on the gain setting and also agrees well with simulations.

The rms gain error can be substantially reduced using the variable gain amplifiers, and

the rms phase error can also be corrected using the 11◦ phase bit as a trim bit. Fig. 4.18 and

Fig. 4.19 present the achieved performance at 76-77 GHz (gain control only), 79-81 GHz (gain
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control and 11◦ phase trim), and 81-84 GHz (gain control and 11◦ phase trim). In Fig. 4.19,

the small phase change between the raw data and the gain control data is due to the variable

gain amplifier. The simulated NF under low rms gain and phase states is within ± 0.5 dB of

the nominal-state values shown in Fig. 4.16. The phased array can be used in the automotive

bands with instantaneous bandwidth of 500 MHz (76.5 GHz) and 2 GHz (79-81 GHz), and is

also usable in the 81-84 GHz band.

The 4-element chip consumes 74 mA (VDD = 1.8 V) and results in virtually identical

performance to the single element chip except for an additional 2.5-3.8 dB loss at 76-84 GHz

due to the Wilkinson network (Fig. 4.23). Note that each channel in the 4-element array results

in near identical gain vs. frequency, which is typical of SiGe-based circuits and a symmetrical

passive combiner [6].

The measured coupling between the different channels is done using S-parameters first

(Fig. 4.24(a)), and then by changing the phase of channels 2, 3, 4 and monitoring the S-

parameters on channel 1 (Fig. 4.24(b)) [15, 65]. In this case, channels 2, 3, 4 are left open-

circuited which results in a worse-case condition for testing. The on-chip coupling is very low,

estimated to be < -30 dB between channels 1 and 2 using the vector addition method. The effect

of channel 3 and 4 on channel 1 are negligible (< ±0.1 dB, < ±1◦).

Fig. 4.25 presents the measured gain vs. temperature at nominal settings. The gain

is constant up to 75◦C and then drops by 3 dB at 100◦C. This is achieved by a simple biasing

network which employs a diode in the current reference path and results in an increased bias

current vs. temperature. As stated above, the amplifiers are biased at 0.60 mA/µm so as to result

in a low NF, and the increase in the bias current results in a near constant gain vs. temperature.
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The phase performance vs. temperature remains essentially unchanged as shown by simulations

and as demonstrated in similar circuits at 30-40 GHz [6]. The chip performance is summarized

in Table IV.

4.4 Conclusion

A 76-84 GHz 4-element phased array receiver was demonstrated in a 0.13 µm BiCMOS

process. The rms gain and phase error were mostly due to inaccuracies in the transistor switch

model, but can be corrected using a VGA and an 11◦ trim bit. Also, the phase shifter loss is

high due to the use of the 0.13µm CMOS technology. The results indicate that this topology

can be applied at 60-120 GHz using advanced CMOS nodes (65 nm, 45 nm). The single-ended

design can be extended to a differential topology which is less sensitive to ground inductance

and packaging effects.
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Table 4.3: Current consumption vs Temperature

Temp (
◦
C) 25 50 75 100

Current (mA) 18.5 22.4 26.1 29.3
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Table 4.4: Summary of phased array performance.

Technology 0.13 µm SiGe BiCMOS (IBM 8HP)

Supply voltage 1.8 V (analog), 1.5 V (digital) 

Current consumption 18.0 mA / channel

Frequency band 76-84 GHz

Chip area 5.4 mm2 (2.0 x 2.7 mm2)

Input return loss -10 dB @ 70-88 GHz

Output return loss -10 dB @ 74-88 GHz

Power gain (avg.) 10.1 - 18.9 dB @ 76-84 GHz

Phase resolution 4-bit

Gain error (rms) < 0.6 dB @ 76-77 GHz

< 0.8 dB @ 79-81 GHz

< 1.1 dB @ 81-84 GHz

 Phase error (rms) < 3.9º @ 76-77 GHz  

< 7.2º @ 79-81 GHz

< 10.4º @ 81-84 GHz

NF 10.5 ± 0.5 dB @ 80 GHz



Chapter 5

A 16-Element 76–84 GHz Differential

Phased Array Receiver

5.1 Introduction

This chapter presents a continuation of the design effort presented in Chapters 3 and 4 on

millimeter-wave phased array receivers, but using a fully differential circuit topology as opposed

to a single-ended topology (chapter 4). The differential topology is less sensitive to packaging

effects such as ground plane and VDD inductance and results in very low on-chip coupling. The

phased array chip will eventually be packaged either using bond-wires or using flip-chip tech-

niques, and therefore, a differential topology is preferred. However, since the chip is generally

pad limited, the inputs are single-ended and the signal is quickly converted to differential mode

using an on-chip balun placed directly at the pads.

The 16-element chip is part of a large program which contains a 16-element phased-

array front-end, a high linearity receiver including an I/Q mixer and LO distribution, and a novel

built-in-self-test (BIST) method. The chapter will report mainly on the phased array front-end

and the 16:1 differential Wilkinson combiner since this is the author’s work, and will report a bit

on the high-linearity receiver and the BIST circuitry.

59
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5.2 Design

5.2.1 Architecture

Fig. 5.1 presents a 76–84 GHz 16-element phased-array chip with a 16:1 passive Wilkin-

son combiner, an I/Q receiver and a 38-42 GHz local-oscillator (LO) input. The LO signal is first

doubled to 76–84 GHz and split into two paths: The BIST and LO paths. When the BIST mode

is selected, the cascode active switch connects the BIST signal to a differential transmission-line

on the left (Ch. 1-8), right (Ch. 9-16) or both sides of the array. This BIST signal is then fed

to the phased-array channels using miniature differential couplers located at the input of each

channel. The signal passes by the channels (each with amplitude and phase control), the 16:1

combiner, and is translated to DC I and Q voltages using a homodyne mixing technique. This

allows for measuring the phase and amplitude response of individual channels if one channel is

turned on at a time. It also allows for measuring an on-chip array factor if several channels are

turned on and the phase between them is varied.

Fig. 5.2 presents the phased-array channel based on an alternating amplifier/phase-

shifter topology (see [10] for a single-ended design). A passive balun is used for single-ended

RF input port and the differential signal is fed into a SiGe cascode LNA+VGA. Switched-LC

phase shifters are used for the 11◦, 22◦, 45◦ and 90◦ phase-shifter cells, and a SiGe Gilbert-cell

is used for the 180◦ phase shift.

The 16 channel outputs are then fed to a 16:1 differential Wilkinson combiner with a net

gain of 5 dB (12 dB summing gain, 7 dB ohmic loss), followed by an I/Q down-converter based

on Gilbert-cell mixers with an input P1dB of -5 dBm, and DC-coupled operational amplifiers.

An RF monitor section is also implemented to measure the chip performance without the need of

a local oscillator signal. This is done using a 300 Ω -10 dB resistive coupler attached to the main

RF line. The chip is controlled using an SPI interface and contains a PTAT biasing circuit. The

overall chip size is 5.5 × 5.8 mm2 with a channel spacing of 700 µm, and consumes 500-600

mA from a 2V supply (1–1.2 W).

5.2.2 Amplifiers

The chip is built using the IBM 8HP SiGe BiCMOS process with a fT of 200 GHz.

It has 7 metal layers with a 4 µm thick top layer (AM) (Fig. 5.3). The 100 Ω differential

coplanar-waveguide (CPW) transmission lines (gap-signal-gap-signal-gap = 9-6-10-6-9 µm) are

built using the AM and MQ layers with a 9.2 µm thick interlayer dielectric (εeff = 3.9), and
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have a simulated loss of 1.05 dB/mm at 80 GHz.

Fig. 5.4 shows a two-stage cascode amplifier with a center frequency of 80 GHz. The

first stage is biased at 0.4 mA/µm to result in the lowest noise figure and is less than the optimal

bias current for highest gain as given by the IBM design manual [32]. The VGA is implemented

by controlling the bias current of the second stage. The inductors are designed using microstrip

lines between AM and M1, with a width of 4 µm and Q of 12 at 80 GHz. Capacitors are built

using custom Metal-Oxide-Metal (MOM) capacitors between M3 and M4 with a simulated Q of

50 at 80 GHz. Resistors are placed in shunt with the load inductors in order to widen the 3 dB

bandwidth to 19.6 GHz at the expense of 0.6 dB in additional noise. A simulated gain and noise

figure is 10–11.1 dB and 8.9–9.2 dB, respectivley, at 75–86 GHz for a total bias current of 9 mA.

The amplifier results in a wide impedance matching (S11, S22 < -10 dB at 66–100 GHz, 73–91

GHz, respectively) and a P1dB of -19.9 dBm.

At millimeter-wave frequency, it is essential to design and model all the metal stacks

using electromagnetic (EM) simulation tools. In this design, the entire circuits (the inductors,

capacitors and interconnections) are EM-modeled and optimized using Sonnet [26] (Fig. 5.4).

The Sonnet simulation takes 5 hours to analyze the cascode amplifier from 0.1 to 200 GHz on a

modern desktop station. The global modeling and optimization technique, while time intensive,

results in excellent comparison between simulations and measurements.

5.2.3 Phase Shifter

The design of the 11◦, 22.5◦, 45◦ and 90◦ phase shifter is based on switched-delay

network and is a differential version of the earlier designs [10,30,64] (Fig. 5.5(a)). In the bypass

state (T1 is ON and T2 is OFF), Lp resonates with the off-state parasitic capacitance of T2, and

Ls and Cp are in parallel with the on-state resistance (Ron1) of T1. As long as Ron1 is small

enough, the Ls and Cp has minimal impact on the insertion phase. In the phase-delay state (T1 is
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OFF and T2 is ON), the input is connected to the output with the low-pass π network Cp-Ls-Cp.

The Ls and Cp values can be chosen to provide the desired phase difference between the bypass

and phase-delay states.

Also, the transistors (T1, T2) can be chosen to result in relatively low insertion loss

when the transistors are ON, but the 0.13 µm CMOS technology results in a large substrate

capacitance which contributes to high insertion loss at millimeter-wave frequency even when

the transistors are off. T1 and T2 are therefore chosen to result in similar insertion loss in the

bypass and phase-delay states (see Table 5.1). In the previous single-ended design [10], the 180◦

phase shifter was built by cascading two 90◦ switched-delay phase shifters, and its insertion loss

was too high (8–9 dB). However, in the differential design, the 180◦ phase shifter can be easily

implemented by controlling the quad switches of a Gilbert cell such that gain is achieved rather

than loss (Fig. 5.5(b)).

Fig. 5.5(c) presents the simulated gain and phase response of the individual phase shifter

cells. The 90◦ bit results in an insertion loss of 3–4.3 dB and a S11 (or S22) < -12.7 dB from

70–83 GHz for the bypass and phase-delay states. The 180◦ phase shifter results in 2.9 dB gain

at 80 GHz, with S11 and S22 < -15 dB at 71-90 GHz and 76-83 GHz, respectively for both states.

By placing the active 180◦ phase shifter in the center of other phase shifter cells as shown in Fig.

5.2, the effect of the impedance mismatch between two states of the passive cells is minimized

due to the high isolation of the active phase shifter (S12 < -35 dB). All the inductors and MOM

capacitors are designed and optimized using Sonnet, and global EM simulation is performed (see

Fig. 5.5 for the Sonnet EM model).

This phase shifter topology results in gain variation over the 16 states due to the loss

and impedance variation between the two states of each cell, and the cascade of non-ideal 100

Ω differential blocks (see Fig. 5.6). Simulations indicate a loss of 6.5-9.4 dB over the 16 phase

states at 80 GHz. The variable gain amplifiers are therefore essential to compensate for this
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Table 5.1: Phase shifter component values

11°45°90°

T1 (µm) 21014

Ls (pH) 524454

Cp (fF) 172443

Lp (pH) ∞8555

T2 (µm) 6610

22°

6

52

17

∞

6

effect and to result in a low rms gain error. The simulated phase error is ±4.4◦ at 80 GHz, and

is from -12.4◦ to 20◦ at 76–84 GHz.

5.2.4 Balun and Differential Wilkinson Combiner/Divider

Fig. 5.7 shows the designed passive balun to convert single-ended signal to differential

signal. A passive balun is preferred since it does not consume any DC power and can act as an

ESD protector. Also, it is not connected to VDD and therefore, does not couple to the supply.

The passive balun is a two-layer design with a primary turn implemented using AM and the

secondary turn implemented using LY. The distance to the ground plane is 16 µm on each side

and the metal width is 8 µm. A 32 fF series capacitor at the input and a 38 fF shunt capacitors

at the output are used for matching and provide a wideband matching (S11 < -10 dB for 70–100

GHz). The balun has a simulated loss of 1.2 dB at 80 GHz.

Fig. 5.8 shows the 100 Ω differential Wilkinson combiner/divider, designed using two

λ/4 sections of 70.7 Ω CPW lines (Q=13 at 80 GHz) and results in an insertion loss of 0.9 dB

and S11/S22/S33 < -20 dB at 72–88 GHz. The isolation between the two ports, S23, is > 25 dB at

72–88 GHz. The Wilkinson combiner is wideband and has no effect on the channel S-parameters

except for an additional 0.9 dB loss per stage. It also allows for high-power combining with no

dc power consumption. Again, the 16:1 Wilkinson combiner is electromagnetically modeled in

Sonnet and its S-parameter block is used in Cadence.

5.2.5 Doubler

The 38 GHz FMCW LO input signal is provided externally and is up-converted using

an on-chip doubler. The usage of the LO at half the frequency allows for a lower LO distribution

loss between the Tx and Rx chip on the Teflon board and for easy flip-chip (or bond-wire)

transitions. Also, any LO coupling between the LO ports and the RF ports results in a high IF
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which is filtered by the low-frequency IF amplifiers. The doubler is an active balanced design

as shown in Fig. 5.9(a) [66, 67]. The LO input are differential for reduced coupling, and are

directly fed into a balanced transistor pair biased near the class-B region in order to generate the

second harmonic components efficiently. A cascode stage is added to increase the conversion

gain and isolation between input and output. At the fundamental frequency and odd harmonics,

the RF signals at the differential drain nodes are out-of-phase, and since the drain nodes are

tied together, this creates a short circuit and rejects the fundamental and odd harmonics. At the

second and even harmonics frequencies, the input signals are combined in-phase at the drain

common nodes. The simulated conversion gain is 0 dB for an input power of -10 dBm with S11

and S22 < -10 dB at 36–44 GHz and 72–87 GHz, respectively.

5.2.6 LO Path Design

As shown in Fig. 5.1, the doubled LO signal is first converted to a differential signal

using a passive balun and then split into two paths using a differential Wilkinson divider: The

BIST path and the LO path (Fig. 5.10(a)). In the LO path, a set of I and Q signals are generated

using a polyphase filter (Fig. 5.10(b)). A single-stage RC-CR polyphase filter is selected since

driving the I/Q mixers requires narrowband quadrature LO signals. Also, this poly-phase filter

provides a robust quadrature signal to the I/Q mixer which is more sensitive to the I/Q phase

mismatch rather than the amplitude mismatch. In order to compensate the balun, Wilkinson

divider and I/Q network loss, Amp1 and Amp2 are added in the LO path which also act as

limiting amplifiers for the I/Q mixers (Fig. 5.10(c),(d)).

5.2.7 I/Q Mixer

The active I/Q mixers are based on a standard double-balanced mixer topology (Gilbert

cell) (Fig. 5.9(b)). The double-balanced mixer provides high isolation between the LO and IF

ports by nature, and therefore relaxes the filtering requirement at the IF output. The RF and

LO ports are matched to 100 Ω so that maximum power can be transferred. Standard inductive

degeneration is used for high linearity. At the IF output, 130 Ω resistive loads are added for

wideband IF operation and 1 pF capacitor is used as a filter to eliminate any RF and LO leakage.

The simulated voltage conversion gain is 8 dB for an LO input power of 0 dBm, with a simulated

return loss at the RF and LO port of < -10 dB at 70–86 GHz. The simulated NF of the I/Q mixer

and the IF amplifier is 21.2 dB and 18.5 dB for a gain setting of 8 dB and 27 dB, respectively.
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Figure 5.10: (a) Block diagram of LO path, schematic of (b) IQ generator, (c) Amp1 and (d)

Amp2.
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5.2.8 IF amplifier

Fig. 5.11(a) shows the block diagram of the IF amplifier. The IF amplifier is a RC-

compensated 2-stage op-amp (Fig. 5.11(b)), followed by the invert-type buffer (Fig. 5.11(c))

with the 2-bit digital gain control. BJT transistors are used at the input of the op-amp due to its

better 1/f noise performance. The inverter-type buffer with resistive feedback is for driving the

low impedance output loads. The simulated voltage gain of the IF amplifier is 26/19/12/3 dB

when the output is open-circuit, and the gain drops by 9 dB if the output is terminated with a

100 Ω differential load. (The closed-loop output impedance of the IF amplifier is 330 Ω). The

total power consumption of the op-amp and buffer is 7.7 mA from a 2 V supply. The closed-loop

3-bandwidth of the amplifier is 7 MHz at highest gain setting.

5.2.9 Built-In-Self-Test System Design

The differential BIST transmission-line and coupler are shown in Fig. 5.12. The BIST

line is built using the M3 layer (Zo = 85 Ω, loss = 4 dB/mm at 80 GHz) and is shielded from the

RF line and silicon substrate using the MQ and M1 ground layers. A lumped-element coupler is

synthesized at each channel input by locally opening the MQ ground layer, moving up the BIST

line to M4, dropping the RF line to MQ, and widening both to 11 × 12 µm2, thereby creating

a capacitive coupler. The BIST and RF line are coupled at two different positions to ensure an

equiphase response at port 2. Full-wave electromagnetic analysis using Sonnet show S23=-26

dB coupling when port 1 is terminated differentially with 100 Ω (i.e. attached to antennas) and

-20 dB when port 1 is left open-circuited (i.e. chip test with no external connections). The 6 dB

increase is due to the BIST voltage wave coupling to port 1, reflecting at the open circuit and

then adding in phase with the BIST voltage wave coupling to port 2. The coupler effect on the

RF line is minimal (S21 < -0.2 dB, S11 < -20 dB at 80 GHz). PUT A FIGURE of the BIST

coupler

5.3 Measurements

All measurements are done on-wafer using an Agilent E8361A Vector Network Ana-

lyzer with extenders to 110 GHz. A standard Short-Open-Load-Thru (SOLT) calibration to the

W-band GSG probe tips is first done using the Cascade 138-357 calibration substrate [27], and

the measurements include the GSG pad transition loss. Several chips were measured and resulted

in similar measurements.
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Figure 5.11: (a) Block diagram of the IF amplifier, (b) the schematic of 2-stage op-amp, and (c)
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Figure 5.12: BIST coupler and simulated S-parameters of the BIST network.

5.3.1 Single-Element

Fig. 5.13 shows the measured S11 and S22 for 16 phase states using a single-channel

test chip. The single channel consumes the total current of 30 mA from 2 V supply voltage (60

mW). All the digital circuits use a separate supply voltage of 1.5 V. A wideband input and output

matching is achieved with S11 and S22 < -9 dB at 72–88 GHz and 73–86 GHz, respectively. Fig.

5.14 presents the measured gain and phase response of S21 and its rms errors for 16 phase states.

The measured average power gain (S21) is > 10 dB for 76.4–90 GHz, and its rms gain error is

< 1 dB for 74–84.2 GHz. The rms phase error is < 11◦ at 73.6–83.6 GHz. In order to optimize

both rms gain and phase errors, the variable gain amplifier (VGA) function and the 11◦ phase

shifter are used. The measured reverse isolation (S12) is <-45 dB (not shown).

Comparison with simulations indicates that measured center frequency has shifted up

from 78 GHz to 83 GHz. The discrepancy could be due to the inaccurate transistor modeling

at W-band frequency together with process variations and errors in the parasitic estimation. In

order to match the measured center frequency with simulations, first, the parasitics are decreased,

and then the bias current is increased from 25 mA to 30 mA so as to get enough gain at W-band
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Figure 5.13: Measured and simulated S11 and S22 for 16 phase states.

to match the measurements (Fig. 5.15).

Fig. 5.16 presents the measured VGA operation with 4-bit digital control. The VGA

can be controlled over a 7.3 dB range with ≤ ±5.3◦ phase change. The noise figure (NF) is

measured for several gain states (Fig. 5.17). For the maximum gain state, the NF is 11.2–13

dB at 77–87 GHz and it increases by 1.5 dB at for minimum gain state. Fig. 5.18 presents the

measured input P1dB of -20 dBm and -25.8 dBm at 77 GHz and 83 GHz, respectively. The P1dB

values are measured at the maximum gain state and almost constant for different gain states.

Fig. 5.19 presents the measured gain vs. temperature. The gain variation is less than 1.9

dB up to 100◦. This is achieved by using Proportional-To-Absolute-Temperature (PTAT) bias

circuits and results in an increased current as the temperature increases. As demonstrated in [6],

the rms gain and phase error remains unchanged at different temperatures.

5.3.2 16-Element Phased Array

In order to have the high angular resolution scanning capabilities, a 16-element phased

array is chosen. Simple array factor calculations indicate that a 16-element linear array results

in a 6.4◦ 3-dB beamwidth [2]. Fig. 5.20 presents the chip microphotographs. The overall chip

size is 5.0× 5.8 mm2 with a channel spacing of 700 µm, and consumes 500–600 mA from a 2 V

supply voltage (1–1.2 Watt). The channel to channel distance (therefore, the chip size) is set by

the Printed-Circuit-Board (PCB) design limitation rather than the circuit layout. A total of 8 DC

pads are assigned as VDD in order to satisfy the current density requirement. Also, GND pads
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are used all over the chip to minimize the GND inductance when connected to the PCB either

with bond-wires or flip-chip technologies.

In phased array systems, the coupling between channels is a major concern [16, 65].

The fully differential design and layout, with a relatively high substrate resistance of the SiGe

BiCMOS process (ρ = 11–16 Ω-cm) and the large distance between adjacent channels (700 µm),

help reduce the channel-to-channel coupling. In addition, ground barriers (grounded via stack

from substrate to MQ metal) are placed between the channels to reduce the coupling further.

In this system, the coupling between the channels was determined by measuring the down-

converted I/Q voltage with an input at channel 3 and toggling the phase of channel 4, and then

fitting the coupling vector, c [65]. A coupling of |c2| ∼ -50 dB was measured at 77 and 83 GHz

(Fig. 5.21). Measurements done on different channel combinations result in a coupling of -48

dB to -54 dB, which is insignificant in a phased array.

5.4 Conclusion

A 76-84 GHz 16-element phased array receiver was demonstrated in a 0.13 µm BiC-

MOS process. All the circuits are designed differentially to result in less sensitivity to ground

inductance when packaged. This also results in a very high channel-to-channel isolation due to

the excellent rejection of the common-mode substrate coupling. The rms gain and phase errors

were mostly due to inaccuracies in the transistor switch model, but can be corrected using a

VGA and an 11◦ trim bit. The overall chip size is 5.0 × 5.8 mm2 with the power consumption

of 1–1.2 Watt (500–600 mA from a 2 V supply voltage).
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Table 5.2: Performance Comparison

55-65 GHz
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Frequency

16

Process

70 dB*Gain

18 dBGain, Front-end

6.8-7.3 dB

Number of 

element

0.13 µm 

BiCMOS

P1dB, 

(per element)

6.1 x 6.2 mm2Size

Power 1.8 W

Front-end NF

-28 dBm

Intel This Work

*Includes IF stage

57-66 GHz

32

13 dB*

N/A

11 dB

90nm CMOS
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0.5 W

-32 dBm

76-84 GHz
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11-13 dB
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Chapter 6

Conclusion

This thesis demonstrates several silicon-based on-chip W-band phased array systems.

An improved wideband I/Q network to minimize the capacitive loading problem is presented,

and its implementation in a 60–80 GHz active phase shifter using 0.13 µm SiGe BiCMOS pro-

cess is demonstrated. In addition, a 67–78 GHz 4-bit passive phase shifter using low-pass π-

network and 0.13 µm CMOS switches is demonstrated. By adding amplifiers to the passive

phase shifter with the architecture of alternating amplifiers and phase shifter cells, a low-power

BiCMOS 4-element phased array receiver for 76–84 GHz applications are presented. Lastly,

a 76-84 GHz 16-element phased array receiver, designed differentially in order to reduce the

sensitivity to packaging effect such as ground inductance, is presented.

Chapter 2 presents an improved quadrature all-pass filter (QAF) and its implementation

in 60–80 GHz active phase shifter using 0.13 µm SiGe BiCMOS technology. It is demonstrated

that with the inclusion of an Rs/R = 0.5–1 in the high Q branches of C and L, the sensitivity

to the loading capacitance, therefore the I/Q phase and amplitude errors are minimized. The

another benefit of putting Rs into the QAF is that the it increases the QAF input impedance

by (1 + Rs/R) and increases the load impedance on the previous stage, thus lowers its power

consumption. This technique is especially suited for wideband millimeter-wave circuits where

the loading capacitance (CL) is comparable to the filter capacitance (C).

Chapter 3 demonstrates the a 67–78 GHz 4-bit passive phase shifter using 0.13 µm

CMOS switches. The phase shifter is based on a low-pass π-network. The chip size is 0.45 ×
0.3 mm2 without pads and consumes virtually no power. The measured S11 and S22 is < -10 dB

at 67–81 GHz for all 16 phase states. The measured gain of 4-bit phase shifter is -19.2± 3.7 dB

at 77 GHz with the rms gain error of < 11.25◦ at 67–78 GHz. And the measured rms phase error

84
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is < 2.5 dB at 67-78 GHz. The measured P1dB is > 8 dBm and the simulated IIP3 is > 22 dBm.

Chapter 4 presents a low-power 76–84 GHz 4-element phased array receiver using 0.13

µm SiGe BiCMOS process. The power consumption is minimized by using a single-ended

design and alternating the amplifiers and phase shifter cells to result in a low noise figure at a

low power consumption. A variable gain amplifier and the 11◦ phase shifter are used to correct

for the rms gain and phase errors at different operating frequencies. The overall chip size is 2.0

× 2.7 mm2 with the current consumption of 18 mA/channel with 1.8 V supply voltage.

Chapter 5 presents a 76–84 GHz 16-element phased array receiver in a 0.13 µm SiGe

BiCMOS process. All circuits are designed differentially to result in less sensitivity to packaging

effect such as ground inductance and VDD inductance, and high channel-to-channel isolation due

to the excellent rejection of the common-mode substrate coupling. The overall chip size is 5.0

× 5.8 mm2 with the power consumption of 500–600 mA from a 2 V supply voltage.

At the moment, a 76–84 GHz 16-element phased array receiver chip, designed fully

differentially, has been completed and showed a excellent performance. Most of the published

work presents on-chip performance using CPW probes, but this ignores the packaging effect of

phased array system, such as ground and VDD inductance effect, coupling between different RF

ports due to the wire-bonds, and matching between the antennas and the chip. These effects can

degrade the phased array chip performance and make it un-usable in the practical phased array

system. Therefore, it is important to demonstrate the performance when the chip is mounted and

packaged on-board. Fig. 6.1 shows the PCB board (RO3003, εeff = 3.0) designed by Bon-hyun

Ku at UCSD. The 16-element phased array receiver chip will be mounted on the PCB board and

the antenna will be connected to the board to measure the beam-pattern.

All the work, presented in this dissertation, is for an on-chip receiver. In order to improve

the performance and reduce the price further, it is necessary to design an integrated on-chip

transceiver system. Therefore, a W-band 16-channel phased array transceiver (2x4-channel:

receiver, 8-channel: transmitter) with a chip-level BIST is being designed and will be taped-out

by Bon-hyun Ku and Ozgur Inac in March 2012 (Fig. 6.2).
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Figure 6.1: PCB board design for measuring the antenna pattern using the designed 76–84 GHz

16-element phased array receiver.
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Figure 6.2: PCB board design for measuring the antenna pattern using the designed 76–84 GHz

16-element phased array receiver.



Appendix A

An 18-20 GHz Subharmonic Satellite

Down-Converter in 0.18 µm SiGe

Technology

A.1 Introduction

Satellite down-converters in the 8-44 GHz band are currently based on GaAs circuits

which offer very low noise figure receivers and excellent performance. The GaAs receivers are

built using discrete components on low-loss Teflon substrates, and while this is acceptable for

8-14 GHz operation, they require manual tuning in the 20-44 GHz range. Also, a typical 18-20

GHz GaAs down-converter may require as much as 20 different discrete components after the

LNA. It is therefore beneficial to replace the entire back-end with a single silicon chip for lower

cost and a much smaller package for the LNB (low-noise block) (Fig. A.1) [68]. The silicon chip

should have high gain, relatively low-noise figure, and be capable of a high output-P1dB since it

will be connected to the long coaxial cable between the LNB and the satellite receiver. The chip

should also be single-ended so as to be compatible with the GaAs LNA, the dielectric-resonator-

oscillator (DRO) and the coaxial IF output. The single-ended design also ensures minimum

circuit area and current consumption. The 18-20 GHz silicon chip can be designed using 90 nm

CMOS or using 0.18-µm SiGe technology, both with an fT of 120-150 GHz. We have chosen

the SiGe solution due to its lower cost for small volumes, and due to the required high output

P1dB (0-3 dBm) for a 50 Ω output impedance.
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A.2 Design

Fig. 1 presents the block diagram of the silicon down-converter. Two stages are used for

the RF-stage with a gain of 28 dB at 19 GHz, and another two stages are used at the IF-stage with

a gain of 21 dB at 1-3 GHz. The gain is divided nearly equally between the RF- and IF-stages

so as to reduce the possibility of oscillations. A subharmonic mixing topology is chosen since it

is easier to build a low noise DRO at 10.5 GHz than at 21 GHz. The subharmonic mixer (7 dB

conversion loss) requires a differential local oscillator, and an integrated balun is used to convert

the single-ended LO into a differential signal. The output IF stage is designed to drive a 50 Ω

load with an output P1dB of 0-1 dBm.

The input RF amplifier is based on two cascade stages and a reactive inter-stage match-

ing network (L1=378 pH, C1= 375 fF) (Fig. A.2(a)). The first stage is biased for low-noise

and an emitter inductor (Le = 70 pH) is used for near-simultaneous noise and gain match, and

the second stage is biased for high-gain. The input matching is done using Lb (220 pH) with a

simulated Q of 14 at 19 GHz. An output reactive network acts as a matching circuit between

the RF amplifier and the subharmonic mixer (L2=484 pH, C2= 270 fF). The bandwidth of the

inter-stage and output matching networks is widened using R1 (300 Ω) and R2 (170 Ω). The

simulated gain and noise figure of the RF amplifier is 30-28 dB and 3.3-3.5 at 18-20 GHz, re-

spectively, with an input P1dB of -40 dBm and an input IIP3 of -26 dBm at 19 GHz. The bias

current is 8.7 mA.

The subharmonic mixer is based on a differential LO doubler circuit and an RF transcon-

ductance stage with a bias current of 6 mA (Fig. A.2(b)). A resistive load is used and increases

the gain bandwidth of the IF-stage (1-3 GHz). A small emitter degeneration resistor (Re = 12 Ω)

is present in the RF-stage to increase its linearity. The LO balun was designed using full-wave

EM simulations and is built using the M6 and M5 metal layer and results in a simulated loss of

1-1.5 dB. The gain and phase difference of the passive balun are 0.11 dB and 1.1◦ at 10.5 GHz,

respectively. The simulated conversion loss of the subharmonic mixer is 7 dB for an LO power

of 1-3 dBm, but this design results in a high NF of 24 dB. The noise figure is simulated for an

LO power of 2-9 dBm and is 24-25 dB. This is still acceptable due to the input RF amplifier with

a gain of 28 dB. A series choke (L3 = 186 pH, C3 = 308 fF) is added at the mixer output port to

short the 2fLO leakage signal.

The IF amplifiers are resistively loaded due to the IF bandwidth of 1-3 GHz and the re-

quirement for a very small chip size (a high impedance load with a CLC transformer was not pos-

sible). The first cascade stage consumes only 4.1 mA, while the second common-emitter stage
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consumes 17.3 mA with a collector resistance of 75 Ω. This results in an ouput impedance of

43-j28 Ω when the CPW pad RC model is taken into account. The capacitive output impedance

will be cancelled by the IF bonding inductance of 1-2 nH. The simulated IF amplifier gain is 21

dB at 1-3 GHz with an output P1dB of 0-1 dBm.

The chip is built using the Jazz SiGe SBC18HAZ technology which offers a 0.18-

µm SiGe transistor (fT =150-160 GHz), 0.18-µm CMOS (not used), a 6-layer metal process

(Fig. A.3) and 5.6fF/µm2 stacked MIM capacitors between M3/M5 and M4 [69]. A microstrip

transmission-line is used with M6 for the signal line and M1/M2/M3/M5 for the ground plane.

Also, M4 and M6 are used as VDD plane for easy integrating with decoupling capacitors. DC-20

GHz ESD diodes capable of handling 1.2 KV of human body model and with C = 20.7 fF are

placed on the RF, LO and IF ports. Also, ESD diodes with a 3.6 kV breakdown are placed on

the bias nodes. The input and output ports are compatible with 150 µm pitch CPW probes and

are done with M6. A pad model consisting of a shunt C = 30.8 fF, R = 260 Ω network is taken

in the simulations. Inductors and connecting transmission-lines are simulated using Sonnet [26],

a full-wave EM-solver. All transistors are biased using current mirrors. The transistor models

used are the ”nominal process” models and are provided by Jazz.

A.3 Measurements

Fig. A.4 presents the 18-20 GHz subharmonic down-converter with a size of 1.1×0.7

mm2 including all pads. The supply voltage is set at 2.5 V and the bias current is 31.5 mA which

is a bit lower than the simulated value of 36 mA. The chip operated well for an LO power of

1.5-3.5 dBm at 10.5 GHz (2fLO = 21 GHz), and an LO power of 2.5 dBm is used for all the

presented data. The measured gain and noise figure are 35-40 dB and 4.8-9.8 dB for an RF of

18-20 GHz (IF of 3-1 GHz), respectively (Fig. A.5 and Fig. A.6). The noise figure increases

rapidly for an IF < 1 GHz (fRF > 20 GHz) since the subharmonic mixer and IF amplifiers are

based on a high-pass design and have low gain in this frequency range. This is clearly seen in the

gain from 17-25 GHz for a fixed LO of 10.5 GHz (Fig. A.7). TABLE A.1 presents the measured

LO and 2fLO leakage at the IF and RF ports for different LO frequencies. It is seen that the LO

and 2LO isolation at the RF port is > 50 dB, and is > 14 dB at the IF port. The measured S11

is < -9 dB at 18-20 GHz and S22 is -15 dB for an IF of 300 MHz to 4 GHz (as expected) (Fig.

A.8). All measurements agree well with simulations except for S11 (simulated value is -15 dB

at 19 GHz). Finally, the measured output P1dB is +2.4 dBm at 1-3 GHz (simulated is 0-1 dBm)

and the measured IIP3 is -36 dBm for a two-tone test at 19 GHz and 19.1 GHz (Fig. A.9). The
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Table A.1: Measured LO and 2LO leakage at the RF and IF ports for an LO power of 2.5 dBm.
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IIP3 is limited by the subharmonic mixer.

A.4 Conclusion

An 18-20 GHz subharmonic downconverter was developed using a low cost 0.18-µm

SiGe technology. The chip achieves excellent conversion gain, acceptable noise figure and high

output P1dB at 18-20 GHz. In future designs and for lower NF, it is recommended that a standard

Gilbert cell mixer be used with an LO doubler at 10.5 GHz. The measured performance agrees

well with simulations showing the maturity of this process.
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