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The exponential growth of demands of simultaneous, multiple, high-speed and high-

volume data transfer opens the new era, called 4th Industrial Revolution. A new wave of

the fifth generation mobile communication systems (5G) and its ancillary industries such as

autonomous vehicle, Internet-of-Things (IoT) and low-latency remote medical monitoring demand

unprecedented solutions for both software platform and hardware designs. The requirement of

hardware design, especially, is more stringent since the frequency band utilized for 5G will be

in millimeter-wave region (∼30 GHz), which will be more than >10 times higher than what

we have currently employed. The development of mm-wave integrated circuits (ICs), therefore,
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requires delicate characterization with sophisticated measurement and testing infrastructures. The

research projects in this dissertation, in consequence, focus on different integrated mm-wave

ICs for various instrumentation circuits and systems. These fully integrated mm-wave ICs were

designed with the state-of-the-art performance considering the packaging effects (wirebond or

flip-chip packaging) for wideband vector network analyzers (VNAs), signal generators, and

modulator/demodulators.
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Chapter 1

Introduction

1.1 Background

The upcoming fifth-generation (5G) era utilizes millimeter-wave, an electromagnetic

signal with frequencies ranging from 30 to 300 GHz. These frequency ranges, in turn, results

in the wavelength of 10 to 1 mm in the free space. Making use of mm-wave is considered as

an inevitable way to resolve massive growth of connected mobile devices as well as significant

increment in the data traffic volume. In fact, mm-wave region is readily capable of employing

several GHz of bandwidth, which can support up to tens of Gb/s data rate. In contrast, the

previous forth-generation (4G) communication system can only handle hundreds of Mb/s at most

due to its limited bandwidth at sub-6 GHz. The breakthrough of ∼100 times higher data rate

enables capabilities recently rising demands of near-perfect high-quality video streaming and

real-time gaming.

Despite of its superior characteristics, due to mm-wave’s physical limitations, few elec-

tronic devices were able to employ it as complete products until now. The mm-wave signals

usually suffer from higher free space loss, atmospheric absorption and mechanical resonance of

gaseous molecules in the air [1]. In addition, millimeter wave signals can be scattered by raindrops
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due to its comparable size as the radio wavelengths. The more frequent lack of line-of-sight

(LOS) connectivity created additional propagation loss compared with LOS transmission [2].

The obstacles also exist from the device and design perspective point of view. Continuous

development of SiGe HBT (silicon-germanium hetero-junction bipolar transistor) and bulk, SOI

(silicon-on-insulator), FDSOI (fully depleted SOI), and CMOS FET (complementary metal-oxide-

semiconductor field effect transistor) provides higher RF performance ( fT and fMAX) and high

level of integration compared to previously used GaAs and InP technologies [3, 4]. However,

due to aggressive down-scaling of the device, the transistors are much more vulnerable due to

its lower break-down voltage (BDV) and lower available power per device. Furthermore, the

use of mm-wave inevitably increases the parasitic effect and substrate loss which compensates

the increased performance of transistors. The uncertainty of design that research/developer

experience is also higher due to inaccurate model parameters provided by the foundry, less-

precise 3-D electromagnetic simulation tools for passive and active devices, and higher chance of

researcher/developer’s imperfect modeling due to much more complicated design parameters.

Nevertheless, the demand of high-speed, high-data rate communication system is a strong

driving factor of implementing fully integrated mm-wave circuits. Therefore, various research

and development are actively in progress both in academia and industry at different frequency

ranges in mm-wave region (Ka-,V-,E-,W-,D-, G-band).

1.2 Motivation

The rapid demands of mm-wave circuit design for next generation communication systems

necessitate high-precision, high performance measurement equipment for accurate characteriza-

tion. The test equipment such as vector network analyzer (VNA), signal generator and spectrum

analyzers are still highly employed in order to verify electronic performance of device-under-test

(DUT). However, compared to the previous test and measurement procedures, which mostly
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requires DUT’s conventional parameters, such as S-parameters, 1-dB compression point and

output power, recent requirement of measurement in both academia and industry not only include

these conventional parameters mentioned above, but also require complex parameters, such as

AM-AM, AM-PM distortion, I/Q amplitude/phase mismatch, phase noise, image rejection,

error vector magnitude (EVM), and bit-error-rate (BER) of different modulation conditions at

mm-wave frequencies.

The specification for the test equipment is usually extremely stringent in order not to

limit the measurement result by the test equipment setup. Furthermore, widespread demands

of mm-wave devices also require easy, portable, cost-effective measurement setups. Therefore,

the reduction in size, weight, cost while maintaining the high performance of the measurement

instruments is essential in order to cope with the new wave of 5G era.

1.3 Thesis Overview

This thesis presents fully integrated mm-wave circuits for high performance instrumenta-

tion circuits and systems in SiGe technology.

Chapter 2 presents a packaged SiGe BiCMOS reflectometer for two-port vector network

analyzers (VNA) operated at 0.01−26 GHz. The reflectometer chip is composed of a bridge

coupler and two wideband heterodyne receivers for coherent magnitude and phase detection.

For wideband operation, a low-loss high-directivity resistive bridge coupler is implemented. In

addition, a high-linearity receiver channel is designed so as to accommodate ∼20 dBm of RF

input power to the reflectometer. A pair of external sources are used to provide stimulus over the

entire bandwidth, and high-linearity shunt 50 Ω switch is placed at the input of each reflectometer

chip to provide a matched condition for better measurement accuracy. The measured dynamic

range of the heterodyne receiver is 129±3 dB at 0.01–26 GHz with an IF resolution bandwidth

(RBW) of 10 Hz. The reflectometer chip is bonded on a low-cost printed circuit board (PCB) with
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multi-stage matching networks, and connecterized for repeatable measurements. Several passive

and active device-under-test (DUTs) such as filters and amplifiers are measured in single- and

dual-port complex S-parameter setup at 0.01–26 GHz. The single-chip reflectometer results in

excellent agreement with commercially available test equipment, and with minimal magnitude and

phase difference. Several definitions (mean deviation, EV) are used to quantify the measurement

accuracy. The measured S21 of -80 dB is observed with high-rejection filter. An in-depth dynamic

range analysis of possible limiting factors of the measurement setups is also addressed.

Chapter 3 presents a 70–110 GHz single-chip SiGe reflectometer for one-port vector

network analyzer. Two directional couplers are implemented together with two high-linearity

heterodyne receivers on a single chip at 70-110 GHz. In addition, a x4 frequency multiplier chain

is also implemented on the same chip. A CPW (Coplanar Waveguide) coupled-line directional is

used with a shielded ground plane for improved isolation and directivity. The dynamic range of

the receiver is 110–115 dB at 70–110 GHz with 10 dB back-off and 10 Hz resolution bandwidth

(RBW). The SiGe chip is 5.86 mm2 and consumes 440 mW from a 2 V supply. The chip is

mounted on a printed circuit board (PCB), and RF and LO signals are applied using probes. A 95

GHz bandpass filter is measured as the device-under-test (DUT) and the results obtained using

the on-chip VNA and a commercial VNA show good agreement over a wide frequency range.

Chapter 4 presents a 4-channel 10−40 GHz frequency quadrupler with GF8HP 0.12-µm

SiGe BiCMOS process. For wideband operation, three independent bands (low-, mid-, and high-

band) are implemented with band selection switch. Frequency multiplication is done by cascading

frequency doublers, and multiple harmonics generated by each frequency doublers are suppressed

by on-chip bandpass filters located after the first and the second frequency doubler. However, the

large fractional bandwidth (FBW) of each bands about ∼45 % inevitably has one of the dominant

harmonics being located in-band of the bandpass filters, resulting in significant degradation

of harmonic rejection ratio (HRR). Therefore, this work introduces an on-chip 3-pole/2-zero

switchable elliptic bandpass filter to control the passband to locate the undesired harmonics
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out-of-band at given input frequency. This results in greatly improved HRR with minimum

number of bands used. After multiplier chain, a 1:4 driver stage is designed to achieve OP1dB

of ∼ 5 dBm. The chip is flipped and placed on the low-cost printed circuit board (PCB), with

connecterized interfaces for repetitive measurements. The measurement of Pout and harmonics are

+3 dBm with > 30 dBc worstcase HRR at 10−40 GHz. The worstcase HRR remains same from

-3 to +3 dBm Pout. The chip is 8.03 mm2 and consumes 296−320 mW for 4-channel operation.

This work, to author’s knowledge, is the first to introduce the on-wafer switchable bandpass filter

for wideband frequency multiplier of FBW >100% with flip-chip packaging. This work can be

implemented with various systems at rising interest of mm-wave application with high signal

purity.

Chapter 5 presents a 2-channel 70−110 GHz wideband frequency quadrupler in GF8HP

0.12 µm SiGe BiCMOS process. The x4 frequency multiplication is achieved based on cascaded

frequency doubler and inter-stage bandpass filter is implemented to reject adjacent undesired

harmonics. Two inter-stage amplifiers are also implemented to drive enough power to the second

frequency doubler and boost output power. The measured peak output power is -1.5 to 2.9 dBm

from 70−110 GHz, with the worstcase harmonic rejection ratio (HRR) of > 29 dBc. The chip

is 1.9 mm2 and consumes 240 mW for 2-channel/ 170 mW for 1-channel operation with the

input power of 0 dBm. To authors’ knowledge, this work represents state-of-the-art in terms

of bandwidth, output power with great HRR. It can be utilized high frequency LO source for

various applications such as point-to-point communication, automotive radar (E-band), and

high-resolution imaging system (W-band).

Chapter 6 presents a wideband 4-channel 10–40 GHz receiver (RX) with integrated LO

quadrupler and flip-chip packaging in GF8HP 0.12 µm SiGe BiCMOS technology. The system-

level measurements are done with the chip flipped on a low cost RF board. Each receiver channel

results in 20–37 dB power conversion gain with a 3-dB RF gain bandwidth (BW) of 10–40 GHz.

The measured single-sideband noise figure (SSB NF) and input P1dB at the center frequency of

5



25 GHz are 9.3 dB (and 8.2 dB) and -17.2 dBm (and -33 dBm), respectively, at low (and high)

gain mode. Frequency-modulated-continuous-wave (FMCW) experiment at 15–27 GHz shows

the capability of detecting 2 objects with a separation of 1.3 cm.

Chapter 7 presents a 40–100 GHz wideband direct conversion IQ modulator with IQ

correction capability and flip-chip packaging in GF8HP 0.12µm SiGe BiCMOS technology.

The modulator chip covers Q-, V-, E-, and W-bands and is flipped on a low-cost RF board for

connecterized measurements. The measured IQ modulator conversion gain is 5−8 dB at 40−100

GHz with an OP1dB of -2 to -5 dBm. A single-sideband (SSB) rejection higher than 42 dBc

and an LO leakage rejection better than 35 dBc is measured. A 64-QAM modulated waveform

with a data rate of 12 Gb/s (2Gbaud/s) and 2.4% error vector magnitude (EVM) is successfully

demonstrated at 72 GHz. To our knowledge, this modulator achieves state-of-the-art performance

in terms of bandwidth, wideband SSB rejection, and EVM at multi-Gbps data rate, and with

applications in millimeter-wave high data-rate 5G systems.

Chapter 8 presents a 35–105 GHz wideband direct conversion IQ receiver and a 30–105

GHz IF receiver with integrated LO doubler in GF8HP 0.12-µm SiGe BiCMOS technology.

Both receiver chips covers Q-, V-, E-, and W-bands and are flipped on a low cost RF board for

connecterized measurements. The IQ receiver presents a measured flat conversion gain of 21–33

dB at 35–105 GHz and a double-sideband (DSB) noise figure (NF) of 5–12 dB. With the on-chip

I/Q phase-error correction, the IQ receiver maintains better than 40 dBc image-rejection-ratio

(IRR) over the entire bandwidth. The IF receiver demonstrates a measured flat conversion gain of

18–33 dB at 30–105 GHz with a similar NF as the IQ receiver. Both receivers have greater than 5

GHz IF (baseband) bandwidth.

6



Chapter 2

A Packaged 0.01−26 GHz Single-Chip

SiGe Reflectometer for Two-Port Vector

Network Analyzers

2.1 Introduction

Vector network analyzers (VNA) are essential and versatile pieces of test equipment used

to characterize the RF performance of any device-under-test (DUT), by measuring scattering

matrix of single, dual, and multi-port systems. Various applications related to electronics at

RF, microwave [5–8], and millimeter-wave frequencies [9–12] rely on accurate S-parameter

measurements. Moreover, vector analysis is essential in the measurement of complex dielectric

properties of materials in numerous research fields such as material characterization and biomedi-

cal sensing [13–15]. However, due to the vector network analyzer’s high-cost, high-volume and

considerable weight, most of vector analysis has been limited to stationary laboratories. With

growing demands for low-cost portable test equipment and flexible measurements, a reduction in

size, weight and cost while maintaining high performance and accuracy becomes an essential
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breakthrough for expediting the next-generation test systems.

Several approaches for low-cost network analysis have been introduced in the past decades.

The non-coherent topology such as non-linear transmission line (NLTL) technology and time-

domain sampling enables a compact design up to 100 GHz region and allows magnitude and

phase information using essentially scalar power measurements [16, 17]. Six-port reflectometer

(SPR) architecture has been deeply investigated up to now, due to its simple structure based

on power meters and relatively low-cost [18–20]. Quasi-optical scalar network analysis using

sinuous antennas and harmonic mixing was also introduced in [21, 22] for 15−50 GHz and

>100 GHz applications. However, all of these approaches are generally bulky and suffer from

harmonics that cannot be eliminated, resulting in lower dynamic range (typically 50−60 dB). In

general, the standard approach based on frequency conversion circuits and coherent detection still

results in the highest performance network analyzers and is the corner stone of all S-parameter

measurement techniques.

There are only a limited number of publications addressing integrated chipsets for vector

analysis, and with the capabilities of measuring complex S-parameters with high dynamic

range [23–26]. A dedicated chipset at 50−100 GHz is reported in [23] with integrated frequency

synthesizer and an external PLL. A 70−110 GHz reflectometer design with integrated LO

frequency quadrupler is introduced in [24]. A miniaturized VNA design at 4−32 GHz range

is recently addressed in [25, 26]. The work in [23–26] paves the way for vector analysis with

multi-channel heterodyne receivers, but the measurement setup shown in [23] still requires a

dedicated probe station, and further measurements are necessary in [24] to characterize two-port

vector analysis. Also, while [25,26] show excellent one- and two-port S-parameter measurements

with high accuracy, the frequency of operation is limited to 4 GHz.

This paper is an extended version of [27], and consists of following sections. In Section

2.2, the VNA system architecture of VNA and realization are presented. With a brief technology

description (Section 2.3), the circuit blocks in the reflectometer chip are introduced in Section
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Figure 2.1: Block diagram of two-port vector network analyzer. A single RF source and a high isolation
single-pole double-throw (SPDT) can also be used instead of two RF sources.

2.4. The measured chip performance and receiver dynamic range is shown in Section 2.5 and

2.6, followed by the details of a dedicated PCB design (Section 2.7). The concept of one- and

two-port calibration is introduced in Section 2.8. In Section 2.9 and Section 2.10, several one-

and two-port DUT measurements are presented with an in-depth discussion of the limitations

caused by the measurement setup.

2.2 VNA Architecture

Fig. 2.1 presents simplified block diagram of a vector network analyzers with 4 main

building blocks: 1) directive coupler, 2) multi-channel heterodyne receiver, 3) signal generation

component, and 4) digital back-end. The directive coupler is realized using a directional coupler

or a resistive bridge coupler, and separates the incident and reflected waves. The separated signals

are then fed into two heterodyne receivers (reference channel and the measurement channel) and
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down-converted to an intermediate frequency (IF). Analog-to-digital converters (ADCs) digital

filtering for easier amplitude and phase measurement.

In addition, a RF source is needed to excite the device-under-test (DUT). A single RF

source with a very high isolation switch (>100 dB) is typically used in commercial VNA due to

its compact design, but separate signal sources with frequency locking can also used for improved

isolation. Finally, the down-converted IF signals are sampled by analog-to-digital converters

(ADCs) to retrieve the magnitude and phase of the measured signal from each receiver channel.

Further mathematical processing is performed by dedicated computational unit to reconstruct the

DUT S-parameters.

Fig. 2.2 presents details of reflectometer chip for a two-port vector network analyzer.

When RF source 1 is activated, it couples through the bridge coupler followed by reference

channel receiver. The propagated signal is not intended to couple to the measurement channel

receiver, however, due to finite directivity of the bridge coupler, a small amount of signal is leaked

into the measurement channel receiver. After bridge coupler, the signal is either transmitted or

reflected by the amount of (Γ or τ), where Γ and τ are the reflection and transmission coefficient of

DUT. The reflected signal is now coupled to measurement channel receiver (leakage to reference

channel is now undesirable) and the amount of signal measured at the output of each receivers

is gathered to reconstruct Γ. In a similar manner, the transmitted signal is now coupled to the

measurement channel in the second reflectometer, and the amount of signal measured is obtained

to calculate τ.

The heterodyne receivers are implemented as a differential design and with a high input

P1dB, since a relatively large RF signal (up to 20 dBm) is generally sent from the RF source. The

signal level into the reference channel is much higher than the measurement channel, resulting in

unequal powers in each channels which can degrade the measurement accuracy unless a large

IP1dB is used for the reference channel. The down-converted IF signal is amplified by an IF

amplifier with a 3-dB bandwidth of 40 MHz) or an IF amplifier with 3-dB BW of 2.5 GHz,
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Figure 2.3: Cross section of the TowerJazz SBC18H3 technology.

selected by a single-pole double-throw (SPDT) switch. In general, the IF signal of a commercial

VNA is between 5−20 MHz. However, when a fast measurement response is required (such as a

pulse-mode or to measure the turn-on S-parameters of an amplifier), and IF bandwidth of 2−3

GHz can be used. The 4 differential IF outputs (a1, b1, a2, b2) are simultaneously sampled by

external ADCs with a fast enough sampling rate to reconstruct the complex S-parameters.

Also, a 50 Ω shunt switch is placed before the resistive bridge coupler in each reflectometer

chip to provide a matched condition when the RF signal is excited from the other direction. (i.e.,

the switch in reflectometer chip 1 is turned on when the RF signal is applied from the reflectometer

chip 2).

An RF amplifier is also used before the mixer with the main purpose to isolate LO leakage

from the mixer to the measurement channel port, resulting in reduced measurement accuracy.

An isolation of ∼ 40 dB is desired to sufficiently suppress LO-to-RF leakage. Also, wideband

LO driver with an active balun are implemented to drive the mixers. The LO drivers also act as

isolators and greatly attenuate the mixer RF-to-LO leakage between the reference channel and

the measurement channel.

2.3 Technology

The reflectometer chip is designed using TowerJazz SBC18H3 0.13-µm SiGe BiCMOS

process with 6-layer metal back-end-of-line (BEOL) (Fig. 2.3). The fT and fMAX of a 10-µm
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HBT transistor is 220−230 GHz, referenced to the top metal (M6). A 100-Ω differential coplanar

waveguide (CPW) transmission line (10−8−8−8−10 µm) is implemented with patterned ground

planes (M1, M4, M6). Additional 0.18-µm CMOS transistors are also available for digital control

and biasing. The simulated 100-Ω differential CPW transmission line loss is 0.35 dB/mm at 26

GHz with transmission line Q of 18. Measurements of line loss agree well with simulations [28].

2.4 Reflectometer Design

2.4.1 Resistive Bridge Coupler

Due to the wideband operation at DC−26 GHz, a resistive bridge coupler is used (Fig.

2.4a) [29]. The design is extremely small when integrated on-chip (70 ×160 µm) and with a

nearly frequency-independent response. The coupling ratio is chosen to -25 dB in order to handle

RF input power of up to +20 dBm and to set the reference channel input P1dB to -5 dBm. so that

the following receiver input 1-dB compression point is -5 dBm. The elegant design shown in [29]

uses single-ended signal and DUT ports, and results in differential ports for the reference and

measurement channels. It also achieves low insertion loss and high directivity. The resistance

values are obtained by using

VIN−V3+

R2
=

V3+

R3
+

V3+−V3−
ZRx

(2.1)

VOUT−V3−
R2

=
V3−
R4
− V3+−V3−

ZRx
(2.2)

VIN−V4−
R1

=
V4−
R4
− V4+−V4−

ZRx
(2.3)

VOUT−V4+

R2
=

V4+

R3
+

V4+−V4−
ZRx

(2.4)

VOUT−VIN

R5
+

VOUT−V3−
R1

=−VOUT−V4+

R2
− VOUT

Ro
(2.5)
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Figure 2.4: Resistive bridge coupler : (a) Schematic, and (b) insertion loss, return loss, coupling, isolation
and directivity.

where ZRx is the differential impedance of the coupled (Ref. Channel) or isolated (Meas.

Channel) port (100 Ω) and Ro= 50 Ω. The insertion loss (IL), coupling ratio (C) and isolation (I)

are derived from (2.1)−(2.5) and are
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IL =
g+ 2acd

be−c2

f − 1
be−c2 (bd2 +a2e)

(2.6)

C =
1

be− c2 [a(e− c)+d(c−b)IL] (2.7)

I =
1

be− c2 [d(b− c)+a(c− e)IL] (2.8)

where a = 1/R2, b = 1/ZRx + 1/R2 + 1/R3, c = 1/ZRx, d = 1/R1, e = 1/ZRx + 1/R1 + 1/R4,

f = 1/R1 +1/R2 +1/R5 +1/Ro, and g = 1/R5, respectively. Using (2.1)−(2.8), the calculated

IL, C and I are -1.9 dB, -24 dB, and -62 dB, and R1, R2, R3, R4, R5 are equal to 196 Ω, 144 Ω,

288 Ω, 235 Ω, and 9 Ω, respectively.

The simulated and measured insertion loss of a bridge-coupler test cell are 2.5 dB and

2.8−3.5 dB, respectively, with simulated return loss of <-17 dB up to 26 GHz (Fig. 2.4b). Note

that the measured return loss rises to ∼ -10 dB due to the electrostatic discharge (ESD) diode

capacitance placed at the RF pad. Additional simulations with ESD diode model agrees well with

measurements. The measured coupling ratio and isolation at 0.01−26 GHz are -25 dB and -57

to -52 dB, respectively, resulting in directivity of 27−32 dB. In general, a directivity of 20−30

dB is considered excellent in network analyzers, and the integrated design is superior to off-chip

directional couplers. The simulated S43 (leakage between two channels) is -35 dB.

2.4.2 Low-Gain/High Isolation RF Amplifier

Fig. 2.5a presents the low-gain, high isolation differential amplifier placed after the

resistive bridge coupler. A resistive input matching is used for wideband operation, and an emitter

degeneration resistor of 20 Ω is employed to improve the input compression point. After the first-

stage cascode amplifier, a two-stage DC level shifter is implemented to lower the common-mode

voltage so as to be compatible with the passive mixer (no DC blocks are allowed due to wideband

15
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Figure 2.5: High-linearity RF amplifier:(a) schematic, and (b) S21, S11 and S12.

operation). The amplifier current consumption is 22.5 mA from a 3.3 V supply.

Fig. 2.5b presents the measured S21 with value of +2 to -1 dB up to 26 GHz, and with

a 3-dB BW of 26 GHz. The lower-edge 3-dB BW is determined by the input series DC block

capacitance (5 pF) and is 15 MHz. The measured S12 is <-40 dB up to 26 GHz, which is enough

to suppress any LO-to-RF leakage from the mixer. The measured S11 is <-10 dB up to 26

GHz. The simulated IP1dB is 0.5 to -6.5 dBm at 0.01−26 GHz, and the reduced IP1dB at high

frequencies is due to limited bias current in the first-stage of DC level shifter. In hindsight, more

bias current should have been used in the DC level shifter to maintain a constant IP1dB over

frequency. The simulated noise figure is 10−12 dB at 0.1−26 GHz, and increases to 18 dB at 10

MHz due to the DC block capacitor.
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Figure 2.6: Double balanced passive mixer: (a) schematic and (b) simulated IP1dB and voltage conversion
gain.

2.4.3 Passive Mixer

The passive mixer is designed for wideband operation as well as for handling a high

RF power from the previous stage. A differential double-balanced structure is chosen for good

LO-IF and RF-IF isolation, with compact, symmetrical, and inter-digitated layout to minimize

imbalances as well as common-mode leakage (Fig. 2.6a) [30]. The simulated mixer voltage

conversion gain and IP1dB at 0.01−26 GHz are -10 to -14 dB, and +2 to -4 dBm, respectively

with IF load of 200 Ω (Fig. 2.6b). The LO swing (Vpp) at the mixer gate varies between 2.2 and 1

V from 0.01−26 GHz, however, the conversion gain does not vary significantly for LO voltages

above 1 V. Thick oxide transistors are used in this design to handle high DC and AC gate voltage

(Vg=2.1 V/ Vpk=1.2 V). The simulated mixer single-sideband (SSB) NF is 12−14 dB at 0.01−26

GHz.

2.4.4 IF Amplifiers

The passive mixer is followed by two different IF amplifiers. The low-frequency IF

amplifier is a fully differential Miller operational transconductance amplifier (OTA) with common-

mode feedback and 19 dB gain control (Fig. 2.7a). A 1 kΩ load impedance is used for ADC
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Figure 2.7: Low frequency operational transconductance amplifier (OTA): (a) a three-bit gain control and
(b) its simulated gain.

block input impedance. The amplifier voltage gain is 9−27.5 dB with a 3-dB bandwidth of 40

MHz (Fig. 2.7b). The simulated OP1dB at the maximum gain state is 4 dBm with a 1 kΩ load.

Fig. 2.8a presents the high-frequency IF amplifier. The design is based on a cascode and

a common emitter (CE) stage with an inter-stage level shifter, and gain control is achieved by

current steering method [31]. The simulated voltage gain is -1 to 19 dB with a differential 100 Ω

load used to represent the wideband ADC (Fig. 2.8b).

2.4.5 50 Ω Shunt Switch

The operation principle of the 50 Ω shunt switch placed before at the RF source input is

shown in Fig. 2.9a. When the RF signal is applied from port 1, the shunt switch is turned off to

pass the signal, and the measured insertion loss is 0.1−2 dB at 0.01−26 GHz (Fig. 2.9b). On the

other hand, when the RF signal is applied from port 2 to measure S12 or S22, the 100 µm transistor

results in on-resistance of 18 Ω, which together with the 35 Ω series resistance, shows a resulting

in simulated S11 <-20 dB up to 26 GHz (Fig. 2.9b). However, the measured S11 is -10 dB at 26

GHz due to the ESD diode at the RF port. The measured shunt switch input P1dB is 15−18 dBm

at 0.01−26 GHz and agrees well with simulations.
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Figure 2.8: High frequency IF amplifier: (a) schematic and (b) simulated voltage gain.

2.4.6 LO Driver

The wideband LO driver is shown in Fig. 2.10a. The single-ended LO input is converted

to a differential signal using a resistively-matched active balun, and an additional gain stage is

employed to maximize the voltage swing at the mixer. The simulated saturated peak-to-peak

output voltage (Vg-pp) is 2.5−1 V at 0.01−26 GHz (Fig. 2.10b) , due to the frequency roll-off

effect of the inductorless design. However, as noted before, the mixer conversion gain does not

change significantly for Vg-pp > 1 V. The required LO power to drive mixer is -3 to -12 dBm.

The output LO voltage for input LO power of -5 dBm is basically a square-wave at 1−10 GHz

due to highly saturated operation, and becomes close to sinusoidal at 26 GHz. The simulated

small signal gain is 18−10 dB, with an reverse isolation of <-50 dB at 0.01−26 GHz.

2.4.7 Receiver Simulations

Fig. 2.11a presents the receiver block diagram. A differential 100 Ω RF signal is applied

from the bridge coupler, and a 1 kΩ and 100 Ω load impedance are used for the low- and high IF

amplifier. The simulated voltage conversion gain at 0.01−26 GHz is 18.5−15 dB (low IF) and 8

to 5 dB (high IF) in the maximum gain state. The simulated SSB receiver NF is 19−22 dB (low
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Figure 2.9: 50 Ω shunt switch: (a) switch on and off case, and (b) measured and simulated S-parameters.
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IF), and 21−25 dB (high IF), respectively, and the IP1dB is -4 to -8 dBm (low IF), and -10 to -8

dBm (high IF).

2.4.8 RF-to-LO and LO-to-RF isolation

The effect of RF-to-LO and LO-to-RF leakage is critical in reflectometer design and

should be minimized. First, the RF signal leaked through the mixer is substantially suppressed by

the two-stage LO driver which has a reverse isolation of -50 dB (Fig. 2.12). However, since there

is little isolation between two LO paths from the resistive T-junction, any RF signal leaked from

one channel will be amplified and present at the mixer of the other channel, as shown path (A) in

Fig. 2.12. Based on simulated RF-to-LO feedthrough in mixer (<-40 dB )and reverse isolation

(-50 dB) with forward gain of 10−18 dB in the current system, the effective RF-to-LO leakage is

in the range of -80 to -72 dB, and is mixed with the LO signal (red dot-line). This effect, however,

cannot be solely measured due to 1) direct path from bridge coupler (S41 of -52 dB, path (X)), 2)

imperfect S11 of the 50 Ω termination (path (Y)). Besides, another RF-to-LO leakage path exists

which passes through the T-junction and propagates to the other reflectometer LO port through

the external splitter. This effect can be estimated by measuring b2 signal (path (B)), as b2 can be

only generated by mixing LO signal with the RF leakage in path (B). The measurement result
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Figure 2.12: Graphical viewgraph of RF-to-LO leakage paths.

with an in-depth analysis will be discussed in section2.10.1.

Fig. 2.13 presents two paths of LO-to-RF leakage. The large LO swing (3−5 dBm) at

the output of LO driver leaks through mixer by -40 dB. With 35 dB isolation between Ref. Rx.

and Meas. Rx. in the bridge coupler (See section ) and an additional -40 dB isolation of RF

amplifier, the LO signal at both paths (A1, A2) are significantly suppressed (∼ -100 dB) and can

be negligible.

2.5 Receiver Measurements

The stand-alone receiver chip microphotograph is shown in Fig. 2.11b. The RF and LO

signals are applied through 100 µm pitch GSSG and GSG probe, and IF outputs are wire-bonded

and routed out on the PCB. The power conversion gain is measured using the Keysight PNA-X

5247A (differential 100 Ω input and output configuration), and the measured power gain is then

transferred to a voltage gain to 1 kΩ.

Fig. 2.14a presents the measured voltage conversion gain versus IF gain control at
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0.01−26 GHz for the maximum gain state. The measured IP1dB with a 1 kΩ load is -4 to -9 dBm

and 0 to -9 dBm for the maximum and minimum gain states, respectively (Fig. 2.14b). Note

that the receiver IP1dB at the maximum gain state is limited by the IF amplifier. For minimum

gain state, the IP1dB follows that of the first-stage RF amplifier. The receiver SSB NF is also

measured using Keysight PNA-X 5247A with a single-ended input and output using external

balun (all the passive loss is de-embedded after the measurement). The measured SSB NF is

22−26 dB, and 26−30 dB at the maximum and minimum gain state, respectively, and is 2−3 dB

higher than simulations. The difference between simulations and measurements with a system

NF of 20 dB is within the error range. The voltage conversion gain versus IF frequency is also

measured and shows a 3-dB bandwidth of 40 MHz (Fig. 2.14c), and agrees well with simulations.

The required LO power to drive mixer is -5 to +2 dBm at 0.01−26 GHz.

A similar set of measurements was done with the high-IF amplifier, and the measured

voltage conversion gain at 0.01−26 GHz is 6.5−2 dB with 100 Ω load at the maximum gain

state. The measured IP1dB and NF at the maximum gain state is -9 to -6 dBm, and 24−28

dB, respectively, again 2−3.5 dB higher than the simulation. The measured 3-dB bandwidth of

high-IF receiver is 2.5 GHz for the maximum gain state, agreeing well with simulations.
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Figure 2.15: Receiver output noise voltage and dynamic range: (a) measured output Vdiff-RMS and RMS
output noise voltage, and (b) dynamic range of the receiver.

2.6 Dynamic Range Calculations

The receiver dynamic range (DR) is derived by measuring the difference between the

RMS IF output power for the reference channel driven at the 1-dB compression point, and the

IF RMS noise floor. A resolution bandwidth (RBW) of 10 Hz is used, which is the nominal

value for commercial VNAs. However, since the receiver output is directly connected to ADC

(voltage domain), the dynamic range is defined as the ratio of the differential IF RMS voltage

(Vdiff-RMS) at the 1-dB compression point and the IF RMS noise voltage (VN,RMS). The IF RMS
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Figure 2.16: Derivation of reflectometer IP1dB.

noise voltage (VN,RMS) is calculated by using

VN,RMS =VNS,RMS×10[(NFSSB+VCG)/20] (2.9)

where VNS,RMS is the thermal noise voltage with 1 Hz bandwidth at room temperature (290

K) in 50 Ω system (0.89 nV/
√

Hz), NFSSB is SSB NF of the receiver, and VCG is the voltage

conversion gain of the receiver. The simulated and measured Vdiff-rms and VN-RMS at 0.01−26

GHz are 1.2−0.4 V (1.4−0.54 V), and 58−63 nV/
√

Hz (81−98 nV/
√

Hz), respectively (Fig.

2.15a), resulting in measured dynamic range of 133−126 dB with a RBW of 10 Hz (Fig. 2.15b).

The dynamic range is desirable to be same as the receiver dynamic range, however, in

practice, is lower due to limitations from other circuit blocks. In this case, and due to input

absorptive switch IP1dB of 15−18 dBm (Fig. 2.16), the measured reflectometer dynamic range at

0.01−26 GHz is 133−126 dB with a 10 Hz RBW, which is 4 dB lower than the receiver dynamic

range.

A stricter dynamic range definition is based on P0.1dB, which is the 0.1 dB compression

point. In most cases, P0.1dB is P1dB-10 dB. Using this definition, the reflectometer dynamic

range is 123−116 dB at 0.01−26 GHz in a 10 Hz RBW (Fig. 2.15b).
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Figure 2.17: Chip microphotograph of 0.01−26 GHz reflectometer (1.5×1.2 mm2).
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Figure 2.18: (a) Chip-on-board of 0.01−26 GHz reflectometer, and (b) PCB stackup.
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2.7 Chip-on-board packaging

The reflectometer chip microphotograph is shown in Fig. 2.17. The chip area is 1.8 mm2

with a power consumption of 640 mW from a 3.3 V supply. The compact size of the chip is due

to an inductorless design.

This chip is placed on low-cost RF laminate (RO4350B, εr = 3.66, tanδ = 0.004 at 10

GHz) with a thickness t=6.6 mil (0.168 mm). A 0.75 mm FR-4 is also used for DC biasing as

well as mechanical support (Fig. 2.18b). The RF and DC pads are connected to the PCB using

bond-wires and G-CPW transmission lines are routed on the top layer to end-launch connectors

(Fig. 2.18a). The transmission-line length for each RF and LO path is around 3 cm and is

mainly limited by the physical dimensions of the IF surface-mounted connector. The measured

transmission line loss is 0.68 dB/cm at 26 GHz (W=13.2 mil, S=8 mil), and is higher than

simulations due to metal roughness of the top layer (1−2 µm) and extra loss from the solder

mask which are not modeled. Due to the wideband operation and high bondwire reactance (Lbw=

0.6 nH, Xbw= j114 Ω at 26 GHz), a multi-stage open-stub matching network is implemented for

wideband operation up to 26 GHz (Fig. 2.19a). The network is modeled using lumped elements

(L, C) as

Lk =
gkZk

ω0
(k : odd) (2.10)

Ck =
gk

Zkω0
(k : even) (2.11)

where gk is the filter coefficient, Zk is the characteristic impedance of each stub (k =1−9), ωo

is the cutoff frequency (26 GHz), and Lk,Ck are the series inductance and shunt capacitance,

respectively [32, 33]. Assuming Lbw=L1= 500 pH, then g1=1.7 with 9th order Chebyshev filter

(0.5 dB ripple) is chosen. These lumped elements (Lk, Ck) are then transformed as shown in Fig.

2.19b.

The simulated insertion loss and return loss of the bond-wire transition for Lbw= 500−700
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Figure 2.20: (a) Simulated S21 and S11 of matching network with different bond-wire inductances, and (b)
measured S21 of reflectometer chip and chip-on-board including packaging effect.

pH is 0.5−1.35 dB and <-8 dB, respectively up to 25 GHz (Fig. 2.20a). The measured S21 of

the chip-on-board (COB) reflectometer with connecterized RF ports is shown in Fig. 2.20b. The

measured S21 can be broken as : 1) 0.05−3.8 dB ×2 for the input and output transmission-line

loss, 2) 0.05−0.7 dB ×2 for the end-launch connectors at 0.01−26 GHz, and 3) 4.6−6.8 dB loss

for the SiGe reflectometer chip. A similar matching network is implemented on LO path (not

shown for brevity), and the two differential IF outputs of multi-channel receivers are routed out

through surface-mounted connectors (Fig. 2.18a).

30



Ideal 

VNA

a1
b1

a2

a0

b0

e00 e11

1

e   e'01

e   

S11

S21

S22

S12

a3

b3

1

e10e32

e   

e   e'32

e   

b2

e22

e30

e   
DUT

Port 1

Port 2

e10e01
Ref. 

Plane

Figure 2.21: Graphical viewgraph of 12-term error components.

2.8 Calibration

Calibration is required to determine the systematic error terms surrounding the measure-

ment setup. The conventional 12-term error matrix is used for two-port calibration, and Fig.

2.21 presents a graphical description of the error terms [34, 35]. For one-port calibration, three

error terms can be resolved by measuring three well-known OSL (open, short, load) standards.

Due to inherent imperfection of these standards, their reflection coefficients are not perfect (i.e.,

ΓS,O 6= 1, ΓS,S 6=−1, ΓS,L 6= 0) and this can introduce calibration errors. Therefore, the reflection

coefficients of the three standards (ΓS,O, ΓS,S, ΓS,L) are first independently pre-measured using a

commercial VNA. The three error terms (e00, e11, e10e01) are then obtained as

e00 +ΓS,OΓM,Oe11−ΓS,O∆e = ΓM,O (2.12)

e00 +ΓS,SΓM,Se11−ΓS,S∆e = ΓM,S (2.13)

e00 +ΓS,LΓM,Le11−ΓS,L∆e = ΓM,L (2.14)

∆e =e00e11− e10e01 (2.15)

where ΓM (ΓM,O, ΓM,S, ΓM,L) is the measured reflection coefficient using the reflectometer
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Figure 2.22: Measured reflection coefficient of open, short and load (ΓM,O, ΓM,S, ΓM,L), and one-port
calibration coefficients (directivity, reflection tracking and source match).

chip, and e00, e11, and e10e01 are the three systematic error term which are referred to as directivity,

source match, and reflection tracking. Fig. 2.22 presents the measured reflection coefficient of

the OSL standards (ΓM,O, ΓM,S, ΓM,L), and includes the three systematic error terms. Due to the

wideband response of the bridge coupler, a >20 dB directivity is present up to 15 GHz, and is

reduced to 16 dB at 20−26 GHz due to the output transmission-line loss. The measured source

match is < -10 dB at 0.01−26 GHz. The reflection tracking is ∼ 4.5 dB at 1 GHz, and increases

to -22 dB at 26 GHz, due to higher packaged loss.

For two-port calibration, there are 12-error terms that need to be resolved. Individual

one-port OSL calibration at each port provides 6 error terms (directivity, source match and

reflection tracking) and two-port thru calibration provides additional 4 error terms (transmission
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tracking and source match). The derivation is

S11,M = e00 + e10e01
S11− e22∆s

1− e11S11− e22S22 + e11e22∆s
(2.16)

S21,M = e30 + e10e32
S21

1− e11S11− e22S22 + e11e22∆s
(2.17)

S12,M = e′03 + e′23e′01
S12

1− e′11S11− e′22S22 + e′11e′22∆s
(2.18)

S22,M = e′33 + e′23e′32
S22− e′11∆s

1− e′11S11− e′22S22 + e′11e′22∆s
(2.19)

∆s =S11S22−S21S12 (2.20)

where Si j,M (i and j=1, 2) is the measured transmission coefficient when a thru standard is

connected, and Si j is the pre-measured S-parameter of the thru standard.

Finally, the two crosstalk error terms (e30, e′03) are determined by measuring the transmis-

sion coefficient in the forward and reverse direction where both test ports are terminated to in 50

Ω. However, the effect of crosstalk error is negligible for the most applications, and therefore,

this measurement is omitted during calibration (e30=e′03=0).

With two one-port OSL and a two-port thru calibration, the 10-error terms are extracted at

each RF frequency and are used to retrieve the DUT S-parameter. [34]. There are a couple of

other error model, such as 8- or 16-error models, however, these can be also derived from the

12-term model [36, 37].

2.9 One-port S-Parameter Measurements

The one-port S-parameter measurement setup is shown in Fig. 2.23. Separate signal

generators are used for the RF and LO signals, and the relatively low b1 signal is connected to an

external VGA for added signal gain. The IF signals (a1, b1) are simultaneously sampled by an

Agilent U2531A with a maximum sampling rate of a 2MS/s, and the digital processing is done
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Figure 2.23: One-port S-parameter measurement setup.

using MATLAB software. An IF of 200 kHz to 500 kHz is typically used. The DUT is placed at

the connecterized RF port (Ref. plane), and an one-port OSL calibration is performed to calibrate

the reflectometer board.

Fig. 2.24 presents the one-port DUT measurement of a 50 Ω load up to 26 GHz. The mea-

sured S11 using the SiGe chip VNA (red dots) shows excellent agreement with high-performance

VNA measurements (Agilent E8361A, blue line). The S-parameter difference for magnitude and

phase is also shown in Fig. 2.24 (right axis). Its maximum amplitude and phase difference is <

0.6 dB, < 5°, respectively. Note that the amplitude and phase difference in dB scale is high only

when S11 is very low (<-25 dB).

Fig. 2.25 presents S11 measurements on a Ku-band horn antenna. The return loss agrees

well with commercial VNA system, and with the maximum amplitude and phase difference of

<0.7 dB, <4.5°.

The mean deviation, defined as the average amplitude and phase difference in dB and
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Figure 2.24: Measurement comparison of S11 by commercial VNA and on-chip VNA of 50 Ω load.
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Figure 2.25: Measurement comparison of S11 by commercial VNA and on-chip VNA of Ku-band horn
antenna.

degree (|∆S11|), is

|∆S11,load|= 0.09dB∠0.54◦ (2.21)

|∆S11,antenna|= 0.14dB∠1.92◦ (2.22)

However, the amplitude and phase difference in dB scale is not appropriate to determine

the quality of measurement accuracy. Instead, the complex difference error vector (EV) between
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Figure 2.26: EV of (a) 50 Ω load, and (b) Ku-band horn antenna.

two measured results is introduced as

EV = Son-chip VNA−Scomm.VNA (2.23)

and is shown in Fig. 2.26a, 2.26b [26]. For both cases, the maximum EV (|EVmax|) is 0.002

and 0.067, indicating an excellent agreement between the on-chip SiGe reflectometer and the

commercial VNA. In addition, in order to verify the repeatability, 5 identical measurements were

taken using load DUT, and the measured amplitude and phase difference are <0.002 and <2°,

respectively (Fig. 2.27).

2.10 Two-port S-parameter Measurements

The two-port measurement is similar to the one-port measurement setup with additional

RF source to excite port 2 (Fig. 2.28). In addition, a wideband power splitter is used to distribute

identical LO power to the each reflectometer chip. As an initial measurement, a thru DUT

measurement is performed and its measured S-parameters are described in Fig. 2.29a. The

measured S-parameters using the reflectometer chip agree well with the measurement done
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Figure 2.27: Amplitude and phase difference of 5 repeated measurements of load DUT.

by commercial VNA, with amplitude and phase difference of <0.02 dB, and <1.6°. Another

measurement was taken with a 10-dB attenuator and its measurement result is shown in Fig.

2.29b.

The next step is to perform DUT measurement which has high dynamic range in order to

verify whether the current measurement setup handles desired dynamic range. The lowpass filter

with very low S21 was used as a DUT without external VGA, and its measured S21 is shown in

Fig. 2.33a (green line). Compared to measurement result using commercial VNA, the measured

S21 is limited to -60 dB and it leads to the in-depth analysis to investigate the limiting factor of

current measurements, described in 2.10.1.

2.10.1 Measurement Dynamic Range Analysis

Based on the initial measurements, there are several possible factors that limit the dynamic

range in current measurement setup: 1) ADC, 2) RF-to-LO feed-through, 3) radiation 4) crosstalk

and 5) and measurement error.
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Figure 2.29: Measured S21 of (a) thru, and (b) 10-dB attenuator DUT.

The limitation coming from the ADC used in the measurement setup (Keysight U2531A)

is due to its effective number of bit (ENOB) of 11.3-bit, resulting in a theoretical dynamic range

of 69.8 dB. In practice, it is reduced to ∼65 dB. With the input range of ADC (± 1.25 V), the

step voltage (∆) is

∆ =
2.5V

2ENOB = 990µV (2.24)

Therefore, the minimum detectable voltage (MDV) becomes ∆/2= 495 µV, resulting in

b2

a1
=

MDV
490mV

=−60dB (2.25)

when PRF=10 dBm (input P0.1dB for linear operation) is applied . However, for very low S21

measurement, b2 signal is tens of µV or even lower. Therefore, additional amplification stage is

employed to boost b2 signal and it is achieved by the external variable gain amplifiers (VGAs)

with variable gain of 0−40 dB (See. Fig. 2.28). The measured b2/a1 with external VGA
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(GEXT.VGA=40 dB) becomes

b2

a1
=

5mV
490mV

1
GEXT.VGA

=−79.8dB (2.26)

Note that the amplified b2 signal of 5 mV is 10 times higher than MDV, and is readily measured.

Several S21 measurements with different PRF show identical result until b2 signal is comparable

to the minimum detectable voltage. The S21 of low-pass filter is measured down to -80 dB, ∼20

dB improved measured S21 (Fig. 2.33a, red dot). Note that the dynamic range should ideally be

improved by 40 dB, meaning that there are other limitation factors that start to dominate when

measuring S21 below -80 dB.

The RF-to-LO isolation, which discussed in 2.4.8, may be one of these limitation factors.

It comes from the finite on-chip RF-to-LO feedthrough as well as the external LO splitter. Fig.

2.30 presents the amount of RF-to-LO leakage at each LO and IF ports. With PRF=0 dBm (linear

operation), the measured RF and IF power at node (A) is -60 and -80 dBm, respectively. After

considering the measured power splitter isolation of 27 dB, the measured RF power is -87 dBm

at node (B). The amount of LO and RF signal is distributed and amplified by the integrated

T-junction (6 dB) and LO driver (18 dB forward gain), and then mixed with its own LO signal,

generating the undesired IF signal. Note that this is at the same frequency of the desired IF signal,

and is always present even without connecting RF source at VNA board 2. The measured b2

signal in this case is -118 dBm, 8 dB higher than noise floor. This leads to a voltage ratio (b2/a1)

of -99 dB at 5 GHz with the shared LO source. The same measurement is performed from 1−25

GHz, and the measurement b2/a1 remains <-85 dB. As the current setup is limited at measuring

-80 dB S21, one con conclude that the RF-to-LO feedthrough is not a dominant limiting factor in

the current measurement setup. Still, it indicates that to measure S21 of -100 dB or lower, more

RF-to-LO isolation is required and it can be achieved by adding amplifiers with high directivity

between the LO splitter and (A) or (B) node.
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Figure 2.31: (a) Measured a1, b2, and noise floor when both ports are terminated to 50 Ω (no DUT
connection) , and (b) Measured S21 with different RF stimulus input (5, 10 and 15 dBm).

The radiation effect can be also considered as one of the possible limiting factors when it

comes to S21 of <-80 dB. The radiation effect mainly comes from the unshielded bond-wires and

the transmission-line on PCB. The effect of radiation effect is not easy to characterize, however,

its effect can be investigated by placing the two test VNA boards with different distance. Fig.

2.31a presents the measured a1 and b2 signal when the two RF ports are terminated to 50 Ω with

the distance between two VNA boards of 20, 60, and 120 cm. The measurement setup is similar

as Fig. 2.30 with LO source disconnected from the VNA board 2 (node (B) disconnection). The

a1 signal is measured using spectrum analyzer, and is -8 to -16 dBm up to 18 GHz for all three

cases. However, The measured b2 at farthest distance (120 cm) is -130 to -115 dBm, which is

∼10 dB lower than b2 signal at shortest distance (20 cm). The noise floor is also measured for

the comparison, and is -130 to -120 dBm (RBW of 1 Hz) up to 18 GHz. This implies that the

RF radiation plays a role when b2/a1 < -100 dB. The effect of radiation is also investigated in

an alternative way, by comparing S21 with different RF power, and is shown in Fig. 2.31b. An

identical LPF (Fig. 2.33a) is measured with PRF= 5, 10, 15 dBm, and the measurement results
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Figure 2.32: Comparison of measured S21 with and without crosstalk calibration (e30, e′03) of (a) bandpass
filter, and (b) thru DUT.

shows identical result within an error range. Therefore, it shows that the radiation is also not a

dominant limiting factor at -80 dB level. Still, it implies that sophisticated packaging of IC as

well as PCB is required to measure S21 < -100 dB.

The effect of crosstalk calibration is also investigated. Two measurements were performed

with and without taking into account of crosstalk error terms (e30, e′03) using BPF (Fig. 2.32a)

and thru DUT (Fig. 2.32b), and both results shows that two measurements are almost overlapped

each other. In general, the crosstalk calibration is performed in commercial VNA only if DUT

S21 <-100 dB.

With all the experiments done so far, the measurement error could be the reason that limits

the measured S21 <-80 dB. In fact, in the current measurement setup, the reflectometer boards are

prone to move during calibration or especially during the DUT replacement. Any of these effects

can generate a certain random error. In addition, all IF signals (e.g., a1, b2) are connected to the

ADC with bare wires without sufficient ground around it. Therefore, any coupling between wires

(even at -80 dB level) may affect the measurement results considerably. These random error can

be easily in the range of tens of µV, and affect S21 dynamic range in the current measurement

setup. The more sophisticated packaging interface can greatly reduce these error so that the
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Table 2.1: Summarized two-port S-parameter DUT measurements

DUT
Freq

(GHz)
Spacing
(MHz)

|∆S11| |∆S21| EV11 EV21

Thru 0.01−26 100
0.14dB
∠1.5◦

0.001dB
∠0.7◦

<0.03 <0.001

ATT 0.01−20 100
0.13dB
∠1.4◦

0.07dB
∠0.81◦

<0.07 <0.04

LPF 0.01−5 50
0.18dB
∠1.6◦

0.14dB
∠1.3◦

<0.07 <0.04

BPF 5−15 50/200
0.09dB
∠1.9◦

0.31dB
∠1.95◦

<0.06 <0.06

HPF 0.05−20 200
0.18dB
∠2.05◦

0.24dB
∠1.98◦

<0.11 <0.12

AMP 0.05−20 200
0.19dB
∠1.95◦

0.2dB
∠1.87◦

<0.1 <0.4

measurement setup is limited by the noise floor.

2.10.2 DUT Measurements

Two-port S-parameter measurements are performed using different DUTs, and the results

are shown in Fig. 2.33 and Fig. 2.34. As mentioned in 2.10.1, the LPF S21 of ∼ -80 dB is

achieved with the help of external VGA (2.33a, red dot). Other three DUT measurements (BPF,

HPF, AMP) are also performed and shown in Fig. 2.33 and Fig 2.34. For the measurement of S21

< -80 dB, maximum gain of external VGA and RF power is used and the VGA gain is taken into

account during the calibration and DUT measurement. However, for active circuit measurement,

the down-converted IF signals bypass the external VGA (GEXT,VGA = 0 dB) with lower RF power

so as not to saturate the receivers in the reflectometer chip. The EV plot of each DUT is also

shown in Fig. 2.35. The measurement results of six DUT measurements are summarized in Table

2.1.

In overall, two-port measurement results show an excellent agreement with the com-
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mercial VNA with measured S21 of -80 dB range with minimum measurement error. For low

S21 measurement, multiple number of points are sampled at the same frequency to minimize

measurement error.

2.11 Conclusion

This work presented a packaged 0.01−26 GHz reflectometer chip for two-port VNA.

The wideband resistive bridge coupler is employed for improved directivity, followed by a

high-linearity receiver. The receiver dynamic range of 133−126 dB is achieved with RBW

of 10 Hz. The RF/LO signals as well as DC and digital controls are wire-bonded, and a

wideband matching network is implemented on a low-cost PCB. Various one- and two-port DUT

S-parameter measurements are performed with excellent agreement with the commercial VNA.

The measured S21 of -80 dB is achieved, and an in-depth analysis of S21 dynamic range analysis

is addressed for various possible limiting factors.
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Figure 2.35: EV of two-port S-parameter DUTs: (a) LPF,(b) BPF, (c) HPF, and (d) AMP.
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Chapter 3

A 70-110 GHz Single-Chip SiGe

Reflectometer with Integrated Local

Oscillator Quadrupler

3.1 Introduction

Advances in mm-wave communication systems at 70–75 GHz and 80–85 GHz have

pushed for lower cost instrument to be available for reduced testing costs, including vector network

analyzers (VNA). Several efforts have been demonstrated using single-chip reflectometers up to

100 GHz (especially for biomedical applications), but most lack the dynamic range required for

high performance VNAs [18, 21–23, 25]. This work demonstrates the first W-band single-chip

reflectometer for one-port VNA, including integrated directive components and x4 LO frequency

multipliers.
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Figure 3.1: Block diagram of the 70–110 GHz SiGe reflectometer for mm-wave vector network analyzers.

3.2 70−110 GHz Reflectometer Design

Fig. 3.1 presents the 70–110 GHz single-chip SiGe reflectometer. The incident RF signal

is coupled to the wideband receivers using two directional couplers so as to measure reference

and reflected signals. Each receiver has identical gain response except for an additional 10 dB

attenuator placed in the reference-channel receiver since the reference signal is typically much

larger than the reflected signal. The receive channels down-convert the 70–110 GHz signals to

an intermediate frequency (IF) using a fundamental active mixer for lower conversion loss. The

magnitude and phase of the IF output for reference and reflected channels are generally obtained

using ADCs and signal processing at the IF, but in this case, they are fed into a digital scope

which does the same function.

The coupler directivity is one of the most important specifications for high performance

VNAs, and a high directivity enables the VNA to achieve accurate measurements even in the
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Figure 3.2: (a) Layout of CPW directional coupler, and (b) insertion loss and coupling ratio.

precense of loss between the reflectometer and the DUT [18]. In order to achieve such require-

ments, a CPW coupled-line with patterned ground shield is implemented as shown in Fig. 3.2a.

The patterned ground underneath the coupled line removes the effect of the image current in the

bottom ground, and equalizes the even and odd mode propagation coefficients, Coupled lines with

signal-gap-signal of 8-8-8 µm and a length of 350 µm are built using the top and ground metal

layer, result in Ze and Zo of 67 Ω and 38 Ω, respectively. Fig. 3.2b presents the insertion loss

(1±0.2 dB) and coupling ratio (-12 dB) at 70–110 GHz. The simulated isolation and directivity

are -40 dB and 27 dB at 90 GHz, respectively, and the measured isolation is 6−10 dB higher than

simulations (not shown).

The receiver is built using a two-stage common-emitter wideband amplifier followed by

a high-linearity Gilbert-cell mixer (Fig. 3.3a). The receive chain requires high linearity instead

of low noise figure, and inductive degeneration is used in the second stage. Also, the amplifier
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Figure 3.3: 70–110 GHz wideband amplifier and mixer: (a) schematic, and (b) voltage conversion gain.

is matched using a 150 Ω differential resistor at its input port, for added linearity and wideband

performance. A high isolation is achieved using the two-stage amplifier design (S12 <-40 dB),

greatly reducing the LO-to-RF leakage from the mixer. Note that this leakage increases the VNA

measurement error since the LO leakage signal will generate an undesired IF signal in the second

heterodyne receiver, and therefore, it is important to minimize it. The down-converted signal is

fed into IF amplifiers with 2-bit gain control and a 3-dB bandwidth of 5 MHz and 2.5 GHz (two

different amplifiers selected by SPDT switches). The measured input P1dB of the amplifier+mixer

stage is -1 to -3 dBm at 70–110 GHz (not shown). The measured voltage conversion gain of the

amplifier+mixer is shown in Fig. 3.3b. Note that the output voltage swing is measured using a
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Figure 3.4: 70–110 GHz LO amplifier: (a) schematic, and (b) S-parameters.

high-impedance scope at an IF of 1 MHz.

Fig. 3.4a presents the schematic of 70–110 GHz two-stage LO amplifier. This amplifier

is used to and is to generate enough LO power to drive the high-linearity mixer, and provides a

measured output power of -2 to 4 dBm over the W–band range. The LO amplifier S-parameters

are shown Fig. 3.4b, with a gain of 8–10 dB at 70–110 GHz and a good impedance match.

Frequency doublers with bandpass filter and inter-stage amplifier are also implemented in the

LO chain, and upconvert the 17.5−27.5 GHz LO signal to 70–110 GHz signal for measurement

easiness.

Fig. 3.5 presents the receiver power conversion gain using the low-IF amplifier. The

measured power gain is 15 to 20 dB and -5 to +3 dB for high and low-gain settings, respectively,
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over the entire 70-110 GHz range. The simulated receiver noise figure in the high gain mode

is 18–24 dB at 70–110 GHz. The input P1dB is -20 dBm in the high-gain mode, resulting in a

receiver dynamic range of 120–125 dB at 70–110 GHz in 10 Hz resolution bandwidth (RBW).

The input P1dB is limited by the IF amplifier output current drive. The system dynamic range is

therefore 110–115 dB with a 10 dB back-off. Note that a λ/4 shorted-stub is used at port 1 and

acts as an electrostatic discharge (ESD) protector. Also, a switched 50 Ω load is attached to the

RF port so as to provide a matched impedance at port 1 when port 2 is activated for two-port

measurements. Finally, a 3-dB pad is also placed at port 1 to de-Q any open and short circuits

due to the source when deactivated.

3.3 One-Port Measurements

The chip was fabricated in the Global Foundries GF8HP SiGe BiCMOS process with 7

metal layers and a 4 µm- thick top layer. Separate VCC and GND areas are used for the x4 LO

frequency multiplier block and two receivers for better isolation. The chip consumes 440 mW

from a 2 V power supply, and the size is 5.86 mm2 (2.39×2.45 mm2) including all pads (Fig.

3.6). For one-port S–parameter measurements, the chip is mounted on a printed circuit board
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Figure 3.7: Measurement setup of the single-chip one-port system.

(PCB) and all DC biasings and digital controls are bonded on the PCB. The RF and LO signals

are applied using GSG W–band and coaxial probes.

Fig. 3.7 presents the one-port S–parameter measurement setup. The W-band RF input

is generated using a x8 multiplier chain. The 17.5−27.5 GHz LO signal is directly fed into the

chip using a GSG coaxial probe and is up-converted by the integrated x4 multiplier chain. The

down-converted signals are fed a digital scope to measure for magnitude and phase measurements

of the reference and reflected signals. For the RF output, another GSG WR-10 probe is used to
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connect to the WR-10 calibration kit and DUT.

The one-port magnitude measurement of a WR-10 bandpass filter with a center frequency

of 95 GHz is shown in Fig. 3.8. The DUT S11 is measured using both a commercial VNA and

the single-chip reflectometer. Open-short-load (OSL) calibration is performed using WR-10

calibration kit before the DUT measurement. Note that the waveguide measurements using the

commercial VNA does not include the GSG WR-10 output probes which is required for the

single-chip reflectometer measurements. The measured S11 by 70–110 GHz VNA and commercial

VNA agrees well with an average difference of 1.68 dB.

3.4 Conclusion

This work presented a 70–110 GHz single-chip SiGe reflectometer for one-port vector

network analyzer. Two directional couplers are implemented together with two high-linearity

heterodyne receivers on a single chip at 70-110 GHz. In addition, a x4 frequency multiplier chain

is also implemented on the same chip. A CPW (Coplanar Waveguide) coupled-line directional is

used with a shielded ground plane for improved isolation and directivity. The dynamic range of
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the receiver is 110–115 dB at 70–110 GHz with 10 dB back-off and 10 Hz resolution bandwidth

(RBW). The SiGe chip is 5.86 mm2 and consumes 440 mW from a 2 V supply. The chip is

mounted on a printed circuit board (PCB), and RF and LO signals are applied using probes. A 95

GHz bandpass filter is measured as the device-under-test (DUT) and the results obtained using

the on-chip VNA and a commercial VNA show good agreement over a wide frequency range.
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Chapter 4

A 10−40 GHz 4-Channel Frequency

Quadrupler with Switchable Bandpass

Filter and >30 dBc Harmonic Rejection

with Flip-Chip Packaging

4.1 Introduction

The design of a high-speed and high-data rate communication system at millimeter-wave

frequency range (∼30 GHz), has recently been in high demand for commercial use as well as

high interest in various research applications. [38]. With a remarkable improvement of silicon

technology together with a skyrocketed demands of using less crowded frequency bands for less

interference to each other, numerous mm-wave MMICs are introduced in many applications such

as automotive radar [39–41], short-range backhaul [42, 43], imaging systems [44, 45], wideband

phased-array [46], wideband modulator with complex modulation for high-data rate wireless

link [47, 48], and the 5G mobile communication system [49–51]. Therefore, the performance
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of signal generation at mm-wave frequency becomes one of the most important figure of merits

(FOM) in the entire system. However, due to the stringent requirement in the market, the design

of wideband, high-power, high spectral purity LO generation remains ongoing challenges.

One of the straightforward methods to obtain LO signal is to directly generate the signal

by implementing mm-wave VCO and PLL [52–55]. Even with improved performance, however,

this approach is generally limited due to high power dissipation and poor phase noise in which

both parameters are critical and should be minimized for most of the applications. First of all,

high power consumption is mainly coming from frqeuency divider (prescalar) circuit operated at

mm-wave frequency regime and is inevitable to suppress the noise floor [54]. In addition, the

design of VCO and PLL at mm-wave frequency itself is challenging due to comparable parasitic

capacitance of the transistor (Cgs, Cgd , etc), resulting in poor phase noise and reduced tuning

range [55].

On the contrary, making use of ×N frequency multiplier placed after low-phase noise

VCO+PLL circuits can be a good solution to resolve both problems at the same time. The

frequency synthesizer operated at sub-10 GHz range has superb phase noise performance even

with theoretically added phase noise by 20·log(N) dB, where N is the multiplication factor. The

circuit implementation operated at ×N lower frequency relaxes design complexity with the help

of better quality factor (Q-factor) of the passive components and the negligible parasitic effect.

Therefore, the studies of integrated VCO+PLL with injection locking frequency multipliers

(ILFM) are active and have recently published at different frequencies [56–58].

Although this approach provides an optimum solution in terms of integrated phase noise

(IPN), power dissipation, and area efficiency, the frequency locking inevitably limits the tuning

ranges of the VCO, resulting in having relatively narrowband frequency source. Therefore, instead

of using integrated ILFM, wideband off-chip frequency synthesizer followed by a wideband

frequency multiplier is considered to obtain a super-wideband (>100 % FBW) signal source

and is shown in Fig. 4.1. The input frequency of 2.5−10 GHz is generated by low-phase noise
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Figure 4.1: Block diagram of 4-channel 10−40 GHz frequency quadrupler.

frequency synthesizer and the input signal passes through one of the frequency bands for frequency

multiplication depending on the operation. The frequency multiplied signal is then split and

amplified while maintaining HRR > 30 dB, which will be discussed in the following section. The

wideband frequency source operated at 10−40 GHz becomes very popular in many applications

such as dual-band 5G operation at 28-GHz and 39-GHz region [59], and high-resolution imaging

radar system for <1cm resolution for security screening [60, 61].

The stream of this paper is following. The design goals of this work are introduced together

with on-chip switchable bandpass filter operation for improved harmonic rejection in Section 4.2.

Brief process technology information is followed by details of circuit designs in Section 4.3 and

4.4. Section 4.5 introduces the packaging details for the flip-chip, and experimental results and

conclusion are presented in Section 4.6 and 4.7, respectively.

4.2 x4 Frequency Quadrupler Topologies

There are three main goals for this design: 1) 10−40 GHz wideband operation (>100%

FBW), 2) >30 dBc in-band harmonic rejection, 3) enough output power (∼3 dBm) with 4-channel

distribution. In order to fulfill the first requirement, the input signal is separated into three different

61



(a
)

(b
)

(c
)

8
1

6
1

2
2

0

O
u

tp
u

t 

F
re

q
.

 (
G

H
z
)

4
2

f O
4
f O

8
3

f O
1

6
1

2
5

f O
2

0
6

f O
2

4

4

S
w

it
c
h

a
b

le

 E
ll
ip

ti
c
 B

P
F

O
u

tp
u

t 

F
re

q
.

 (
G

H
z
)

S
W

  
O

N
 

2
4
 2

6

S
W

  
O

N
 

P
1

P
2

S
W

 "
O

N
"
  

O
p

e
ra

ti
o

n

×
2

×
2

  
  
  
  

P
1
  
  
  
 

  
  
 P

2

×
2

×
2 2

f O
4

f O
3

f O
5

f O
6

f O

fo fo

1
2

2
4
2

6
1

6
 1

8
3

0

O
u

tp
u

t 

F
re

q
.

 (
G

H
z
)

6
2

f O
4

f O
1

2
1

3
3

f O
2

4
1

8
5

f O
3

0
6

f O
3

6

6

O
u

tp
u

t 

F
re

q
.

 (
G

H
z
)

S
W

  
O

F
F
 

3
6
 

S
W

  
O

F
F
 

P
1

P
2

S
W

 "
O

F
F

"
  

O
p

e
ra

ti
o

n

2
f O

4
f O

3
f O

5
f O

6
f O

fo fo

8

fo
4
fo

×
2

×
2

8
1

6
1

2
1

3
2

0

O
u

tp
u

t 

F
re

q
.

 (
G

H
z
)

4
2

f O
4

f O
8

3
f O

1
6

1
2

5
f O

2
0

6
f O

2
4

4

O
u

tp
u

t 

F
re

q
.

 (
G

H
z
)

2
4
 2

6

P
1

P
2

×
2

×
2

×
2

×
2 2

f O
4

f O
3

f O
5

f O
6

f O

fo

O
u

tp
u

t 

F
re

q
.

 (
G

H
z
)

2
f O

4
f O

3
f O

5
f O

O
u

tp
u

t 

F
re

q
.

 (
G

H
z
)

P
3

P
4

fo fo

fo
4
fo

×
2

×
2

O
u

tp
u

t 

F
re

q
.

 (
G

H
z
)

2
f O

O
u

tp
u

t 

F
re

q
.

 (
G

H
z
)

P
1

×
2

×
2

P
1
  
  
  
  
 P

2
  
  
  
  
P

3
  
  
  
  

 P
4

×
2

×
2 2

f O
4

f O
3
f O

5
f O

6
f O

fo

1
2

2
4
2

6
1

6
 1

8
3

0

O
u

tp
u

t 

F
re

q
.

 (
G

H
z
)

6
2
f O

4
f O

1
2

3
f O

2
4

1
8

5
f O

3
0

6
f O

3
6

6

O
u

tp
u

t 

F
re

q
.

 (
G

H
z
)

3
6
 

P
3

P
4

2
f O

4
f O

3
f O

5
f O

6
f O

fo fo

fo
4
fo

×
2

×
2

8
1

6
1

2
2

0

4
8

1
6

1
2

2
0

6
f O

2
4

4
2

4
 2

6
2

f O
4

f O
3

f O
5

f O
6

f O

1
2
1

3
2

4
 1

8
3

0

O
u

tp
u

t 

F
re

q
.

 (
G

H
z
)

6
4
f O

1
2

3
f O

2
4

1
8

5
f O

3
0

6
f O

3
6

6
3

6
 

P
1

P
2

fo

8

P
1
  
  
  
  
 P

2
  
  
  
  
P

3
  
  
  
  
 P

4

fo

fo

B
W

:8
-1

3
G

H
z

B
W

:1
6
-2

6
G

H
z

In
-B

a
n

d
 3

f O

x
2

In
-B

a
n

d
 

5
f O

,6
f O

F
ix

e
d

 B
P

F
F

ix
e
d

 B
P

F

Fi
gu

re
4.

2:
(a

)V
ie

w
gr

ap
h

of
ha

rm
on

ic
s

w
ith

fix
ed

ba
nd

pa
ss

fil
te

r,
(b

)s
w

itc
ha

bl
e

ba
nd

pa
ss

fil
te

r(
SW

O
N

m
od

e)
,a

nd
(c

)S
W

O
FF

m
od

e
at

m
id

-b
an

d
m

ul
tip

lie
rc

ha
in

.

62



bands using SP3T to relax the FBW of each bands (46, 47, 42%) shown in Fig. 4.1 The optimum

number of bands is carefully investigated before implementation, and three-band operation is the

best solution for circuit realization (feasible FBW of the circuit blocks), reasonable chip area

and passive loss of SPNT, and the required harmonic level at the output. The way to generate x4

frequency signal from the input is to make use of cascaded frequency doubler, rather than using

a standalone frequency quadrupler, since it takes advantages of much weaker gm4, resulting in

much lower power at the output [62]. However, the frequency multiplier composed of cascaded

frequency doublers generates not only 2 fo, but also generates undesired harmonics, such as fo,

3 fo, and 4 fo at the output of the first doubler, and these ’seed harmonics’ are inter-mixed or

frequency doubled at the second stage doubler, resulting in large amount of harmonic components

(2 fo,3 fo,5 fo,6 fo, etc) at the output (> -20 dBc) [63]. Note that such undesired harmonics are ∼

6−10 times lower than fT , therefore, much stronger harmonic currents are generated after each

frequency doubler compared to same order harmonic currents that are generated at W-band or

even higher frequency region for >100 GHz frequency multiplier designs. This leads to come up

with using inter-stage bandpass filteres between frequency doublers so as to fulfill the second

design goal, shown in Fig. 4.2a. Two fixed bandpass filters are located after each frequency

doubler and the harmonic contents of each nodes (P1, P2, P3 and P4) are described with the input

frequency of 6 GHz, which is the right-edge of the middle-band (4−6.5 GHz). After the first stage

doubler, large even harmonics (2 fo, 4 fo) with smaller odd harmonics ( fo, 3 fo, 5 fo) are generated

(Fig. 4.2a-P1). The passband of the fixed bandpass filter is 8−13 GHz and this only passes the

desired harmonic (2 fo) and suppresses all the remaining harmonics (Fig. 4.2a-P2). Therefore,

even after the second stage doubler, the amount of undesired harmonics (all harmonics except

4 fo) are decently rejected (Fig. 4.2a-P3). Plus, the effect of second bandpass filter further rejects

out-of-band (OOB) harmonics such as 2 fo, 5 fo, and 6 fo, while passing the 4 fo (Fig. 4.2a-P4).

The role of the fixed bandpass filter seems well suited for the harmonic rejection at this point,

however, the other observation shows that it is problematic, in which Fig. 4.2b is the case. When
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the input frequency is at 4 GHz, which is the left-edge of the middle-band, similar amount of

harmonics are generated at Fig. 4.2b-P1, however, the undesired 3 fo remains unfiltered together

with the 2 fo (Fig. 4.2b-P2), which results in larger ’seed harmonics’ at the input of the second

frequency doubler. The effect of intermixing and self-mixing of larger ’seed harmonics’ is not

linearly proportional, and larger harmonic contents are generated at the output of the second

doubler (Fig. 4.2b-P3). Unfortunately, the largest two harmonics (5 fo, 6 fo) are located in the

passband of the second bandpass filter, and there is no way to suppress these while keeping the

main tone unchanged. This results from frequency division that each bands is required to operate

∼45% FBW, and relaxing the bandwidth of each band enables to push the undesired harmonics

out-of-band with the expense of additional one more band, which results in more chip area and

extra loss of switches.

The solution to avoid aforementioned drawbacks is to control the passband of the bandpass

filters as shown Fig. 4.2c. Instead of using fixed bandpass filter, switchable bandpass filter helps

to reduce the passband so that the 3 fo content is suppressed by using multi-order elliptic filter

for sharp skirts at the cutoff frequency (Fig. 4.2c-P1, SW ON). Lower 3 fo generates much lower

undesired harmonics at the output of the second doubler (Fig. 4.2c-P2, SW ON), and these can be

further rejected by reducing the passband of the second bandpass filter. When the input frequency

is at 6 GHz, the switch is off to behave it as a normal bandpass filter (Fig. 4.2c, SW OFF).

In order to satisfy the last design goal, the output of the multiplier chain is connected

to 1:4 driver to provide identical output power to the each channels. The resistive attenuator is

placed right after multiplier chain so as to relax the linear operation of active splitter and PA at

the last stage. For 1:4 channel distribution, one passive and one active splitters are used to reduce

the power consumption and achieve channel-to-channel isolation at the same time. The last stage

power amplifier is carefully designed to have its OP1dB of 4−5 dBm, in order not to generate too

much 3rd harmonic referenced to the signal after multiplier chain (12 fo from the input), since

it limits the worstcase HRR at given input frequency, especially when 12 fo is located in-band
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Figure 4.3: Stack-up with differential GCPW line in GF8HP technology.

region (<40 GHz). The output power of +3 dBm is set per each channels, since the required LO

power for most multi-channel applications ranges from -5 to 0 dBm [39, 49, 50].

In summary, using three bands with the switchable elliptic bandpass filters allows wider

fractional bandwidth to be used in each path with desired harmonic rejections. In addition, the

design of wideband 1:4 driver with OP1dB of 4−5 dBm enables the frequency converted signal

to be equally distributed as well as with lower 3rd harmonic content. Note that for high-band

operation, only one switchable bandpass filter is used in the multiplier chain since the 5 fo, 6 fo

harmonics are out-of-band for fo > 8 GHz, and the in-band 5 fo and 6 fo harmonics are sufficiently

suppressed by using one switchable bandpass filter at the second stage (6.5 GHz < fo <8 GHz).

4.3 Technology

The 4-channel 10−40 GHz frequency quadrupler is designed using GF8HP 0.12-µm SiGe

BiCMOS process. In addition, 0.13-µm CMOS transistors are also available for digital circuit

and biasing. Fig. 4.3 shows the back-end-of-line (BEOL) of this process, including seven metal

layers with two thick metal layers, AM (=4 µm) and LY (=1.25 µm), for low-loss RF routing. The

fT and fMAX of the bipolar transistor is 200 GHz. The 100-Ω differential coplanar waveguide

(CPW) transmission line (15-9-12-9-15 µm) is implemented with AM and MQ ground plane, and

a simulated loss is 0.3 dB/mm at 40 GHz.

The simulated Q of the transmission line is 18 at 40 GHz. For VCC distribution around
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Figure 4.4: (a) Schematic of 1st-stage doubler in low-band path (input is 2.5−4 GHz, output is 5−8 GHz),
and (b) EM layout of input balun.

the active core, both LY and M4 layers are stacked in parallel to minimize IR voltage drop.

4.4 Circuit Designs

4.4.1 Doublers

For a 10−40 GHz frequency quadrupler, 6 different frequency doublers (2 for each

bands) are necessary, and Fig. 4.4a presents the schematic of one of the frequency doublers

implemented in the multiplier chain (1st-stage, low-band). The single-ended input signal (2.5−4

GHz) is converted into differential using passive balun with caution for low amplitude and phase

imbalance in order to reduce the odd harmonics ( fo, 3 fo) at the output [64]. Due to low frequency

operation, multiple spiral lines at top (AM) and bottom (LY) layer are vertically coupled with

insertion loss of ∼1.5 dB at 2.5−4 GHz (Fig. 4.4b). The center tap on the secondary tap is

directly connected to 3 pF degenerated capacitor to provide solid ground, and the bias voltage

is applied through it. A push-push balanced 12-um HBTs are used to maximize strong second

harmonic output with fundamental and odd harmonic suppression [65]. The simulated S11 and
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Figure 4.5: Low-band, 1st-stage doubler: (a) Conversion gain, (b) Pout vs Pin with different Rbias (c)
conversion gain and Pout vs Pin with different output frequencies, and (d) conversion gain and Pout vs freq.

S22 are below -10 dB at 2−7 GHz, 5−8 GHz, respectively (not shown). The frequency doubler

consumes 15 mA from a 2 V supply at an input power of 1 dBm.

The output power and conversion gain of the frequency doubler are highly dependent

on the bias voltage VBE, and it can be determined by bias resistor RBias (see Fig. 4.4a). The

relationship between conversion gain vs RBias, and Pout vs RBias are described in Fig. 4.5a-b.

There is an optimum value that provides enough conversion gain and high output power, and RBias

of 500 Ω is chosen with good compromise. Decreasing RBias results in reduced VBE, turning

transistors into class C region, and this region is generally chosen as a bias point to maximize

the output power for >100 GHz doubler design, which is difficult to achieve 3−5 dBm output
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Figure 4.7: (a) Schematic of 1st-stage doubler in mid-band path (input is 5−8 GHz, output is 10−16
GHz), and (b) EM layout of output balun.

power [66]. However, sub-threshold bias operation requires lots of input power to achieve such an

output power, and it is not suitable for low-frequency frequency multiplication since class AB or B

mode can easily achieve required output power with greatly reduced input power requirement [67].

The peak output power of 5.8 dBm with peak conversion gain of 6.5 dB is simulated at 6.5 GHz,

and >5 dBm output power is achieved with Pin=1 dBm for entire band (Fig. 4.5c-d). Output
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power of ∼ 5 dBm is required in order to provide enough power to drive next stage doubler after

taking into account of insertion loss of bandpass filter (See Section 4.4.2). Fig. 4.5d shows Pout

and conversion gain vs frequency, showing that its 3-dB BW is larger than 45% FBW. Fig. 4.6

presents the Pout contour vs Pin and VBE at 6.5 GHz output, and for Pout of 5 dBm, static VBE of

0.8 V (slightly higher than threshold) is chosen. Note that VBE drops to 0.7 V for Pin ∼ 0 dBm,

turning into class B mode.

Fig. 4.7 presents the schematic and EM structure of the second stage doubler operated at

the output frequency of 10−16 GHz. Similar analysis is done for the second frequency doubler,

and the optimum Rbias of 2 KΩ is chosen instead of 500 Ω. The output power and peak conversion

gain at 10, 13 and 16 GHz is 4−6 dBm and 3.5−6.2 dB, respectively (Fig. 4.8a-b). The other
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Table 4.1: Design Parameters of 5-8 GHz Switchable Bandpass Filter

C1p 460 fF L1p 920 pH
C2p 550 fF L1s 1080 pH
C1s 1450 fF L2s 370 pH
C2s 620 fF COFF 60 fF
C3s 470 fF T/R 72 µm

four frequency doublers are implemented in the same manner, and its Pout and conversion gain

are plotted in Fig. 4.8c-d. The 2 fo, λ/2 resonators are generally implemented at the input of

doubler to further improve conversion gain for sub-terahertz or terahertz multiplier design [66],

but is not suitable for this work due to bulky dimension of resonators.

4.4.2 Switchable Bandpass Filters

As discussed in Fig. 4.2, the switch operation in bandpass filter is critical to improve

harmonic rejection especially the harmonic contents adjacent to the desired signal. This requires

a very sharp rejection at the stopband, and it is challenging to implement on-chip with > 40

% FBW. In order to achieve sharp stopband response, elliptic filter is chosen due to its better

rejection at the stopband compared to other types of filter. The order of the filter is carefully

investigated to achieve desirable stopband rejection together with acceptable insertion loss and

area consumption, and a 3rd-order 3-pole/2-zero elliptic filter is chosen. A 1-bit control switch

is employed in series with the capacitors (C1p, C3s) to control the passband of the filter, and its

schematic is shown in Fig. 4.9a. The schematic of six bandpass filters is identical except the

first-stage fixed bandpass filter at the high-band multiplier chain. The design parameters of the

filter for the first-stage bandpass filter at low-band are shown in Table 4.1.

The differential switchable bandpass filter can be simplified by using half-circuit analysis

with the case of switch on and off, respectively, and each cases is described as shown in Fig.

4.9b and d. When the switch is on, Fig. 4.9a can be simplified to Fig. 4.9b by adding C1p to
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half-circuit capacitance 2C2p in parallel and the C3s to C2s in series. These additional capacitance

enables to control the position of the second zero ( fz2), resulting in narrower passband. When the

switch is off, the effect of COFF is combined together with C1p and C2p in parallel, and the overall

series capacitance becomes C2s+C3s ||COFF (Fig. 4.9d). The location of the two transmission

zeros ( fz1, fz2) can be calculated by

fz1 =
1

2π
√

L1sC1s
= 4.02 GHz (4.1)

fz2,OFF =
1

2π
√

L2s(C2s +C3s||COFF)
= 10.08 GHz (4.2)

fz2,ON =
1

2π
√

L2s(C2s +C3s)
= 7.92 GHz (4.3)

The location of the poles are derived from the transfer function of the filter, and an easier

way to obtain it is to break the circuits into sub-block of each shunt L/C networks and calculate

ABCD matrix in series (See Fig. 4.9d). The impedance and admittance of sub-blocks when the

SW is off are

YA =
1

sL1p
||s(C1p||2COFF +2C2p) (4.4)

ZB = sL1s||
1

sC1s
(4.5)

ZC = sL2s||
1

s(C2s||(COFF +C3s))
(4.6)

Hence, the ABCD matrix of the filter can be simplified

A B

C D

=

 1 0

YA 1


1 ZB

0 1


1 ZC

0 1


 1 0

YA 1

 (4.7)
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Figure 4.10: (a) S-parameters, and (b) complete EM layout of switchable bandpass filter.

The transfer function is derived from ABCD matrix, and can be written as

H(s)OFF =
2Zo

(1+YAZo)(ZB +ZC +(2+YA(ZB +ZC))Zo)
(4.8)

The structure of the simplified bandpass filter is shown in Fig. 4.9e, which is 3 poles/0

zero structure. Instead of using the basic structure, the series L and C are replaced to the

combination of L/C to create two transmission zeros very close to the edges of the passband for

improved filter selectivity. The frequency response of 3 poles/0 zero and 3 poles/2 zeros are

shown in Fig. 4.9c and f, and additional two zeros provide two null points at the edge of passband,

providing higher rejection in vicinity of the passband.

Fig. 4.10a presents the S-parameters of switchable bandpass filter of each switch operation.

The passband of the bandpass filter when the switch is off remains 5−8 GHz with the measured

insertion loss of 3.5−5 dB (simulated 3−4.5 dB). When the switch is ON, its passband becomes

5−6.5 GHz with the insertion loss of 4−5.5 dB (simulated 3.7−4.6 dB). Slightly high insertion

loss is due to high-order filter design with low-Q inductors (Q of 8−10) at low frequency as well
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Table 4.2: Performance Summary of Six Bandpass filters

Freq.
(GHz)

Band S21 (dB)
Freq.

(GHz)
Band S21 (dB)

5−8 Low
3.5−5
4−5.5

10−16 Low
3.6−5.4
4−5.8

8−13 Mid
3−4.8

4.3−4.8
16−26 Mid

3.4−4.8
4.6−5.6

13−20 High 2.8−3.8 26−40 High
3.9−5

4.4−5.6

as the integration with relatively lossy switches compared to the switch in CMOS technology.

Still, the output of the bandpass filter is enough to drive the next-stage frequency doubler. The

return loss of each case is <-10 dB at desired bandwidth. The filter measurement is done by using

fully differential 4-port PNA-X (Keysight N5247A).

Fig. 4.10b shows the layout of the switchable bandpass filter. Due to the presence of many

inductors together with switches inside the passive structure, careful EM modeling is necessary

in order to predict RF performance accurately. The electromagnetic (EM) simulation of entire

structure takes account of all possible couplings between inductors as well as the effect of the

ground plane around the CMOS transistor, and is performed by 2.5-D EM simulator [68]. The

bottom ground plane of the inductors are not used to minimize the parasitic capacitance for

low-loss, high-inductance design with a compact size [69]. The measured S-parameters shown

Fig. 4.10a matches the simulation result well based on thorough EM analysis. Identical analysis is

performed for all other bandpass filter with different circuit parameters, and Table 4.2 summarizes

the measured six bandpass filters in three bands.

4.4.3 SP3T Switches and amplifier

The input single-pole-three-through (SP3T) is implemented before the multiplier chain

in single-ended, with simulated insertion loss of 0.8−1 dB at 2.5−10 GHz. For switching

transistor, triple-well device is used to improve the isolation. The output SP3T, however, is
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Figure 4.11: Schematic of high-band amplifier.

a differential input/output and its transistor size is carefully chosen to minimize the effect of

parasitic capacitance at 20−40 GHz. As a result, a 48-µm wide device is selected and its simulated

insertion loss is 1.6−3.6 dB at 10−40 GHz. In general, frequency roll-off at 20−40 GHz can be

improved with peaking inductors, but it was not implemented at the end since its improvement is

only ∼1 dB and it requires a pair of inductors at the each bands, which leads to additional 1 mm2

area consumption.

Fig. 4.11 presents the schematic of the amplifier. This amplifier is only implemented in

high-band path to compensate lower conversion gain of the frequency doublers and switch loss.

The function of this amplifier is to improve output power and it is operated in non-linear region,

resulting in high harmonic 3rd harmonic contents (12 fo). However, 12 fo component at high-band

is located at 78−120 GHz, and it is greatly attenuated after amplification stages. The small signal

gain of the amplifier is 9−10 dB at 26−40 GHz, but its actual gain is 4−6 dB with the OP1dB of

-3 dBm. The bias current of the amplifier is 4 mA per branch.

4.4.4 Variable Resistive Network

Variable resistive network is implemented after 3-band frequency multiplier chains in

order not to saturate following active splitters and power amplifier at the output (Fig. 4.12a).
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Figure 4.12: (a) Schematic of variable resistive gain network, and (b) simulated S21 with different gain
settings.
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Figure 4.13: Layout of 1:2 passive splitter.

The attenuation level is controlled by gate voltage (VCtrl) of the series and shunt transistor (M1

and M2) and attenuation level is from -3.5 to -15 dB (11.5 dB gain control) at 10−40 GHz.

The attenuation level with several different VCtrl is shown Fig. 4.12b. The attenuation level is

changed rapidly around the threshold of the transistor (VCtrl=0.4 V). Linear attenuation steps can

be achieved digitally by N-bit control, but it was not chosen due to limited available number of

pads surrounding the flip-chip.

76



4.4.5 1:2 Passive Splitter

A 1-to-2 passive splitter is implemented shown in Fig. 4.13. A cross-coupled passive

splitter is followed by differential 100 Ω transmission lines and 1:2 active splitters. The simulated

loss of 1:2 passive splitter is 0.6−0.8 dB at 10−40 GHz with the size of 300 µm × 250 µm.
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Figure 4.14: (a) Block diagram of 1:2 active splitter, (b) schematic of 1:2 active splitter core, and (c) EM
layout of the active splitter.
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4.4.6 1:2 Active Splitter

The block diagram of 1:2 active splitter is shown in Fig. 4.14a. A pair of 175 pH inductors

are used together with 20 Ω resistors to provide matched condition from the previous stage. The

active splitter core is shown in Fig. 4.14b and current splitting method is used in order to keep

the linearity as well as to achieve high channel-to-channel isolation (-42 to -36 dBc). For this

design, there is no control pin to turn on/off each splitter channel, but it can be done without

degrading Pout and isolation by adding one dummy transistor at the common base. The active

splitter consumes 16 mA through the current source. Careful biasing is required due to limited

voltage headroom for three biplolar transistors, and VCB of the CE and CB transistor is chosen

to -0.3 V. If VCB= -0.3 V and in order to keep fT > 150 GHz and avoid kirk effect, current

density should be between 0.4−1.5mA/µm, but for large signal operation, DC biasing should

be 0.2−0.75 mA/µm [70]. Therefore, the current density of 0.53 mA/µm and 0.4 mA/µm are

chosen for CE and CB devices, respectively. For compact design, resistive loads are used for

two differential pairs, and 300 pH of inductors are implemented to compensate high-frequency

gain roll-off. The layout of the active splitter is carefully designed, and the passive structures

and transmission lines are simulated together with RC-extracted splitter core (Fig. 4.14c). The

simulated gain of the splitter is 4−9 dB at 10−40 GHz, with the OP1dB of -4−-3 dBm, which is

enough to drive PA.

4.4.7 PA with 1-bit Filter

The schematic of PA is shown in Fig. 4.15a. Wideband input matching is achieved

by the feedback resistors and inductors in the previous stage. A psuedo-differential topology

is implemented for improved linearity and 600 pH load iuductance is carefully designed for

broadband gain response at 10−40 GHz. In order to prevent low self-resonant frequency, the

spiral inductor is placed under the deep trench isolation (DTI) without any metal grounds to
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minimize the parasitic capacitance (Fig. 4.15b).Due to its nature characteristic of having higher

3rd order harmonic for higher input power, the simulated 3 fo (12 fo from the input) level is
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Figure 4.17: Simulated (a) OP1dB, OIP3, and (b) S21 of PA.

around ∼-25 dBc when PA approaches P1dB. This 12 fo becomes the dominant harmonic content,

especially when 12 fo is located at in-band of the interest (30−40 GHz). Therefore, additional ∼5

dB more rejection is necessary for > 30 dBc HRR, and it can be achieved by additional 1-bit (VC)

switch at the output node to control the gain response. The 1-bit switch operation is described

Fig. 4.16. The input signal of 2.5 GHz is multiplied by 4 through the multiplier chain with >30

dBc HRR and, Fig.4.16-P1 shows all harmonics presented after the multiplier chain. Due to

amplification stage, when the main tone approaches 3 dBm (close to the P1dB) at 10 GHz, its

3rd harmonic content, 12 fo at 30 GHz, becomes the largest in-band harmonics (Fig.4.16-P2).

The function of a 1-bit switch is to drop the high-frequency gain while keeping the gain of main

tone, resulting in improved HRR by ∼5 dB. When the input frequency is at 5 GHz (Fig.4.16-P3),

the desired signal is located at 20 GHz and its 3rd harmonic is located at 60 GHz, which is

out-of-band of the bandwidth. Therefore, VC is OFF to maximize the output power. Moreover,

the gain of PA rolls up rapidly after >45 GHz, it automatically rejects high frequency harmonics,

therefore, the effect of 12 fo becomes minimal. The simulated OP1dB of PA is 3−5 dBm (VC OFF)

and 0−5 dBm (VC ON), and VC is only activated when the output frequency is <20 GHz (Fig.
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4.17a). Fig 4.17(b) presents the simulated S21 of the PA for each switch operation.

4.4.8 1-to-4-Channel TX driver

Fig. 4.18 presents the block diagram of the 1:4 TX driver. The S21, OP1dB, and HRR

of the standalone 1:4 TX driver is simulated to clarify whether the HRR limiting factor comes

from multiplier chain or 1:4 TX driver (Fig. 4.19). The switch in PA reduces the gain by 4−8

dB at 30−42 GHz range, improving worstcase HRR by the same amount for 10−14 GHz signal

coming from the ×4 multiplier chain (2.5−3.5 GHz from the input). The switch operation at PA

can lead to HRR > 40 dBc up to for > 22 GHz output, but is mainly operated in 10−14 GHz

range since the limiting factor of HRR at >15 GHz output is not 3rd harmonic of TX driver (12 fo

from the input), but other harmonics generated by multiplier chain (2 fo, 6 fo, 8 fo, etc). The OP1dB

of the 1:4 TX driver is -0.5 to 5.3 dBm when the switch is on and OP1dB drop is mainly coming

from reduced gain at > 25 GHz to improve HRR, but it can be recovered to 3.5 to 5.5 dBm by

switching off VC. The gain control range of 1:4 TX driver is ∼ 12 dB, coming from the variable

resistive network. The required input dynamic range of 1:4 TX driver for +3 dBm Pout is -9.5 to
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Figure 4.19: Simulated S21, OP1dB, and HRR of 1:4 TX driver.

-2 dBm, which is enough to generate from the x4 multiplier chain.

4.4.9 System simulation

Fig. 4.20 presents the output power and HRR of several critical harmonics (2 fo, 5 fo, 6 fo,

8 fo and 12 fo) at the output of each blocks with the input of 2.5 GHz and the output of 10 GHz at

+1 dBm input power.

The gain setting voltage, VCtrl= 0.37 V from variable resistor network, is applied in order

to set the output power of +3 dBm. The switches in two bandpass filters are turned on for better

harmonic rejection of 5 fo, 6 fo, and the switch in PA is also turned on to reject 12 fo further by

4−5 dB. The worstcase HRR is ∼31 dBc and it is from 12 fo (3rd harmonic PA). Fig. 4.21 shows

the simulated output power and HRR with different harmonic contents at 10−40 GHz. Note that
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Figure 4.21: Simulated Pout and HRR at 10−40 GHz.

higher order harmonics (12 fo, 8 fo, 6 fo, etc) become out-of-band when the output frequency is

increased (i.e, fo= 10 GHz, 6 fo= 60 GHz, 8 fo= 80 GHz, 12 fo= 120 GHz), and is not taken into

account for worstcase HRR calculation. The simulated output power and HRR at channel 1−4

has <0.2 dB, <0.5 dB difference, respectively, providing identical performance at each output

channels.
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Figure 4.23: Cross-section of the printed circuit board with the SiGe flip-chip (RO4350B+FR-4).

4.5 Packaging

The chip was fabricated in the GF8HP 0.12-µm SiGe BiCMOS process. The multiplier

chain consumes 60−84 mW with an input power of +1 dBm, and 1:4 TX driver consumes 236 mW

from a 2 V supply (39 mW for each PA, 40 mW for 1:2 active splitter), resulting in overall power

consumption of 296−320 mW. For one-channel operation, only 139−163 mW is needed, but

from current design, there is no control to turn each active splitter and PA on and off individually.

Fig. 4.22 shows the chip microphotograph of 4-channel frequency quadrupler, with the size of

8.03 mm2 (3.65×2.2 mm2). The chip is flipped directly on PCB to minimize inductance from

the connection. 82-µm diameter, 70-µm height lead-free C4 bumps (Sn 0.5%AgCu) are placed on

top of the pad layers, with expected inductance of ∼50 pH (Fig. 4.23).
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Figure 4.24: A connecterized 10−40 GHz quadrupler with flip-chip packaging.

Due to large number of pins required to control the chip and minimum pitch size of 250

µm for physical requirement of PCB fabrication, four VCC pins are implemented internally to

locate them closer to the most power consuming building blocks (i.e., PAs). The ground bumps

are well distributed throughout the chip for proper heat removal, minimal ground inductance and

mechanical stability. This flip-chip is placed on the a low-cost 6.6 mil Rogers 4350B laminate

(εr = 3.66, tanδ = 0.004 at 10 GHz) to deliver high frequency signals, on top of which a 32

mil FR-4 is used under it as a DC routing as well as mechanical support. Fig. 4.23 describes

top-view of 10−40 GHz quadrupler chip on the PCB. For measurement purpose, only channel 2

output is routed out in differential, and two single-ended outputs are taken out in a single-ended

manner with 0201 50 Ω termination on PCB. A differential 100 Ω ground coplanar waveguide

(GCPW) line (W/S=11/5 mil) and single-ended 50 Ω GCPW line (W/S=14/5 mil) are used

as a transmission line, and its loss and reflection coefficient are carefully designed by ADS

momentum [71]. Fig. 4.25a shows two different paths from the flip-chip to the outputs. Path 1

(A) is connected to shorter line (0.75 inch), and is routed to the output (Ch. 2+). Path 2 (B) is

connected to longer line (1.3 inch), and it is routed out to the output (Ch. 1). The RF routing of

Ch.2- and Ch.4 are identical and vertically symmetrical. Fig. 4.25b shows the simulated reflection
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Figure 4.25: (a) RF output EM model for two different paths and (b) simulated S-parameters of both paths

coefficient and loss of two RF paths. Both lines have S11 of <-15 dB at 10−40 GHz, with the

loss of 0.5−1.5 dB for Path 1 and 0.8−2.2 dB for Path 2.

4.6 Measurements

4.6.1 ×4 Multiplier Chain

The measurement of the multiplier chain itself is reported in [72]. The output power

and harmonic contents with switch operation of bandpass filter, band selection is presented with

worstcase HRR of > 30 dBc at 11−40 GHz (> 25 dBc at 10−11 GHz) and output power of -8 to

+1 dBm.
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Figure 4.26: Measurement setup of 10−40 GHz frequency quadrupler.

It is also implemented as an LO path to drive down-conversion mixer for wideband

imaging system [73].

4.6.2 ×4 Multiplier Chain with 1-to-4 Channel Driver

The 10−40 GHz quadrupler flip-chip on the PCB shown in Fig. 4.23 is measured using a

Keysight N5247A PNA-X (Fig. 4.26). Due to the capability of using it as a signal source and

a spectrum analyzer, both input and output are connected to N5247A. A 2.5−10 GHz single-

ended signal is applied through the southwest connector attached to the PCB, and 10−40 GHz

differential output signals are directly connected to PNA-X. The power calibration is performed by

using power sensor and electronic calibration kit (E-Cal). The reference plane of the measurement

is the input and output of the flip-chip, and the loss of external cables, connectors, and transmission

line on the PCB are de-embedded.

The measurements are done with following steps : 1) Gain setting (VCtrl) vs Pout and HRR

at low-band, 2) Pout and HRR with the effect of switch (SW) in bandpass filters, 3) Pout and HRR

1-bit switch in PA (VC), and 4) overall performance with proper control parameters of each bands

at 10−40 GHz.
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Figure 4.27: Measured Pout and HRR with different gain settings when filter SW is ON at low-band
(10−13 GHz).
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Figure 4.28: Measured Pout and HRR with different gain settings when filter SW is OFF at low-band
(13−16 GHz).

Gain setting vs Pout and HRR

Fig. 4.27 and Fig. 4.28 present the measured Pout and HRR with different gain settings

(VCtrl) at low-band operation (10−16 GHz). Other design parameters, such as Pin (1 dBm), switch

in PA (VC), switch in bandpass filter (SW) are fixed to investigate the effect of gain settings only.

The maximum Pout of 6−7 dBm and 7−8.5 dBm is measured at 10−13 GHz and 13−16 GHz,

however, the corresponding HRR is 19−22 dBc, 19−30 dBc, respectively. When VCtrl=0.5 V,

Pout of 3−4 dBm with HRR of 30−39 dBc is measured at 10−16 GHz.
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Figure 4.29: Measured Pout and HRR with filter SW ON/OFF operation.

Pout and HRR with the effect of switch in bandpass filter

Fig. 4.29 shows measured Pout and HRR with the switch operation in bandpass filter.

When the switches are turned on, the passband of two bandpass filters are reduced, improving

HRR at low-edge of the band (10−12 GHz). However, when the switches are off, the passband

of two bandpass filter remains unchanged to pass the signal up to 16 GHz. The HRR of 2 fo, 3 fo,

5 fo, 6 fo can be improved by switch operation especially at low-edge (10−12 GHz), however, the

overall worstcase HRR is limited by the 3rd harmonic of 1:4 TX driver (12 fo). Note that only in-

band 12 fo is taken into account for worstcase HRR, therefore any 12 fo >40 GHz is not included

in HRR calculation. The output power of ∼3 dBm can be obtained from the measurement with

different gain state for either switch operation with worstcase HRR of 30−40 dBc at 10−16 GHz.

89



Vc ON

Vc OFF

SW ON

SW OFF

10 11 12 13 14 15 16

-5

0

5

 

P
o

u
t 

(d
B

m
)

Output Frequency (GHz)

 

(a)

10 11 12 13
20

24

28

32

36

40

10 11 12 13

 

H
R

R
1
2
 (

d
B

c
)

Output Frequency (GHz)

  

Output Frequency (GHz)

 

Vc ON

Vc OFF Vc OFF

Vc ON

SW ON SW OFF

(b)

Figure 4.30: (a) Pout and HRR vs Freq with VC ON/OFF, and (b) HRR12 vs Freq with VC ON/OFF when
SW is ON (left) and OFF (right).

Pout and HRR with the effect of switch in PA

Fig. 4.30a-b show the measured Pout and HRR with the 1-bit switch in PA. Since 12 fo

content is only considered as an in-band harmonic up to 13 GHz output (4 fo), 10−13 GHz region

is main interest of rejecting 12 fo with 1-bit switch operation. Fig. 4.30a shows the output power

with VC ON and OFF of the PA with switch operation (SW) in the bandpass filter, and output

power difference of ∼1 dB is measured between VC ON (dashed line) and VC OFF (solid line)

state, as expected from Fig. 4.19. Fig. 4.30b describes measured HRR12 at 10−13 GHz output

when the bandpass switch (SW) is ON (left) and OFF (right).

The measured HRR12 when VC is ON at 10−13 GHz is 30−36 dBc (left), 31−38 dBc
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Figure 4.35: Measured Pout vs Pin for 4 fo= 20 GHz output.

(right), respectively, which has 5−8 dB improvement compared to HRR12 with VC OFF state, as

expected in simulation.

Overall Measurements

Based on the measurements in previous sub-sections, Pout and worstcase HRR with

optimum gain setting and switch operations is measured, and summarized in Fig. 4.31−4.33. In

overall, the output power of +3 dBm with worstcase of >30 dBc is measured for each bands. For

overlapping frequency, such as 16 GHz (low- and mid-band) or 26 GHz (mid- and high-band),

the point which has better performance is chosen.

Fig. 4.34 presents the measured output spectrum of 10 GHz (low-band). The measured
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output power is >3 dBm, with harmonic contents all below <-30 dBc. The 5 fo, 6 fo contents are

well suppressed by switchable bandpass filter and 12 fo is further rejected by switch operation in

PA (VC). The worstcase HRR is 31 dBc at 10 GHz output with the input power of 1 dBm.

Fig. 4.35 shows the measured Pout vs Pin for each harmonics for output frequency of

20 GHz. The output power of >3 dBm with 33 dBc worstcase HRR is measured. The largest

harmonic in this case is 2 fo, and adjacent harmonics (3 fo, 5 fo, and 6 fo) are sufficiently suppressed

by bandpass filter.

Fig. 4.36 presents overall 10−40 GHz measurement for +3 dBm output (left) and -3 dBm

output power (right). The worstcase HRR is maintained >30 dBc for both cases, implying that

the signal purity of the output signal remains unchanged with the output power level from -3 to

+3 dBm. The input return loss including bump inductance and T-line on PCB is <-10 dB for

all three band operations. Table 5.1 summarizes recently reported several frequency multipliers

operated up to V-band.

4.6.3 Phase Noise Measurement

The phase noise measurement is performed with signal generator and spectrum analyzer.

At first, the phase noise of the signal generator is measured by directly connecting it to the

spectrum analyzer, and its phase noise at 10 and 40 GHz input are shown in Fig. 4.37a. If no

additional noise is added from the device, the theoretical phase noise difference would be ∼12 dB

(20·logN), where N=4 is the multiplication factor. Fig. 4.37b shows the phase noise difference

compared to phase noise at 10 GHz, and the measured PN difference agrees well with with the

theoretical value (12 dB) up to 100 MHz offset frequency (blue line). Then, a 10-GHz input signal

passes through the quadrupler chip and the measured phase noise and phase noise difference at

40 GHz are shown in Fig. 4.37 (red line).The phase noise difference agrees very well with the

theoretical value up to ∼ 500 KHz offset, and starts deviating above >1 MHz offset. This is due

to additional phase noise being added from the quadrupler chip. The summarized phase noise at
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Table 4.4: Measured phase noise at 10−40 GHz

Phase Noise (dBc/Hz)
Freq (GHz) 100 Hz 10 KHz 1 MHz 100 MHz

10 -84.7 -99 -132.4 -137.6
20 -80 -102 -130 -135
30 -77.6 -105 -128 -133.6
40 -74 -111 -123 -126

10−40 GHz output is shown in Table 4.4.

Fig. 4.38 presents the graphical comparison with state-of-the-art on-wafer VCO+PLL

works to the commercial VCO+PLL with 10−40 GHz multiplier and external signal generator

with 10−40 GHz multiplier [52, 56, 57, 78–85]. Based on the measured phase noise of -123

dBc/Hz at 40 GHz (red dashed line) using external signal generator, and with the remarkable

improvement of commercial QFN based integrated VCO+PLL chipset, the phase noise of ∼-117

dBc/Hz is achieved at 40 GHz (blue dashed line), which is ∼10 dB better phase noise perfor-

mance than state-of-the-art on-wafer VCO+PLL [86]. This implies that well-done integration

of commercial chipset together with 10−40 GHz multiplier on PCB can replace an external

high-volume, high-cost frequency source with a very high spectral purity. The integrated RMS

jitter, is defined as

RMS Jitter =

√
2 ·10A/10

2π fo
(4.9)

where A is the sum of integrated phase noise power in dBc (See Fig. 4.37a) over given

bandwidth and fo is the LO frequency. The RMS jitter is from 51−81 fs with 200 Hz to 500 MHz

integration. Table 4.5 summraizes RMS jitter with different integration bandwidth.
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Figure 4.38: Phase noise performance comparison with on-wafer state-of-the-art VCO+PLL, 10−40
GHz quadrupler with commercial VCO+PLL chipset, and 10−40 GHz quadrupler with external signal
generator.

Table 4.5: Calculated RMS jitter based on measured phase noise

RMS
Jitter (fs) 20Hz-100MHz 200Hz-500MHz 20Hz-1GHz

10 GHz 64.3 87.9 109.7
20 GHz 43.7 59.4 74.5
30 GHz 40.1 50.9 61.9
40 GHz 57.4 80.9 103

4.7 Conclusion

This work presented a 4-channel 10−40 GHz frequency quadrupler chip with >30 dBc

worstcase HRR and +3 dBm output power with flip-chip packaging. With the help of switch

operation in the bandpass filters and PA, largest potential harmonic contents are greatly reduced,

maintaining worst HRR >30 dBc over the entire bandwidth. Similar HRR performance is

measured with -3 dBm, implying that the output power can be adjusted while maintaining HRR.

The chip is flipped and placed on low-cost PCB with connecterized input and outputs. The

frequency quadrupler design of having such a wideband (>100 % BW), high-purity, enough

output power can be integrated with a high-performance signal source, and is consequently
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combined with various system-level applications, such as high-resolution imaging radar, high-

data rate communication link, and phased-arrays for 5G mobile system.
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Chapter 5

A Milliwatt-Level 70−110 GHz Frequency

Quadrupler with 30 dBc Harmonic

Rejection

5.1 Introduction

Millimiter-wave wave applications at 60 GHz and above has been actively investigated

in the past few years and significant progress has been accomplished as demands of high data

rate wireless communication, high-resolution radar and imaging system are steadily increased

[28, 39, 40, 66, 87–90]. Furthermore, recent transition of 4G to 5G mobile communication not

only moves attentions to 28- or 39-GHz range, but also attract next generation of 5G, potential

frequency range of 71−76 or 81−86 GHz region [91]. Together with previous studies of

automotive radar at 77 GHz [39, 40] and imaging system [92], W-band region can be expected as

an excellent solution to fulfill various applications as the technology of silicon germanium (SiGe)

and CMOS silicon-on-insulator (SOI) transistor enables to have fT and fMAX of 300−400 GHz.

(2−3 times higher than W-band region).

100



The system performance of these systems at W-band is dependent on many different

factors, but one of the most important building blocks to determine state-of-the-art is local

oscillator (LO). There are several important figure of merits in local oscillator: tuning range

(bandwidth), capability of frequency locking, output power, and phase noise. One approach is to

design LO is to integrate voltage-controlled oscillator (VCO) on-chip by using conventional LC

tank. However, design of VCO at W-band is challenging due to comparable tuning capacitors as

transistor capacitance (Cgs, Cgd , etc), which decreases the tuning range (< 10%) also degrades

phase noise [55]. Furthermore, free-running VCOs are required to use with closed phase-locked

loop (PLL), and it is very challenging due to the design limitation of frequency divider at these

frequencies [53, 54] and huge power and area consumption [93]. As an alternative, injection

locking with frequency multiplier can be chosen [94], having advantage of better power and area

efficiency and better phase noise. However, the output bandwidth is still limited (∼10 %), and the

output power is dramatically dropped when locked frequency is deviated from the free-running

oscillation frequency of the injected-locked multiplier.

Due to present design limitations, this work presents the use of ×4 frequency multiplica-

tion by cascading two frequency doublers together with inter-stage bandpass filter to suppress

undesired harmonic generated by each doublers, shown in Fig. 5.1. The advantages of using

frequency multiplier is to use of input signal at lower frequency (17.5−27.5 GHz) where high

power signal generation is easier and has less distribution loss as well as better phase noise and

relaxed requirement of implementing frequency synthesizer. Two amplification stages are also

included in order to compensate the loss of passive components and deliver enough power to

the second doubler and the output (>0 dBm). The frequency bandwidth of all building blocks

is designed to have 70−110 GHz (44 % BW) with two-channel output power of -1.5 to +2.9

dBm with harmonic rejection ratio (HRR) >29 dBc to drive two mixers for any W-band appli-

cations. For improved isolation between channels, separate VCC and GND planes are used for

LO generation region and final amplification stage which is generally included in the receiver
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Figure 5.1: Block diagram of 2-channel 70−110 GHz frequency quadrupler.

design. This project consists of following sections. In section 5.2, brief information of technology

used for this design is introduced. Section 5.3 describes circuit designs of frequency doublers,

wideband bandpass filter and amplifiers. Section 5.4 shows the experimental results and Section

5.5 concludes this work and compares it with state-of-the-art frequency multipliers at different

frequency ranges [62, 72, 75, 95–105].

5.2 Technology

The 70−110 GHz frequency quadupler is designed using GF8HP 0.12-µm SiGe BiCMOS

process with seven metal layers including two thick metal layers, AM(= 4 µm) and LY (=1.25

µm), for low loss RF routing (Fig. 5.2). The fT and fMAX of the HBT transistor is 200 GHz.

The 100-Ω differential coplanar waveguide (CPW) transmission line (9−6−10−6−9 µm) is

implemented with AM and MQ ground plane, and a simulated loss of 1.05 dB/mm at 80 GHz.

The simulated Q of the transmission line is 12 at 80 GHz. [39, 88]
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5.3 Circuits Designs

5.3.1 Doublers

The schematic of 35−55 GHz frequency doubler is shown Fig. 5.3a. A 17.5−27.5 GHz

single-ended signal is converted into differential using a wideband 50 Ω single-ended to 100 Ω

differential balun. A symmetric layout is required to minimize amplitude and phase imbalance

for lower odd harmonic generation causing multiple undesired spurs at the output. The distance

to the ground plane is 15-µm on each side with the width and spacing of 4-µm, 6-µm, respectively,

and double-turned structure is used to minimize the area consumption. The simulated loss of

the balun is 1.5 dB, and the amplitude and phase imbalance is < 0.5 dB, < 2° at 22.5 GHz.

Additional series capacitance and inductances are used together with input balun for wideband

input matching and the middle point of the secondary inductor is tapped to the ground for common

mode rejection. Differential pair of bipolar transistors with connected collectors provide wideband

ac short for fundamental and odd harmonics as well as in-phase 2nd harmonic and other even

harmonics [65]. For differential pair, 12-µm transistor is used for large current handling for higher

input power. For cascode transistor, larger transistor is used (18-µm) is used in order to keep

current density of 1∼1.5 mA/µm for optimum fT . All transistors are modeled using Sonnet

EM Suite including the parasitics of interconnections up to AM layer [68]. The collectors of

differential pairs are tied and connected to another common-base stage to increase output power

as well as gain-bandwidth, and single-ended output is converted using output balun (not shown).
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Figure 5.3: (a) 35−55 GHz frequency doubler schematic, (b) output power contour vs Input power and
static VBE at 45 GHz output.

In addition to the transistors and passive circuits, all interconnections between at the input and

output and between transistors are also EM-modeled.

The desired 2 fo contents are determined by driving input power and base voltage, and

output power contour with different input power and biasing condition is shown in Fig. 5.3b. By
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Figure 5.4: (a) VBE and Pout vs RBias (b) Pout vs Pin with different RBias.

applying static VBE ∼ 0.8 V, output power of 1 dBm or higher is achieved with less than <-2 dBm

input power. Also, output power of > 5 dBm is simulated with same bias condition with 3 dBm

input power. Static VBE of 0.8 V is above threshold voltage of the bipolar transistor (∼ 0.7 V),

but is decreased when input power is increased and the transistor is operated in class-B or class-C

mode (VBE = 0.7 or lower) at high input power for larger 2 fo. The doubler bias current at 0 dBm

input power is 18.5 mA [65].

Furthermore, the resistance value of RBias is critical to the 2 fo output power and its effect

is presented in Fig. 5.4. For high 2 fo generation at the output, VBE of 0.7 or lower is required
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Figure 5.5: (a) Measured S-parameters, and (b) Pout and conversion gain of the 1st-stage doubler.

when the input signal is large, however, lower RBias value, such as 500 Ω or 1 KΩ, prevents VBE

from dropping enough for class B or C operation, resulting in lower output power (Fig. 5.4a). By

increasing RBias ∼ 5 KΩ, VBE is 0.55 V when input power of 4 dBm and saturated output power
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of 5.3 dBm. Fig. 5.4b presents output power versus input power with different RBias. As RBias is

decreased, output power is also dropped when input power is > 0 dBm. At some point, the effect

of increasing RBias does not affect saturated output power, and 5 KΩ is chosen for bias resistance.

Fig. 5.5a shows simulated and measured S-parameters of 35−55 GHz frequency doubler.

The measured S11 is < -8 dB at 17−32 GHz, and S22 is < -10 at 38−52 GHz, having great

agreement with the simulation. The large signal measurement is also done using spectrum

analyzer at 35, 45, and 55 GHz and the measured output power and conversion gain are shown

in Fig. 5.5b. The measured peak output power is 3−4.2 dBm at 35−55 GHz, with the peak

conversion gain of 1.6−5.2 dB.

Another frequency doubler is implemented in a similar way to multiply 35−55 GHz by

two and generate the output frequency of 70−110 GHz, and its schematic is presented in Fig.

5.6. Differential 35−55 GHz signal is applied and 1:1 transformer is implemented for wideband

input matching. Similar base bias analysis for 70−110 GHz is done with different input drive

power and it is also best for the largest output power with static VBE of 0.8 V. Increasing input

power decreases VBE below threshold voltage to maximize 4 fo at the output with appropriate bias

resistance value (5 KΩ). Similar effect is shown as the bias resistance below 1 KΩ for 70−110

GHz doubler, and output power of 2 dBm is obtained with ∼ 5 KΩ RBias. The bias current of
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Figure 5.7: (a) Measured S-parameters, and (b) Pout and conversion gain of the 2nd-stage doubler.

W-band doubler at 0 dBm input power is 14 mA.

Fig. 5.7a shows S-parameters of 70−110 GHz frequency doubler, and measured S11 is

< -10 dB at 33−60 GHz and S22 is < -7 dB at 75−86 GHz. The S-parameters of 70−110 GHz
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doubler is measured using PNA up to 67 GHz standalone and with VDI WR-10 extenders for

frequency extension for S22. The output power and conversion gain at 70, 90 and 110 GHz output

is shown Fig. 5.7b. Note that the test circuit of 70−110 GHz frequency doubler has single-ended

input with input balun instead of differential input with transformer (Fig. 5.7a, not shown for

brevity). The measured peak output power is -1.9−0.9 dBm at 70−110 GHz with the peak

conversion gain of -5.7∼-0.5 dB, which are 1−3 dB lower than simulated. However, lower peak

output power can be compensated by following stage W-band amplifier.

5.3.2 Bandpass Filters

The schematic of differential 3rd order 2-pole/1 zero bandpass filter is shown Fig. 5.8a.

Wideband operation inevitably creates undesired adjacent harmonics ( fo, 3 fo, etc) which is

located close to the passband or even in-band of the filter. Especially, unfiltered harmonics(i.e.,

3 fo when fo=18 GHz) will generate multiple harmonics by inter-mixing with strong 2 fo, creating

5 fo or self-mixing also generating 6 fo at the output. Therefore, sharp rejection is required to

suppress adjacent harmonics sufficiently especially at higher frequency. The number of stage

is carefully investigated to achieve wideband passband and sharp response with minimal area

consumption.

The filter response is investigated by using half-circuit analysis (Fig. 5.8b). The 3-

stage shunt LC pairs are first analyzed by using equivalent π-model shown Fig. 5.8b, where

Y1= jw2Cp+2/jwLp and Y2= jwCs2+2/jwLs, respectively [32]. Due to the symmetrical structure,

its Y-parameters can be simplified as

I1 = Y1V1 +Y2(V1−V2) = (Y1 +Y2)V1−Y2V2 (5.1)

I2 = Y2(V2−V1)+Y1V2 =−Y2V1 +(Y1 +Y2)V2 (5.2)
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Figure 5.8: (a) Schematic of 3-stage elliptic bandpass filter, (b) half-circuit and equivalent pi-model and
(c) sonnet layout.
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Yπ =

Y1 +Y2 −Y2

−Y2 Y1 +Y2

 (5.3)

The locations of the zero and pole can be found where Yπ,21=0 and Sπ,11=0, as shown

Y2 = 0 (5.4)

Y 2
O−Y 2

1 −2Y1Y2 = 0 (5.5)

where YO is the normalized characteristic admittance (1/50 Ω). According to the design

parameters shown in Fig. 5.8a, one zero can be easily calculated, which is the resonant frequency

of Y2, and two poles are also calculated by using the equations shown

jωzCs2 +
1

jωzLs
= 0 (5.6)

ω
4
p
C2

pL2
pLs(1+Cs2)

Ls +Lp
+ω

2
p

L2
pLs

Ls +Lp
(
Y 2

O
4
−

2Cp

Lp
−

Cp

Ls
−Cs2

Lp
)+1 = 0 (5.7)

where ωz and ωp refer to zero and pole of the bandpass filter. Note that the sharp rejection

at the stopband only happens the side where the transmission zero presents, which is desirable

to reject high-order harmonics. However, lower rejection at the lower frequency can also cause

larger fundamental harmonic after bandpass filter resulting in higher non-desirable harmonics

at the output (i.e, larger 2 fo at the output due to large fo being multiplied by 2). One approach

to solve it is to increase the number of the stage by simply adding additional shunt L and C in

series, to create another transmission zero at lower passband frequency. This approach provides

sharp rejection as the other side, however , is not chosen due to additional area consumption and
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higher insertion loss caused by adding another shunt lumped components. Instead, by adding

the series capacitors on each sides, better stopband response can be obtained since additional

capacitors enable two poles being split further each other and provide better rejection. The effect

of the adding series capacitors is presented in Fig. 5.9. Compared to the filter S21 without the

series capacitance Cs1, the filter S21 with Cs1 has ∼ 5 dB higher rejection at 17.5 GHz, which is

the low-edge of the input frequency as well as wider filter passband with the help of pole splitting.

Its series reactance value is also used for matching of the bandpass filter.

The transfer function of entire bandpass filter including series capacitance Cs1 can be also

derived by converting Y-parameters of capacitor and π-model filter into ABCD parameter and

use cascade multiplication, shown as

A B

C D


Total

=

1 1/Y3

0 1


Y3

A B

C D


Yπ

1 1/Y3

0 1


Y3

(5.8)

Fig. 5.8c shows the complete EM structure of the differential 3rd order 2-pole/1-zero

bandpass filter. The effect of all inductors, metal-insulator-metal (MIM) capacitors and inter-

connections are taken into account in a single EM file to model entire structure accurately. M1

ground metal is placed under the inductor to avoid design uncertainty at the expense of lower Q

of inductor [69].

The measured S-parameters of bandpass filter is shown in Fig. 5.10. Note that input and

output balun is implemented together with the bandpass filter in the test chip, and simulated filter

response with the baluns are also plotted. Without baluns, simulated insertion loss is 2.1−3.6 dB

with S11 of < -10 dB at 35−55 GHz (black solid line). Simulated S-parameters with baluns are

also plotted and its insertion loss is 4.5−7.7 dB at 35−55 GHz (red dashed line). The measured
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Figure 5.9: Simulated bandpass filter return loss and insertion loss with the effect of series capacitors Cs1.
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Figure 5.10: Simulated S-parameters of bandpass filter with and without balun and measured S-parameter
with balun.

insertion loss has only 0.2−1.5 dB difference, resulting in 4.7−7.3 dB at 35−55 GHz with S11 <

-10 dB at 35−55 GHz. (red solid line)

5.3.3 Amplifiers

The one-stage common-emitter (CE) 35−55 GHz amplifier is implemented right after

single-ended doubler output followed by single-ended to differential balun to compensate the

passive loss of the bandpass filter and balun (Fig. 5.11a). The simulated small signal differential

gain is 5−6.5 dB. In order to test the circuit performance, it is connected with input and output

balun and measured using single-ended configuration, and the single-ended small signal gain is

0−3.6 dB at 35−55 GHz with S11 < -7 dB and S22 < -10 dB at > 38 GHz, and its measurement
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Figure 5.11: (a) Schematic, (b) S-parameters, of 35−55 GHz amplifier.

result agrees well with the simulation (Fig. 5.11b). The measured OP1dB and Psat is -3.5 to 1.3

dBm, and -1 to 3.9 dBm at 35−55 GHz, respectively.

A wideband two-stage W-band amplifier is also implemented right before the output to

boost output power. (Fig. 5.12a). In order to achieve wideband gain response, double-tuned

transformer is used between two stages. A vertically coupled primary and secondary inductors

(Lp=100 pH, Ls=100 pH) are implemented with top two metals (AM, and LY) with magnetic

coupling factor of 0.5−0.6, providing broadband gain response with minimum ripples [106]. The

simulated S21 has very flat gain response of 10.4−12 dB with <1 dB gain ripple at 70−110 GHz.

For S-parameter measurement at W-band, two-port standard short-open-load-thru (SOLT) and
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Figure 5.12: (a) Schematic, (b) S-parameters, and (c) OP1dB and Psat of W-band amplifier. (Input and
output balun for W-band amplifier are used for test-circuit measurement, but are not shown for brevity)
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thru-reflection-line (TRL) calibration are both done to remove the effect of probes as well as the

input and output pads. The reference plane of the measurement is input and output of the chip.

W-band input and output baluns are connected for test circuit measurement purpose (not shown

for brevity). The measured small-signal gain of the W-band amplifier shows a flat gain response

at 70−110 GHz with a 8−10.9 dB with ∼ 1 dB gain ripple. Measured S11 and S22 agree well

with the simulation with the level of < -7 dB (Fig. 5.12b). Measured OP1dB and Psat are also

presented in Fig. 5.12c with OP1dB of 2−4.8 dBm, and Psat 2.8−6.3 dBm, respectively.

5.3.4 Wilkinson Divider and Bias Circuit Design

The differential Wilkinson power divider is implemented after W-band frequency doubler

to split output power into two W-band amplifiers Fig. 5.13a). The simulated loss of Wilkinson

divider is 1.3 dB at 90 GHz with good input and output matching as well as isolation (Fig. 5.13b).

The chip is biased either using external voltage source or internal proportional to absolute

temperature (PTAT) circuits in order to maintain constant gain and output power versus tem-

perature up to 80oC. The transistors are biased at 0.8−0.85 mA/µm and the PTAT increases the

current density to 1.1−1.2 mA/µm at 80oC. Fig. 5.14 presents the simulated output power versus

temperature at the output of the quadrupler chip at 90 GHz with and without using PTAT bias.

5.4 Measurements

The chip microphotograph of the 70−110 GHz frequency quadrupler is shown in Fig.

5.15. The static DC current is 97 mA for a 2 V supply, but it is increased to 125 mA if the input

power increases to 5 dBm. Note that this quadrupler can generate 2-channel output at the same

time and 85 mA is consumed for a single-channel operation. The overall chip size is 1.9 mm2

(1.58×1.2 mm2). The chip is not designed to be fitted into a rectangle, and one of the test circuits

(35-55 GHz doubler) is implemented inside the quadrupler chip. Due to the uneven distribution
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Figure 5.13: (a) Layout and (b) S-parameters of differential Wilkinson divider.

of the DC pads around the chip, the chip is placed on the printed circuit board (PCB) and all

bias voltages and digital controls are applied through bond-wires. One input and two-outputs are

single-ended and coaxial probe and WR-10 probe are used to for input and output.

Fig. 5.16 shows the power measurement setup for 70−110 GHz quadrupler circuit. The

input signal of 17.5−27.5 GHz is generated using a Agilent 8257D signal generator and input

power is monitored by using power sensor and 10 dB coupler. The output signal of 70−110
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Figure 5.17: Measured Pout and conversion gain of the quadrupler at (a) 70 GHz, (b) 90 GHz, and (c) 110
GHz.

119



GHz is connected to the PM4 Erickson power meter (PM4, Virginia Diode, Inc.) using WR-10

probe to measure the output power. The loss of the input and output probes as well as cable and

waveguide losses are de-embedded, and the reference plane of the power measurement is GSG

probe tips, and the simulation takes into account of the loss of pads.

Fig. 5.17a-c shows Pout and conversion gain vs Pin at low-, mid- and high-frequency of

the desired bandwidth. (70, 90, and 110 GHz). The measured peak output power of -0.4 dBm, 2.9

dBm and -1.5 dBm is achieved at 70, 90, and 110 GHz, respectively with very good agreement

with the simulation. The measured peak conversion gain is also presented and is 2.4, 10.2, and 3.4

dB, respectively. Fig. 5.18 presents measured DC current versus input power at 90 GHz and the

main contributor of increasing DC current with increased input power is two frequency doublers.

The simulated and measured peak output power vs frequency over 70−110 GHz is

presented in Fig. 5.19a. The measured peak output power is -1.3 to 2.9 dBm at 70−110 GHz

with <1 dB difference from the simulation. The output power versus frequency with different

input power is also presented in Fig. 5.19b. Higher than 0 dBm output output power is measured

with the input power of -5 dBm at 80−105 GHz and lower output power at <80 GHz and >105

GHz can be compensated by increasing input power. Fig. 5.19c shows conversion gain versus

frequency with different input power. The peak conversion gain of 10 dB, 7.5 dB, and 2.8 dB

with 3-dB bandwidth of 25 GHz or higher are measured.
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Figure 5.18: DC current vs Pin at 90 GHz output.
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In addition to output power measurement (4th), 3rd and 5th harmonics are also measured

with the measurement setup shown in Fig. 5.20. Due to limited frequency range of using spectrum

analyzer, balanced mixer (WR-10 or 7-65 GHz mixer) is used to down-convert the output signal,

and LO signal is generated using VDI-AMC 332, 334-335 multiplier chains depending on the

harmonic frequency to be measured. Due to wide output bandwidth, 3 fo varies from 52.5−82.5

GHz, and therefore, two separate measurement setups are required. Either setups are used based

on whether 3 fo is above (Fig. 5.20a) or below 70 GHz (Fig. 5.20b). In addition, 5th harmonic is

also measured using the setup shown in Fig. 5.20a, however, due to wide output bandwidth, 5 fo

varies from 87.5−137.5 GHz, and is only measured when 5 fo < 110 GHz. The measured 3rd, 4th

(desired output), and 5th harmonics when 4 fo = 75 GHz and 85 GHz are shown in Fig. 5.21a-b.

The measured peak 3rd harmonic (56.25 GHz) and 5th harmonic (93.75 GHz) are -31 dBm

and -60 dBm, respectively, agreeing with simulation very well and resulting in worst harmonic

rejection of -33 dBc (Fig. 5.21a). In the same manner, 3rd and 5th harmonics are measured when

4 fo = 85 GHz, having worst HRR of -40 dBc (Fig. 5.21b).

The overall 3rd and 5th harmonic level together with desired 4th harmonic is shown in

Fig. 5.22 The 3rd and 5th harmonics are present below -26 dBm, resulting in > 29 dBc worstcase

HRR at 70−110 GHz together with -1.3 dBm to +2.9 dBm output power. Table ?? summarizes

state-of-the-art frequency multiplier works with different frequency bands.

5.5 Conclusion

This work presented a 2-channel 70−110 GHz wideband frequency quadrupler in GF8HP

0.12 µm SiGe BiCMOS process. The x4 frequency multiplication is achieved based on cascaded

frequency doubler and inter-stage bandpass filter is implemented to reject adjacent undesired

harmonics. Two inter-stage amplifiers are also implemented to drive enough power to the second

frequency doubler and boost output power. The measured peak output power is -1.5 to 2.9 dBm

121



7 0 7 5 8 0 8 5 9 0 9 5 1 0 0 1 0 5 1 1 0- 4

- 2

0

2

4

6

Pe
ak

 PO
UT

 (d
Bm

)

F r e q u e n c y  ( G H z )
(a)

7 0 7 5 8 0 8 5 9 0 9 5 1 0 0 1 0 5 1 1 0- 1 2
- 1 0

- 8
- 6
- 4
- 2
0
2
4

 P i n = 0 d B m
 P i n = - 5 d B m
 P i n = - 1 0 d B m

PO
UT

 (d
Bm

)

F r e q u e n c y  ( G H z )
(b)

7 0 7 5 8 0 8 5 9 0 9 5 1 0 0 1 0 5 1 1 0- 4

0

4

8

1 2

 P i n = 0 d B m
 P i n = - 5 d B m
 P i n = - 1 0 d B m

Co
nv

.G
ain

 (d
B)

F r e q u e n c y  ( G H z )
(c)

Figure 5.19: (a) Pout vs output frequency, (b) Pout vs output frequency with different Pin, and (c) conversion
gain vs output frequency with different Pin.
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Figure 5.20: (a) Measurement setup of 3rd and 5th harmonics and (b) 3rd harmonic when 3 fo < 70 GHz.

from 70−110 GHz, with the worstcase harmonic rejection ratio (HRR) of > 29 dBc. The chip is

1.9 mm2 and consumes 240 mW for 2-channel/ 170 mW for 1-channel operation with the input

power of 0 dBm. It can be utilized high frequency LO source for various applications such as

point-to-point communication, automotive radar (E-band), and high-resolution imaging system

(W-band).
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Figure 5.21: Measured 3 fo, 4 fo and 5 fo (a) when 4 fo = 75 GHz, (b) 4 fo = 85 GHz.
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Table 5.1: Comparison Table of State-of-the-art Frequency Multipliers

Ref. Tech.
BW

(GHz)
Topology

Pout
(dBm)

PDC
(mW)

HRR
(dBc)

Chip size
(mm2)

[95]
SiGe 90

nm
200−230 ×4+PA 8 2900 N/A 3.63

[96]
SiGe 55

nm
138−152 ×4+PA 0.5 630 N/A 1.95

[97]
SiGe

0.13-µm
121−137 ×4 -2.4 35 N/A 0.38

[99]
SiGe

0.13-µm
124−132 ×4 4.4 115 N/A 0.66

[100]
SiGe

0.13-µm
128−156 ×4 0−4 132 N/A 0.17

[101]
SiGe

0.13-µm
116−136 ×8 0−3 178 ∼ 17 0.38

[102]
SiGe

0.13-µm
93−113 ×4 0 124 N/A 0.39

[103]
CMOS
45 nm
SOI

88−104 ×2 10.2 241 N/A 0.27

[104]
CMOS
65 nm

88−99 ×9 8.5 438 >31 0.45

[105]
SiGe

0.13-µm
72−80 ×4 -4 79 N/A 0.42

[62]
SiGe

0.25-µm
52−75 ×4 -10 11.7 ∼ 10 0.42

[75]
SiGe

0.1-µm
45−57 ×4 7.4−8.2 150 >22 1.4

[72]
SiGe

0.12-µm
10−40 ×4 -8−1 60−84 >30 3.96

This
work

SiGe
0.12-µm 70−110 ×4 -1−3 170 > 30 1.9

of this material.
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Chapter 6

A 4-Channel 10–40 GHz Wideband

Receiver with Integrated Frequency

Quadrupler for High Resolution

Millimeter-Wave Imaging Systems

6.1 Introduction

Wideband local positioning systems and high-resolution radar imaging systems have been

an area of research for several years with applications in security imaging, medical diagnostics

and automotive radars. These systems require high image resolution to perform accurate object

detection [60, 61, 107], and a critical factor is the system bandwidth. For instance, in order

to achieve less than 5 mm range resolution, the system needs to operate over at least 30 GHz.

Previously, this was achieved using systems above 100 GHz [61, 107], where 30 GHz is a small

fractional bandwidth, but the work in [60, 61] showed that 10–40 GHz FMCW imaging systems

can penetrate thick clothing and shoes, and is a preferred frequency range for security imaging.
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Figure 6.1: (a) Millimeter-wave portal security system, (b) linear array with TRX modules, (c) TX and
RX chips with wideband antennas.

One important application is the airport security scanner. As shown in Fig. 6.1, multiple

10–40 GHz FMCW transceiver module boards are stacked in a linear fashion, and this covers the

complete body range. Each transceiver board consists of 8 TX elements and 10 RX elements, and

each SiGe chip can drive 4 elements. To reduce the cost of the direct-digital-synthesizer (DDS)

and LO routing complexity, frequency quadruplers are integrated on the TX and RX chips. As a

result, the required input LO chirp signals are reduced to 2.5–10 GHz.

This work presents the wideband 10–40 GHz 4-channel receiver with integrated LO

quadrupler and its flip-chip packaging. The system-level measurements and FMCW experiements

show that this work can be used in wideband, high-linearity, and high-resolution imaging systems.

6.2 Design

The wideband 4-channel receiver consists of two 0.3–42 GHz 2-channel receivers, a

10–40 GHz LO quadrupler, and an IF switch matrix (Fig. 6.2). The receiver core includes a low
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Figure 6.2: Block diagram of the 4-channel wideband receiver chip.

noise amplifier (LNA), a double-balanced mixer, and an IF variable gain amplifier (VGA). The

chips requires a single-ended 2.5–10 GHz LO input, which is quadruplied to 10–40 GHz with

high harmonic rejection ratio (HRR) [72]. Additionally, an external LO source (LO_EXT) is

resisitively coupled to the output of the LO quadrupler, which can be used to drive the 4-channel

receiver directly without frequency multiplication. The output LO signal from the quadrupler is

split into two channels and amplified to drive the mixers. The RF ports are differential since they

will be attached to wideband differential antennas such as a tapered slot or spiral antennas. The

4-channel IF outputs a switch matrix, which either pass the 4 IF output signals directly (IF_thru),

or multiplexes any 2 IF signals (IF_out) from the local 4 IFs and external IF inputs (IF_in).

6.2.1 Low Noise Amplifier

Fig. 6.3 presents the schematic of low noise amplifier (LNA). The differential LNA is

implemented using a single-stage cascode amplifier with resistive feedback. The common-emitter

(CE) pairs are realized using 10 µm npn HBT transistors, biased at 4.5 mA. The resulting current

128



1.8V

RF

2.1V / 9mA

400p

40f

800  

2.1V / 11mA

LO-
LO+

1p130  

IF
+ -R1

L1

C1

LO+

Figure 6.3: Schematic of the wideband LNA and double-balanced mixer.

density (0.45 mA /µm) presents a good trade-off between the optimum noise performance and

optimum gain response. For common-base (CB) devices, a smaller size is used (5 µm) to reduce

the parasitic capacitance at the output node. At the base of the CB pairs, no capacitance is

used due to self-resonance problems over such a wide frequency range. Instead, a large biasing

resistor is used to improve the common-mode rejection. To overcome the intrinsic cascode

amplifier gain roll-off behavior and result in a broadband LNA, both resistive feedback and LC

peaking techniques are used. The resistive feedback suppresses extra amplifier gain at lower

frequencies and improves the linearity, while the LC peaking compensates the gain roll-off at

the higher frequencies. A large feedback resistor value is chosen (800 Ω) to minimize noise

figure(NF) degradation. LC peaking is implemented at the LNA output using wideband 400 pH

single-turn inductors (L1) and 40 fF series capacitors (C1). The inductors are EM simulated

with a self-resonance frequency of 61 GHz, allowing operation to > 42 GHz. Also, 50 Ω load

resistors are inserted to de-Q the output matching network but still generate a voltage gain at

low frequencies (0.3-10 GHz). Input impedance matching is done using resistive feedback at

<20 GHz and using 30 pH degeneration inductors and 120 pH series inductors at >20 GHz. The
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simulated LNA available power gain is 11.5±1 dB from DC to 50 GHz with a NF of 2.5-4.5 dB,

and an IP1dB of -13 ±2 dBm.

6.2.2 Double-Balanced Mixer

The mixer employs a double-balanced structure to reduce LO and RF leakage to the IF

port (Fig. 6.3). To linearize the mixer, the gm-stage is degenerated using 20 Ω resistors. The

degeneration also enhances the mixer bandwidth due to its negative feedback. At the IF port, an

RC network is used to filter out unwanted high frequency components, such as LO leakage and

the upper sideband mixing components. The cutoff frequency of the RC filter is designed so that

the overall IF receiver bandwidth is around 1 GHz at the high-gain setting. Due to the significant

voltage drop over the load resistor, the voltage headroom of each npn device is carefully chosen

to avoid voltage limited distortion. Additionally, relatively larger transistor size (10 µm) is used

to lower the device knee voltage (minimum VCE required for active region). The mixer consumes

11 mA from a 2.1 V supply. The simulated mixer voltage conversion gain is 8±0.7 dB from DC

to 50 GHz, with a single-sideband NF of 6-12 dB, and an IP1dB of -8±1 dBm. The LNA and

mixer are co-optimized for wideband operation at the amplifier output using RLC network.

6.2.3 IF Amplifier

The first stage of the IF amplifier is a standard voltage feedback op-amp (Fig. 6.4a). By

changing the resistance value across the op-amp (A1) from 600 Ω to 6 kΩ, around 18 dB variable

gain is obtained. In this design, the variable resistors are implemented using PMOS devices

with an external control voltage for their VGS. Fig. 6.4b presents 1-stage op-amp (A1) and HBT

devices are used to increase the open-loop gain. To drive a 100 Ω differential load, a voltage

buffer is used after the op-amp. The voltage buffer employs a local negative feedback (formed by

Q1 and Q2) to increase the input impedance and reduce the output impedance. As a result, the
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Figure 6.4: Schematic of (a) IF amplifier, and (b) 1-stage op-amp (A1).

voltage swing at the op-amp output can be delivered to the 100 Ω up to 1 GHz with almost no

amplitude reduction. Moreover, the negative feedback in the voltage buffer significantly suppress

its nonlinear distortion, which improves the IF amplifier output IP3. To stabilize the amplifier

at high frequencies, a 3 pF capacitor is added within the feedback loop to reduce the loop gain

beyond 1 GHz. The IF amplifier consumes 16 mA, and has a simulated OP1dB and OIP3 of +3.3

dBm and +23 dBm, respectively.

6.2.4 1-to-2 LO Splitter and Driver

The schematic of the LO driver is shown in Fig. 6.5. The first stage is an active splitter,

which split the input LO signal into two channels in current mode. Compared to voltage splitting,

current splitting is less sensitive to the parasitic loading capacitance and is more wideband. To

handle a wide range of input LO power, large transistor size (13 µm) is chosen for the CE devices.

After splitting, a voltage buffer is used in each LO channel before driving the mixer. Each

buffer branch is biased at 6 mA to achieve a Psat of 0-3 dBm. The complete LO driver is designed

inductorless in order to avoid any undesired magnetic coupling from the LO driver to the LNA.
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Figure 6.5: Wideband 1:2 inductorless LO splitter and driver.

This is because the LO power is substantially larger than the incoming RF signal. As a result,

even a small amount of LO leakage through coupling may desensitize the receiver or radiate out

from the antenna. The complete 1:2 LO driver consumes 38 mA, with a simulated gain of 5-7 dB

from the input port to each channel output at DC to 45 GHz. Since the mixers require a minimum

-5 to -3 dBm LO power for optimum gain and noise performance, a minimum LO power of -10

dBm is needed at the LO port.

6.2.5 2-Channel Receiver Measurement

Each receiver channel excluding the LO splitter and LO driver consumes 36 mA from a

2.1 V power supply. The complete 2-channel receiver block is designed and fabricated, and it

consumes 232 mW (110 mA × 2.1 V). The receiver core shows a measured power conversion

gain of 21 dB and 39 dB at low- and high-gain settings, respectively. The measured 3-dB gain

bandwidth, regardless the gain settings, is > 40 GHz and covers the 0.3–42 GHz range. The

measured SSB NF of the receiver is 6.8–9.5 dB and 7.8–10.5 dB at high and low gain settings.
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6.2.6 10-40 GHz LO Quardupler

A high harmonic-rejection 10–40 GHz LO quadrupler has been developed in [72]. To

achieve >30 dB HRR over the entire bandwidth, the input signal is split into 3 different bands with

switchable elliptic filters: 2.5–4 GHz (low-band), 4–6.5 GHz (mid-band) and 6.5–10 GHz (high-

band). These bands generate an output at 10–16 GHz, 16–26 GHz and 26–40 GHz, respectively.

The output power is 1 to -8 dBm at 10–40 GHz.

6.3 Measurements

6.3.1 Flip-chip 4–Channel Wideband Receiver

The wideband receiver is designed in a 0.12 µm SiGe BiCMOS technology (Global-

Foundries GF8HP) [89] and the chip photograph (3.6 mm × 2.3 mm) is shown in Fig. 6.6a.

The chip was flipped on a 4-layer PCB with the stack-up shown in Fig. 6.6b for connectecrized

measurements. RF channel 3 is transitioned in a differential fashion using a 100 Ω grounded-

coplanar-waveguide (G-CPW) lines, while RF channels 1 and 2 are connecterized in single-ended

fashion with one port terminated with 50 Ω. The complete IC consumes 260 mA from a 2.1 V

including the LO multiplier and drivers.

The differential power conversion gain is measured using Keysight N5247A PNA-X. The

IF frequency is fixed at 100 MHz, and 0 dBm LO is used at 2.5–10 GHz. As shown in Fig. 6.7,

the complete receiver chip with packaging presents 19–36 dB variable gain and a 3-dB bandwidth

of 10–40 GHz. The SSB NF, IP1dB, and IIP3 are also measured with external baluns used at the

RF and IF ports. The measured SSB NF at the center frequency of 25 GHz is 9.3 (8.2 dB), and

the measured overall IP1dB and IIP3 at 25 GHz are -17.2 dBm (-33 dBm) and -6.5 (-14) dBm,

at low gain (high gain) settings, respectively. Table 6.1 summarize the key performance of the

chip. Note that at the high gain mode, the P1dB is limited by the IF amp output buffer, which has
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flip-chip test board.

a negative feedback loop to suppress the IM3 distortion. As a result, the IIP3 in the high gain

mode is 19 dB higher than the IP1dB. Table 6.1 summarizes the measured performance with the

packaging.

6.3.2 FMCW Range Resolution Experiment

To demonstrate the imaging detection capability, an FMCW experiment has been per-

formed using the wideband receiver. Fig. 6.8 and Fig. 6.9 present the measurement setup, where

an additional 10–40 GHz TX chip with flip-chip packaging is used to transmit the FMCW signal.

The TX chip consists of the same LO quadrupler that is used in the RX chip, and with a PA at the

output to deliver up to +3 dBm RF power at 10–40 GHz. Two identical horn antennas with 20 dBi
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Figure 6.7: Measured differential power conversion gain and SSB NF of the 4-channel flip-chip wideband
receiver.

gain are used. To fit with the antenna bandwidth, the chips are operated at 15–27 GHz, and this

allows 12 GHz FMCW bandwidth with a theoretical range resolution of 1.25 cm. The LO chirp

signals (3.75–6.75 GHz) are generated by the Keysight M8195A AWG with a ramping speed of

600 MHz/µs. To ensure the LO signals for TX and RX are synchronized, the differential output

of the AWG is split into 2 single-ended outputs, and fed into the TX and RX chips, respectively.

Two 0.5 cm diameter stainless steel spheres are used as targets for detection. The spheres are

located at about R = 0.65 m from the antenna, with a separation (4R) in between. The received

Table 6.1: Measured Chip Performance With Packaging

High gain mode Low gain mode
3dB RF BW (GHz) 10-40
3dB IF BW (GHz) 1.1 1.8

Gain (dB) 36 19
SSB NF (dB) 8.2 9.3

IP1dB / OP1dB (dBm) -33 / 2 -17.2 / 0.8
IIP3 / OIP3 (dBm) -14 / 22 -6.5 / 12.5

Power Consumption (mW) 546
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IF signal is 20–50 MHz and is sampled by the real-time sampling scope and then imported to

Matlab for FFT and signal processing.

Experiments have been done with different4R values. Fig. 6.10a presents the normalized

IF spectrum (after FFT) for 2 spheres with4R = 4.2 cm. Note that the x-axis has been converted

to range and expressed in distance. To verify that the observed two peaks in the spectrum represent

the actual two spheres, two experiments are done with and without the 2nd sphere. As expected,

the two spectrums overlap for the first peak (sphere 1) but only the spectrum with 2 spheres shows

the second peaking. To explore the smallest detectable distance, the two spheres are positioned

with4R = 1.3 cm. The measurement shows two clear peaks with a 15 dB drop in between at R =
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Figure 6.10: Measured normalized and processed IF spectrum for two metal sphere targets with a
separation of (a) 4.2 cm and (b) 1.3 cm.

64.4 and 65.7 cm, respectively (Fig. 6.10b). This is close to the theoretical range resolution limit

of a 12 GHz bandwidth, i.e. 1.25 cm. If the full 10–40 GHz bandwidth is utilized, the imaging

system shown in Fig. 1 will be able to perform imaging detection with 0.5 cm range resolution.

6.4 Conclusion

This paper presented a 4-channel 10–40 GHz wideband receiver with integrated LO

quadrupler and flip-chip package. The chip is optimized for low-noise and high-linearity, and the

system-level measurements shows that this FMCW system can be used in wideband and high

resolution imaging systems.
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Chapter 7

A low EVM SiGe BiCMOS 40–100 GHz

Direct Conversion IQ Modulator for

Multi-Gbps Communications Systems

7.1 Introduction

With the increasing demand of high data rate communications, wideband mm-wave

transceivers have been a high-demand research area. Compared to FCC bands below 40 GHz, Q-,

V-, E-, and W-bands provide larger available bandwidths and are capable of delivering multi-Gbps

data rate. One of the remaining challenges is to build direct-conversion IQ modulators that cover

multiple mm-wave bands and present low quadrature error and low EVM. Currently, this is done

using GaAs or InP MMICs in a ceramic multi-chip module which leads to a large area on the

board and in high cost. To reduce the cost, mm-wave silicon-based IQ modulators have been

studied in the recent years [108–110]. However, published work covers only 1-2 of these bands

and exhibits a large EVM, e.g. >5%, for multi-Gbps data rate.

In this work, a wideband 40–100 GHz direct conversion IQ modulator with flip-chip
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Figure 7.1: Block diagram of the 40–100 GHz direct-conversion IQ modulator.

packaging is presented in 0.12 µm SiGe BiCMOS technology. With the on-chip wideband IQ

correction capability, the modulator maintains a single-sideband (SSB) >42 dBc and a LO leakage

rejection >35 dBc over the entire bandwidth. A 64-QAM modulated signal with a data rate of 12

Gb/s and 2.4% error vector magnitude (EVM) is successfully demonstrated at 72 GHz.

7.2 Design

Fig. 7.1. presents the wideband IQ modulator. The signal path consists of two high-

linearity double-balanced up-conversion mixers and an wideband RF amplifier. The output of

the I/Q upconverters are summed using a wideband Wilkinson combiner and then fed into a

differential RF amplifier. The base-band (BB) inputs are differential, dc-coupled, and with a

bandwidth covers up to 8 GHz BB. The LO leakage of the modulator can be calibrated using
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external digital-to-analog converters (DACs).

The 40-100 GHz LO I/Q generator consists of 3 parts: a frequency doubler, I/Q generation,

and the I/Q phase correction. To ease the LO source generation, a frequency doubler is used

(doubler path) to cover the 60−100 GHz band. Below 60 GHz, the fundamental LO (thru path) is

used to minimize the undesired harmonic distortion. The two LO paths are designed to have an

overlap of 10 GHz (60−70 GHz) to take into account any variation in process and temperature.

The wideband I/Q phase generation is implemented using a 2-stage constant phase

polyphase filter (PPF) [111]. In theory, this type of PPF maintains a constant 90° phase difference

between the I and Q channels at any frequency. In practice, however, due to process variation and

the parasitic inductance of the interconnections, a non-zero I/Q phase error will be present. To

overcome this issue, a wideband I/Q phase correction circuit is developed which is capable to

correct the quadrature phase error up to +/- 20° . As shown in Fig. 7.2, by steering a small potion

(β) of the input I+/I- (or I-/I+) signals and adding them to the Q+/Q- output channels (same for I

channels), the relative phase difference between the I and Q paths can be reduced (or increased).

The amount of phase correction depends on the value of β, and is controlled by the external DACs.

In addition to the residual phase error, the constant phase PPF inherently exhibits I/Q amplitude
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error over frequency. This is solved by using high-gain LO drive amplifiers, which saturate

both the I/Q LO signals at the mixers and eliminate the quadrature amplitude error. Moreover,

fine amplitude tuning can also be performed using the integrated constant-phase variable-gain-

amplifiers (VGAs) through the external DACs. At the output of the LO I/Q generator, power

detectors are used to monitor the I/Q LO amplitudes.

The I/Q up-conversion mixers employ double-balanced structure to reduce the LO and IF

to RF port feed-through (Fig. 7.3a). The mixer gm-stage is resistively degenerated to improve

the input power handling capability and increase the IF bandwidth. Wideband input impedance

matching is realized using two 55 Ω resistors. At the output, a differential transmission line (T1)

is used as the inductive load. To maximize the output bandwidth, it is preferred to use smaller

transistors for the switching quads for reduced parasitic capacitance. This, however, results in a

small biasing current given an optimal current density for the device. On the other hand, the gm

stage requires a large biasing current to maximize the input (and output) P1dB. As a result, an IF

bleeding current (Ib) is used which increase the linearity of the gm-stage without increasing the

dc current of the switching quads. In addition, an extra pair of current sources (Ia±) are used to
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generate a dc offset between the two Gilbert cell branches, and reduce the LO leakage.

The RF amplifier used after the I/Q mixers and Wilkinson combiner has a moderate

gain and output P1dB (-3 dBm), and is mainly designed for wideband operation (Fig. 7.3b). In

addition, a wideband inter-stage matching network is used between the I/Q mixers and the RF

amplifier to cover the 40−100 GHz RF bandwidth.

The I/Q modulator results in simulated IP1dB of -10 dBm with I and Q bandwidth of

8 GHz, a conversion gain of 8−9 dB, and an OP1dB of -2 to -3 dBm at 40−100 GHz. The

simulated output noise is -155 dBm/Hz at 70 GHz, and allows for the generation of a 64-QAM 2

GBaud/s signal with > 50 dB signal-to-noise ratio (SNR) at 7 dB average power back-off (-10

dBm average output power).

7.3 Measurements

The wideband modulator is designed in a 0.12 µm SiGe BiCMOS technology (Global-

Foundries GF8HP) [89] and the chip photograph (1.3 mm × 2.35 mm) is shown in Fig. 7.4.

The complete IC consumes 250 mA from a 2 V power supply. The chip is flipped on a 4-layer
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Figure 7.5: (a) Measured IQ modulator power conversion gain and output P1dB, (b) measured SSB
rejection with and without IQ phase correction.

PCB with the stack-up shown in Fig. 7.4 for connectecrized measurements. A rat-race balun is

implemented on the PCB to convert the differential RF output into a single-ended coaxial port.

Due to the limited bandwidth of the balun, 3 different PCB boards with different balun designs

are built to cover the 40−100 GHz band: 40−70 GHz (rat-race balun with 1.85 mm coaxial

connectors) , 60−85 GHz (rat-race balun centered at 75 GHz and 1 mm connectors), and 80−100

(rat-race balun centered at 90 GHz and 1 mm connectors).

The IQ modulator power conversion gain and output P1dB are measured under SSB mode

and with a fixed IF at 100 MHz. The reference planes were calibrated to be at the connectors.

The modulator results is a conversion gain of 5−8 dB and an OP1dB of -3 to -5 dBm at 40−105

GHz (Fig. 7.5a). The measured single-sideband (SSB) rejection ratio of the modulator at 40−100

GHz is shown in Fig. 7.5b. With only 5 different phase correction settings using the external
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Figure 7.6: (a) EVM measurement setups, and (b) measured constellation at 72 GHz with 64-QAM 2
GBaud/s data rate at 4-dB back-off (12 Gb/s).

DACs, the overall SSB rejection can be maintained above 42 dBc over the entire 40−100 GHz

frequency range. Each correction setting is valid for an instantaneous bandwidth of at least 10

GHz. These regions can be changed (re-centered to different frequencies) depending on the bias

current. If no correction is applied, the modulator presents an intrinsic SSB rejection > 25 dBc at

40−100 GHz. The measured LO leakage rejection with and without calibration is better than 35

dBc, compared to the signal level at the output P1dB.

Fig. 7.6a presents the setup for the vector signal measurements, where the baseband I/Q

data is generated using a Keysight M8195A AWG, and the single-ended LO is provided by a

Keysight E8257D signal generator. Below 72 GHz, the setup is fully coaxial and the modulator

output is down-converted using a wideband mixer. For RF frequencies above 75 GHz, a 1 mm

to WR-10 transition is used at the 1 mm coaxial RF port of the modulator board, and a WR-10
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Figure 7.7: Measured EVM for 16/64QAM with 4-dB back-off at different data-rates and carrier frequen-
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mixer is employed for down-conversion. The WR-10 mixer local oscillator is generated using

a VDI AMC-335 frequency multiplier. The modulated signal is down-converted to an IF of 5

GHz and demodulated using a real-time scope running the Keysight VSA 89600 software. Fig.

7.6b presents the measured constellation at a data rate of 12 Gb/s (2 GBaud/s) with the modulator

operating at 4 dB back-off from P1dB. The measured EVM is 2.4% (-32 dB).

Fig. 7.7 presents the measured EVM at different data-rates and RF center frequencies.

During these measurements, the modulator is always at 4 dB back-off from P1dB (back-off is

defined from the peak of the constellation). Below 72 GHz, the modulator shows less than 2%

EVM up to 9 Gb/s (64-QAM, 1.5 GBaud/s), and less than 2.4% EVM up to 12 Gb/s (64-QAM, 2

GBaud/s). At 84 and 95 GHz, a higher EVM is measured as the signal bandwidth is increased,

indicating that the system SNR is starting to be limited by the measurement system noise (thermal

noise and LO phase noise).

Fig. 7.8 presents detailed constellations at 60 GHz and 72 GHz. The 60 GHz is chosen

with a low bandwidth (1 GBaud) and high-order modulation (64-QAM) and shows an excellent

EVM of 1.3 % and a data rate of 6 Gbps (Fig. 7.8a). The 72 GHz is chosen with the widest

tested bandwidth (8 Gbaud/s) and a high order modulation of 32-QAM (Fig. 7.8b). A 40 Gbps

waveform can be achieved with an EVM of 5.2 % (-25.6 dB). This data rate is limited by the
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Figure 7.8: Measured EVM (a) at 60 GHz with a 64-QAM 1 GBaund/s waveform (6 Gbps data rate), and
(b) at 72 GHz with a 32-QAM 8GBaud/s waveform (40 Gbps data rate).

external mixer response and the DSO scope (real time BW of 8.6 GHz) and not by the SiGe IQ

modulator.

Fig. 7.9 presents 60 GHz measurements taken for 16- and 32-QAM waveforms versus

back-off from P1dB (defined from constellation peak). The EVM is SNR limited at 0.7−1 % up

to -2 dB back-off, and remains <3 % even up to P1dB+2 dB. This shows that the I/Q modulator

can have a wide range of operation and with low EVM.

Table 7.1 compares this work to the other published wideband modulators. This work

achieves state-of-art performance in terms of RF bandwidth, wideband SSB operation, as well as

the low EVM at multi-Gbps data rate.
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7.4 Conclusion

This work presents a 40–100 GHz wideband direct conversion IQ modulator with flip-

chip packaging. With wideband on-chip IQ correction capabilities, the modulator maintains a

single-sideband (SSB) >42 dBc over the entire bandwidth, and results in very low EVM values

under a wide range of waveforms, data rates and carrier frequencies. The IQ modulator can

be used in wideband radios and instrumentation systems and can achieve a very low EVM for

multi-Gbps communications and test systems.
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of this paper.

Table 7.1: Performance Comparison of Different Wideband Modulators

Reference [108] [109] [110] [112] This work

Technology
65nm

CMOS
0.18µm

SiGe
40nm

CMOS
0.15µm
GaAs

0.12µm
SiGe

Bandwidth
(GHz)

64-84 70-100 62-86 51-68 40-100

IRR (dB) 40-50 18-42 30-46 30-40 42-51
Data Rate 40Mb/s 8.75Gb/s 4.5Gb/s 3Gb/s 12Gb/s
EVM∗ (%) 2 6.6 6 4.9 2.4

LO Leakage
(dBc)

<-30 <-18 <-40 <-15 <-35

Packaged No Yes Yes No Yes
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Chapter 8

A 35–105 GHz High

Image-Rejection-Ratio IQ Receiver with

Integrated LO Doubler and > 40 dB IRR

8.1 Introduction

With the increasing demand for high data-rate communications, wideband mm-wave

transceivers have been a high-demand research area. Compared to FCC bands available below

40 GHz, the Q-, V-, E-, and W-bands provide larger available bandwidths and are capable of

multi-Gbps systems. One of the challenges is to build direct-conversion IQ receiver that covers

multiple of bands and present low quadrature error and low NF. Currently, this is done using

GaAs or InP MMICs in a multi-chip module, and leads to a large area and higher cost. To reduce

the cost, silicon-based IQ receivers have been studied in the recent years [88, 109, 113]. However,

the published work covers one or two bands and can only maintain < 30 dBc IRR over the RF

bandwidth.

In this paper, a 35–105 GHz wideband direct conversion IQ receiver with flip-chip
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Figure 8.1: Block diagram of (a) 35–105 GHz IQ receiver, and (b) 30–105 GHz IF receiver.

packaging is presented. With an on-chip wideband IQ correction capability, the IQ receiver

maintains an IRR >40 dBc and a DSB NF of 5–12 dB. An 30–105 GHz IF receiver is also

realized with packaging using the same LO network. Both receivers can be used in multi-Gbps

communication systems.
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Figure 8.2: Implementation of the LO thru and doubler paths.

8.2 Design

Fig. 8.1 presents the block diagram of the wideband IQ receiver and IF receiver. In the IQ

receiver (Fig. 8.1a), the 40–100 GHz LO I/Q generator consists of 3 parts: frequency doubler, I/Q

generation, and I/Q phase correction. A block diagram of the LO path is shown in Fig. 8.2, and

consists of a straight-thru and a doubled path. Below 60 GHz, the fundamental LO (thru-path) is

used to minimize the undesired harmonic distortion. Above 60 GHz, a frequency doubler is used

to lower the input LO frequency. Therefore, wideband transformers are required before and after

the doubler to maintain a differential circuit. To minimize the fundamental LO feedthrough in

the doubler path, a high pass filter (HPF) is added with a cut-off frequency of ∼ 60 GHz. After

the LO doubler, a wideband I/Q signal is generated using a differential 2-stage constant-phase

polyphase filter (PPF) [111]. In theory, the PPF can maintain a constant 90° phase difference

between I and Q channels at any frequency. In practice, however, due to process variation and the

parasitic inductance of the interconnection, a non-negligible (+/-5-10° at 35−105 GHz) I/Q phase

error will be present, and this will greatly reduce the image rejection. To overcome this issue,

an ultra-wideband I/Q phase correction circuit is developed which is capable of correcting the

quadrature phase error up to +/- 20° . As shown in Fig. 8.3, by steering a portion (β) of the I signal

and adding it to the Q branches (similarly adding Q to I), the relative phase difference between

the output I and Q paths can be reduced or increased depending on the polarity of summing. The

amount of phase correction depends on the value of β, which is controlled using external DACs. In
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Figure 8.3: (a) LO I/Q phase-error mechanism, and (b) graphical view of the I/Q correction.

addition, the constant phase PPF inherently exhibits I/Q amplitude mismatch over frequency. This

is solved by using high-gain saturated LO driver amplifiers at the mixers, and this eliminates the

quadrature amplitude error. Moreover, fine amplitude tuning can be performed using integrated

constant-phase variable-gain-amplifiers (VGAs) through the external digital-to-analog converters

(DACs). In the IF receiver (Fig. 8.1b), the same LO path is used and is followed by a wideband

LO driver amplifier.

Fig. 8.4a presents the wideband LNA design in the IQ receiver. The LNA consists

of 2 cascode amplifier stages which provide high gain as well as good reverse isolation. The

common-emitter transistors in the LNA are biased at 0.5mA/µm, which achieves a good trade-off

between the noise and gain performance. The LNA input matching is designed with consideration

of the parasitic capacitance from the GSG pads and the bump inductance from the flip-chip

package. Differential transmission lines (Z0,diff = 120 Ω) are used to realize the inductance above

100 pH, e.g. T1-T6. A tapped L-C-L configuration is used at the output of each cascode stage

as it provides a wide matching bandwidth. A 10 Ω resistor is used to de-Q the output matching

network and provides wider overall gain response. The LNA consumes 20 mA and provides 12

dB voltage gain when loaded with the I/Q mixers. The LNA in the IF receiver chip has the same

architecture shown in Fig. 8.4a but with slightly different L, C values to match with a single
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Figure 8.4: Schematic of 30–105 GHz (a) wideband LNA, and (b) down-conversion mixer.

mixer. The mixers are double-balanced mixer with resisitive degeneration to have a high input

P1dB (Fig. 8.4b). The IF variable gain amplifier (VGA) provides 12.5 and 15 dB continuous

variable gain for IQ receiver and IF receiver, respectively, and both are designed to have greater

than 5 GHz baseband (IF) bandwidth.

8.3 Measurements

Both receivers are designed in a 0.12 µm SiGe BiCMOS technology (GlobalFoundries

GF8HP) [89] and the IQ receiver chip photo is shown in Fig. 8.5. The chips are flipped on a

4-layer PCB with the stack-up shown in Fig. 8.5 for the connecterized measurement. A rat-race

balun is implemented on the PCB to convert the differential RF output into single-ended. Due to

the limited bandwidth of the balun, 3 different PCB boards with different balun designs are built

to cover the 35–105 GHz range: 30–65 GHz, 60–85 GHz, and 80–105 GHz. The IQ receiver and

IF receiver chips consume 285 mA and 120 mA, respectively, from a 2.1 V supply.

The power conversion gain and NF measurement are performed on chip with GSG RF

probes. During the measurement, the IF frequency is fixed at 100 MHz. The IQ receiver results

in 21–33 dB flat gain at 35–105 GHz, and the IF receiver shows an average gain of 18–33 dB at
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30–105 GHz (Fig. 8.6). In general, the measured gain agrees well with simulations, except that

the inductive peaking at 90 GHz shifts up to 100 GHz. This is because some load inductors are

over-estimated in the EM simulations. Fig. 8.7 presents the simulated and measured DSB NF of

both receivers at high IF gain settings. Both receivers result in a measured NF of 5−11.5 dB at

35−105 GHz. At the low IF gain settings, the NF only degrades by 0.2–0.4 dB for both receivers.

The IF bandwidth, linearity, and IRR performance of both receivers are measured on the

PCB board with the flip-chip package. The measured 3-dB IF bandwidth of both receivers is

5 GHz at low IF gain setting and 4 GHz at high IF gain settings (not shown). During the IRR

measurement, an external 90° coupler is used to sum the I/Q IF outputs. As shown in Fig. 8.8,

the IQ receiver maintains an IRR better than 40 dBc at 35–105 GHz with only 5 phase correction

settings. Each correction setting is valid for an instantaneous bandwidth of at least 10 GHz. Note

that the measured IRR also includes the quadrature error from the external 90° coupler. Fig. 8.9

presents the measured input P1dB and IP3 for both receivers at low IF gain settings. At a center

frequency 65 GHz, the measured input P1dB and IP3 are -21.5 dBm and -11 dBm for the IQ

receiver, and -17.5 dBm and -7.5 dBm for the IF receiver, respectively. In the IP3 measurements,
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a 100 MHz two-tone spacing is used and the measurement is done up to 65 GHz as it is difficult

to generate a two-tone signal beyond 67 GHz. At the high-gain setting, both receivers are limited

by the IF VGAs thus have a constant output P1dB (-2 dBm) and output IP3 (+8.8 dBm) over

frequency.

Table 8.1 compares the wideband IQ receiver to other publications. This work achieves

state-of-art performance in terms of RF bandwidth and wideband IRR performance.
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Table 8.1: Performance Comparison of the Wideband IQ Receiver

Reference [113] [88] [109] This Work

Technology
90nm

CMOS
0.12µm

SiGe
0.18µm

SiGe
0.12µm

SiGe
Bandwidth (GHz) 76–88 76–84 70–100 35–105

Gain (dB) -3 13–34∗ 37 21–33
IRR (dB) >40 >20 >20 >40

DSB NF (dB) N/A 11.4–13 6–9 5–11.5
Package No Yes Yes Yes

∗Voltage conversion gain
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8.4 Conclusion

This work presented a 35–105 GHz IQ receiver and a 30–105 GHz IF receiver with flip-

chip packaging. With the on-chip wideband IQ correction capabilities, the IQ receiver maintains

a IRR >40 dBc over the entire bandwidth. The presented IQ receiver and IF receiver can be used

in low-cost and wideband multi-Gbps communication systems.
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