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ABSTRACT OF THE DISSERTATION

Short-Range Wireless Communication:

from Bio-Implants to Body-Area Networks
by

Jiwoong Park

Doctor of Philosophy in Electrical Engineering (Electronic Circuits and Systems)
University of California San Diego, 2019

Professor Patrick Mercier, Chair

This dissertation presents energy-efficient schemes for short-range wireless com-
munication for wearable devices. Generally, there are two types of wireless scenarios
that happen around the human body. The first case is the data transfer between the
wearable devices and the local hub devices, e.g., smartphones and smartwatches, allow-
ing to connect to the external network and centrally control multiple wearable devices.
Many researchers had proposed various wireless approaches for this scenario; however,
there are still limitations in realistic implementations such as restricted form factors and
limited energy sources of wearable devices. To address the barriers and challenges of
the previously proposed schemes, my doctoral research introduced a new data trans-
mission concept around the human body using magnetic fields, showing the theoretical
background and experimental results that validate that the human body acts as a leaky
dielectric waveguide. To demonstrate that the proposed concept can be implemented

in the practical application, e.g., Hi-Fi audio streaming for portable headphones, this
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dissertation describes the design procedure and its measurement results of an energy-
efficient ultra-low-power transceiver fabricated with CMOS technology.

The other wireless scenario occurs in a single wearable device, especially a body
sensor device. For the practical reasons of accurate health monitoring, the body sensor
device needs to be implanted or injected inside the human body, and it should oper-
ate in a fully-wireless environment for the portability of the wearable devices. This
work presents guidelines for the design and optimization of on-chip coils used for wire-
less millimeter-scale integrated neural implants as an example of this wireless scenario.
Since available real estate of a silicon chip is limited, on-chip coil design involves dif-
ficult managing multi-dimension trade-offs amongst the number of turns, trace width
and spacing, proximity to other active circuits and metalization, quality factor, matching
network performance/size, and load impedance conditions, all towards achieving high

data/power transfer efficiency.
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Chapter 1

Introduction

Wireless communication functionality is one of the necessary features for al-
most all wearable devices that need to connect continuously to the external networks
via a local hub device such as a smartphone and a smartwatch. Figure 1.1 illustrates an
example of wireless body area network systems consisting of wearable devices: a per-
sonal tele-healthcare system. In this system, wearable medical sensing devices measure
a wide variety of health conditions, and a local hub device collects this physiological
information via a body area network for the real-time monitoring of the health state of
a subject. Here, the short-range wireless communication for this application requires a
high-reliable and energy-efficient communication link for long term real-time monitor-

ing.
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Figure 1.1: An example of short-range wireless communication for wearable devices: wireless
body area network for a personal tele-healthcare system
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Figure 1.2: Path gain degradation of 1.5-m 2.4-GHz BLE channel by body shadow effect [1]

Nowadays, Bluetooth Low Energy (BLE) technology is the standard wireless
technique for short-range wireless communication. However, this 2.4 GHz Radio Fre-
quency (RF) wireless is designed originally for over-the-air wireless to cover a 10-m
communication range; therefore, it might look sufficient to achieve a reliable and robust
wireless connection for 2-m short-range body area network. However, such a wide-
range coverage comes with a risk of eavesdropping and wasted power to cover beyond
the 2-m body-area range. Furthermore, BLE radio shows a critical disadvantage with
the human body presence. Figure 1.2 shows that the path gain decreases up to S0dB due
to the body shadow effect caused by the high conductivity of biological tissues at the
GHz frequency range [1]. As aresult, 2.4 GHz RF BLE requires more transceiver power
for higher transmitted power and better receiver sensitivity to compensate for this addi-
tional path loss by the human body, which increases the eavesdropping risk too. Since
most wearable devices need to be sufficiently small to fit within the human anatomy and
their small form factor restricts the capacity of the energy source, an inefficient wireless
communication approach involving RF transmission barely allows long-term operating
time on a single charge of wearable devices. For this reason, the wearables market is

starved for innovations in wireless communication technologies.
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Another example of short-range wireless communication for wearable devices
is data transmission for implantable devices. For higher spatial resolution and lower
power operation of the wearable medical devices, the bio-interfacing units that provide
the stimulation or the data acquisition need to be injected or implanted inside the human
body. Here, unlike wired implanted interfaces, the wireless implantable interface signif-
icantly reduces infection risk as well as enables freely behaving motion, which finally
achieves the portability for wearable medical devices. Figure 1.3 shows an example of
wireless implantable bio-sensing applications: implantable neural interface. By imple-
menting the neural implant in a millimeter-scale silicon chip, the interfacing device can
be modular, rigid, and small enough to fit in folds and curves of the cerebral cortex,
i.e., sulcus. However, since this fully-integrated wireless chip is impossible to employ
bulky energy storage such as a battery, wireless data communication must coincide with
wireless power transfer via an energy-efficient manner under the regulation for health
safety.

This doctoral dissertation presents the energy-efficient schemes for both cases
of wireless scenarios for wearable devices. With discussing the challenges of previ-
ous human body communication (HBC) approaches for wireless body area networks

in Chapter 2, this work describes the theoretical background and its supporting simu-



lation and experiment results of newly proposed wireless technique, magnetic human
body communication (mHBC), in Chapter 3. Based on the analysis of mHBC, Chap-
ter 4 shows the design procedure and the measurement results of the ultra-low-power
transceiver exploiting the energy-efficient mHBC channel link, while successfully vali-
dating that mHBC can be implemented in the practical application with audio streaming
demonstration. Finally, Chapter 5 provides the antenna design guideline to maximize the
power transfer efficiency of wireless data/power delivery to the on-chip coil employed

in mm-scale implantable neural interfaces.



Chapter 2
Channel Modeling of

Capacitive-Coupled Electric Human
Body Communication Link for

Wearable Applications

Wearable devices used in applications ranging from wellness/fitness, augmented
reality, healthcare diagnostics, prosthetics and beyond typically require communication
of sensed information around a local Body Area Network (BAN). Since such devices are
designed to be small to fit anatomical constraints, battery capacity is generally limited,
thereby necessitating low-power load circuits. Incumbent communication circuits, typ-
ically operating via propagation of radio frequency (RF) electromagnetic energy, have
significant losses when operating around the human body. For example, a 2.4 GHz radio
communicating over 1 m nominally has a path loss of 40 dB in free space; however, this
can increase to upwards of 85 dB due to the body shadowing effect [1,2]. Such large
path loss variation demands either a high transmitted output power and/or a very sen-
sitive receiver operating over a large dynamic range, both of which require substantial
circuit power consumption. In addition, the inherent broadcast nature of RF necessitates
mechanisms to secure data transmissions and cooperate with nearby users, requiring
further power from small wearable batteries.

To reduce the power required to communicate in a BAN, it has been shown that
the human body itself can be employed as the communication medium [3]. Since most

biological tissues are conductive, such human body communication (HBC) schemes can,
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Figure 2.1: Conventional HBC path loss measurement configuration using the battery-operated
instruments

in principal, offer a more direct route for signal energy to transfer between a transmitter
(TX) and a receiver (RX), thereby potentially decreasing path loss and reducing the
required power consumption of communication circuits. In addition, energy is more
localized to the individual, potentially easing multi-access and security concerns that
otherwise plague over the air (OTA) solutions.

There are two primary forms of HBC: galvanic and capacitive coupling. Gal-
vanic HBC systems directly pass small currents through tissue, and are thus suitable
for both wearable and implantable devices. However, galvanic HBC has been shown
to be optimal at relatively low frequencies (hundreds of kHz), thus limiting bandwidth
to support higher data throughputs [4]. Further, galvanic coupling has greater path loss
compared with capacitive HBC for long distances [4—6]., Capacitive HBC systems oper-
ate by coupling energy between the body and the environment, and can have potentially
smaller path loss compared with galvanic coupling for communication between distal ar-
eas across the body [5]. In addition, it has been shown that capacitively coupled systems

can operate optimally at higher frequencies (tens of MHz), enabling higher-bandwidth
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Figure 2.2: Proposed measurement setup using the battery-operated wearable prototypes for the
accurate HBC path loss estimation.

wearable applications [6]. For these reasons, capacitive HBC systems are the focus of
this work.

In order to estimate path loss in capacitive HBC links, it is necessary to use re-
alistic form factors for the TX and RX units. While path loss measurements and models
have been discussed at length in the literature [5-22], there is remarkably little agree-
ment between results, making appropriate system design difficult. Conventionally, path
loss measurements are made using a setup similar to what is shown in Fig. 2.1. Here, a
benchtop (or portable, battery-powered) signal generator is connected to TX electrodes,
and a benchtop (or portable, battery-powered) signal analyzer connected to RX elec-
trodes detects the received signal. Energy is coupled either directly to the electrodes,
or via a balun in an attempt to reduce the influence of the instrument ground planes

on the measurements. Unfortunately, in all such experiments the ground planes of the



measurement instruments do influence the measurement results by creating a larger than
expected return path, thereby underestimating the true path loss. Thus, it is imperative
to use form factor-accurate-apparatuses to measure the true path loss of capacitive HBC
links in intended devices.

This chapter describes the design and implementation of miniaturized, battery-
powered capacitive HBC devices as illustrated in 2.2, and compares the measurement
results with setups similar to those reported in the literature. It is shown that inclusion
of any additional ground plane area, whether isolated by via a balun or not, serves to
underestimate the resulting path loss by up to 33.6 dB in the presented experiments. To
further validate the effects of grounding on capacitive HBC systems, and to provide an
avenue to quickly and accurately quantify the performance of capacitive HBC links in
different configurations, this contribution also introduces a hybrid electrostatic circuit
- 3D finite element method (FEM) model for path loss simulations. It is found that
simulations match measurement results to within 2.6 dB.

This chapter is organized as follows. Section 2.1 discusses several different
measurement techniques employed in prior work. Section 2.2 presents details of the
proposed measurement approach, including circuit-level details. Section 2.3 proposes
the new hybrid simulation model for path loss estimation in capacitively coupled HBC
systems. Section 2.4 presents lab measurements and simulation results. Section 2.5 con-
cludes the chapter and summarizes the steps required to ensure accurate measurements

and simulations.

2.1 Previous Measurement Configurations

A capacitive HBC TX transfers energy across the human body by coupling en-
ergy to the body via an electrode, and to the environment via a ground plane. Typically,
the electrode connected to the body is designed as a planar conductor mounted close to
(or touching) the epidermis and carries the analog signal information, while the ground

plane is placed facing outwards from the HBC device, thereby acting as an electrode to



the environment and facilitating a return path. These two electrodes can be driven either
single-endedly or differentially. The transmitted signal is then collected by a RX distally
mounted on the body with a similar electrode configuration: the body-facing electrode
receives the forward path information, while the environment-facing electrode receives
the reference potential (or negative differential signal) via the return path by capacitive
coupling.

Under practical constraints, capacitive HBC systems are typically employed to
provide communication functionality to small, battery-powered, wearable sensing de-
vices, as shown in Fig. 2.2. To measure and model the HBC channel, prior work has
suggested the use of large bench-top devices such as Vector Network Analyzers (VNAs)
or Signal Generators (SGs) and Spectrum Analyzer (SAs) as shown in Fig. 2.1. This
section summarizes these measurement approaches and discusses in detail why they will

give overly optimistic path loss results for small, wearable devices.

2.1.1 Measurements with a Vector Network Analyzer

A VNA is a natural first choice to model the path loss of an HBC system, as
impedances, path loss, and maximum available gain (MAG) can be easily computed
via measured S-parameters. For these reasons, the earliest work to model capacitive
HBC link employed a VNA in the general configuration illustrated in Fig. 2.3a [7, 8].
However, unlike conventional far-field wireless communication systems that have stable,
independent grounds, the ground of a capacitive HBC system can dramatically affect
link characteristics. Employing a VNA as illustrated in Fig. 2.3a creates a non-isolated,
direct return path between the ground electrodes of the TX and RX nodes via instrument
ground, thereby significantly underestimating the path loss compared to employing two
completely isolated TX and RX devices.

To improve path loss estimation, it has been suggested to electrically isolate
the two capacitive HBC devices via baluns placed at the VNA ports as illustrated in

Fig. 2.3b. Prior work has suggested that this eliminates the direct return path [9], and
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Figure 2.3: Conventional setups used to measure capacitive HBC links with a vector network
analyzer, and their equivalent circuit models

has thus been utilized to report various channel modeling results [5, 10, 11]. While
use of baluns indeed eliminates the direct return path connection, there is still a large
indirect return path via the non-zero coupling through the employed baluns. It has been
recently reported that the parasitic coupling path through the balun limits the accuracy
of path loss measurements for wearable HBC systems [12]. As illustrated in Fig. 2.3b,
the balun includes the interwinding capacitance (C},,) that inevitably occurs due to the
physical proximity of two coils inside the balun. This parasitic path indirectly connects
the ground HBC electrodes to instrument ground, which can result in a lower impedance
connection than that of the return path via the external environment, thereby resulting in

a measurement that does not accurately reflect the performance of small, miniaturized,

10
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battery-powered wearable HBC devices.

2.1.2 Measurements with Signal Generators and Spec-

trum Analyzers

To avoid even an indirect return path through instrument ground, prior work has
suggested using two separate instruments to measure the capacitive HBC channel per-
formance: an SG and an SA [6,7,13]. Although this configuration splits the TX and
RX nodes to two different instruments, the ground electrodes are still connected to a
common ground via parasitic or direct paths through each instrument (to earth or build-

ing ground), as illustrated in Fig. 2.4a. For this reason, other prior work has suggested

11



employing baluns to eliminate any direct DC return paths [5]. However, the parasitic
interwinding capacitance problem remains, and thus this approach still does not offer
sufficiently accurate measurements for small battery-powered wearable HBC devices.
In order to eliminate the influence of instrument-based connection to earth or
building ground, recent studies have employed battery-operated SGs and SAs, as illus-
trated in Fig. 2.4b. While this results in a slightly more realistic configuration to predict
the path loss of small battery-powered wearable HBC devices, the employed measure-
ment instruments are not nearly as small as the wearable devices that will eventually
be used. Since the SG and SA both have large ground planes that are much larger than
the ground electrodes on a miniaturized wearable HBC device, return path coupling
to the environment is larger in this setup, resulting in an underestimation of path loss.
To minimize this parasitic return path, several studies have employed a miniaturized
battery-operated TX [14, 15]. However, a large ground-connected SA was still used as
an RX, thereby resulting in a larger-than-desired return path coupling, again underesti-
mating the loss of the end application - a miniaturized, battery-powered wearable HBC

device.

2.2 Proposed Measurement Configuration

The best way to measure the channel characteristics of a capacitive HBC link
amongst miniaturized wearable devices is to employ miniaturized wearable devices with
representative form factors. In this manner, grounding effects, which are critically im-
portant in assessing performance as will be shown in Section 2.4, will be representative
of practical implementations.

To this end, this section describes a measurement setup that employs miniatur-
ized printed circuit boards (PCBs) with electrodes and electronics that can be used for
path loss measurements. The proposed measurement setup is illustrated in Fig. 2.5a,
and the system block diagram and resulting channel circuit model is shown in 2.5b.

The TX and RX devices each consist of two 30 mm x 40 mm PCBs that are

12



Battery-operated Battery-operated
TX on GND board RX on GND board

]
2
3
o
o
3
=
]
<]
@
['4

Human Forearm

Battery-operated Laptop

(a)

_I[| Adjustable Tuning
T_{Output LDO Inductor _Signal Signal
Coin Cell Electrode | Human | Etectrode| « Bluetooth
Batte ° Power Module
v BOdy 3 | Detector j
° Bluetooth
4 Tranceiver
ﬂ: PLL Clock =
==_| Multiplier E
Crystal Ground Ground )
Oscillator Electrode Electrode g
LN 1
TX board :\_"*~._._"____-4' 1 RX board

=
\
% External Ground ¥

N/

Capacitive Coupling
(Isolated Return Path)

(b)

Figure 2.5: Proposed measurement setup and its equivalent circuit model

spaced apart by 10 mm as shown in Figs. 2.6a and 2.6b. Each PCB includes a 30 mm X
30 mm metal-plate electrode on the bottom layer finished with lead-free HASL for use
as ground or signal electrodes. The PCBs were fabricated using 1.6 mm thick FR4 with
4 layers and 0.1 mm thick (1-0z) copper-wire routing. To ensure no connections were
required to external power supplies, computers, or any other devices with large ground
planes, the TX and RX devices are both powered via an on-board coin cell battery, and
RX data is streamed wirelessly via a Bluetooth Low Energy (BLE) chip for processing
on a laptop computer.

The electrode sizes affect path loss in HBC links. In this study, 30 mm x 30 mm
electrodes were chosen to balance the amount of required power for reliable communi-

cation between and TX and RX. Specifically, the 30 mm x 30 mm electrodes can provide
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Figure 2.6: Photographs of the developed battery-operated HBC wearable prototype of (a) the
transmitter unit and (b) the receiver unit

appropriate RX input power range (-30 to -50 dB), which is easily detectable by the em-
ployed RX circuitry, for a reasonable amount of TX output power (-10 dBm). While
standard self-adhesive Ag/AgCl electrodes were also considered, the adhesive may not
be desired in general-purpose consumer applications like smatwatches.

Unlike prior research prototypes that performed channel measurements at one
or a limited set of frequencies [15-17], the proposed prototype enables measurement
at multiple frequencies thanks to an embedded PLL-based clock multiplier and user-
replaceable impedance matching/tuning components. Measurements with this setup
were performed with a human subject standing in a typical laboratory environment,
but with all grounded equipment in a 4 m X 4 m area removed.

The following subsections describe the employed measurement conditions, and

describe the configuration of the TX and RX PCBs.

2.2.1 Gain Definition: Power Gain vs. Voltage Gain

There is still active debate on whether voltage or power gain is the best way to
characterize an HBC channel: some researchers use voltage gain [5,10, 18], while others
use power gain [6-9,11,12,14-17]. The authors of [19] concluded that voltage gain is

more suitable for the description of an HBC channel because their measurements have

14
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Figure 2.7: Simplified RX front-end model and its noise figure analysis result of output signal
to noise ratio.

indicated that high RX impedance can deliver superior channel voltage gain.

However, voltage is not typically used to describe the quality of a communication
system — Signal-to-Noise Ratio (SNR) is the preferred figure of merit. Employing a high
RX input resistance indeed increases voltage gain, though at the expense of reducing
the input signal power, which affects SNR. A simple noise model is illustrated in Fig.
2.7. It shows that the signal power reduces with the input resistance of the low noise
amplifier (LNA), R;,. Ignoring the noise contribution of R;, (and including only the
noise of the electrode resistance, R..), it is shown that the SNR at the input of the RX
is constant for all values of R;,. However, when the noise contributions of R;,, and the
LNA’s finite internal noise are included, it is shown that the noise figure of the system
degrades for large R;,,. Figure 2.7 plots the input and output SNR of this representative
model using the specifications from a commercial off-the-shelf LNA (Analog Devices
ADS8350). These results reveal that the output SNR, and therefore the noise figure,
degrades at high input impedances, thereby degrading the available channel quality for
HBC systems.

The optimum output SNR and noise figure occurs at a specific value of input
resistance. Thus, we believe that optimization of capacitive HBC links for power gain

is the appropriate way to achieve the best possible SNR. For this reason, all measure-
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ments in this chapter utilize impedance tuning and matching networks at each measured

frequency in order to maximize power gain.

2.2.2 Electrode Impedance Measurements

In order to conjugate match the RX electrodes to maximize power gain (and
therefore minimize path loss), the impedance of the capacitive HBC electrodes placed
on a human body must be first measured. Unfortunately, the impedance of capacitive
HBC electrodes can vary under different environmental conditions and the human body
posture. Here, impedance measurements were taken using a VNA, and several repre-
sentative measurement results are shown in Fig. 2.8. Such measurements were repeated
over the course of six days, with each day comprising 20 measurements. The standard
deviations averaged over 1 - 150 MHz are measured as 19.04 €2 for Rrx, 22.49 Q for
Xrx,35.48 Q) for Rgx, and 87.29 2 for Xyx.

Interestingly, it was found that the measured impedances exhibited a resonant
peak at approximately 50 MHz. It is hypothesized that this is due to resonance be-
tween the body and the VNA itself (which has a large ground plane). A similar effect
was also observed in the literature, as reported in [23]. Since this resonance is not ex-
pected to be seen by the miniaturized devices, it is useful to fit the general shape of the

measured curves prior to developing frequency-specific matching networks. Using the
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Figure 2.8: Multiple measurements of the impedance of HBC electrode pairs.
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vector fitting approach described in [24] results in the zoomed-in curves shown in Fig.
2.9. These curves are then used to compute the impedance and resonate the TX and

perform conjugate matching for the RX device.

2.2.3 Transmitter Circuitry Configuration

The TX architecture is shown in Fig. 2.10. The TX drives the electrode pair in
a single-ended manner via a class-D power amplifier (PA). The PA comprises N & P-
channel power MOSFETS (Fairchild semiconductor FDG6332C). Since the R,,, of these
power switches is low (up to 0.7 €2), it is not necessary to conjugate match to the elec-
trode impedance, but instead it is best to simply tune-out the reactance of the electrode
impedance as is typically done in PA design. At resonance, the delivered output power
can be computed by dividing the square of the RMS output voltage by the electrode
resistance. Power can then be controlled by either varying Vpp pa, which is generated
by an adjustable low-dropout (LDO) regulator (Texas Instrument TPS73601) powered
from the battery, or by building a resonant impedance transformer. For simplicity, power
is regulated to -10 dBm in this work by tuning the LDO output voltage.

In order to measure path loss at multiple frequencies, the TX is provisioned
with a PLL clock multiplier (ON semiconductor NB3N511). With a 10, 12, or 25 MHz
crystal reference oscillator, this chip can generate 20, 30, 40, 50, 60, 72, 80, 96, 125 or
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Figure 2.10: Prototype TX circuit configuration for operation at multiple frequencies and its
transmitting power definition.

150 MHz signals depending on its pin configuration. The chip is powered by a 3.3 V
fixed output LDO (Texas Instrument TPS73633). Each frequency configuration requires
a different tuning inductor, which is soldered on the small daughter board and replaced
for each discrete frequency measurement.

For the specific example of 20 MHz operation, a tuning inductor of 4.3 pH is
employed to cancel out the —540 (2 reactance of the electrode pair. The PA was supplied
with adjusted Vpp pa for 160 mV Vo amplitude in order to regulate the output power

of the 127 2 load to 0.1 mW (—10 dBm) [25].

2.2.4 Receiver Circuitry Configuration

Figure 2.11 shows the schematic of the RX. In order to eliminate the effects
of grounded measurement equipment and connecting cables on the path loss measure-
ments, the proposed RX device measures received power using a discrete log power de-

tector chip (Linear technology LT5537FA) and transmits the information using a Blue-
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Figure 2.11: Prototype RX circuitry configuration with the replaceable matching network for
supporting multi-frequency measurements.

tooth Low Energy radio (Texas instrument CC2541) and a 2.4 GHz ceramic chip antenna
(Yageo ANTS5320) to a battery powered laptop. The laptop was kept at least 3 m away
from the TX and RX units during all measurements, as described in Section III. For
minimizing the reflected loss of the interface between the input of the power detector
and the vector fitted impedance of electrode pairs (shown in Fig. 2.9), the matching

networks for each measured frequency are soldered on the replaceable daughter boards.

Table 2.1: Impedance Matching Network Configuration

Calculated Ideal Practical

Freq' Lseries ‘ Oshunt Lseries (Nominal’ Q) ‘ Cshunt (Nominal)
20MHz || 2.83 uH | 831 pF || 2.79 uH (2.7 uH, 53) 7.0 pF (6.8 pF)
30MHz || 1.50 uH | 4.65pF | 1.56 £H (1.5 H, 61) 3.8 pF (3.9 pF)
40 MHz | 0.933 uH | 2.64 pF 0.98 uH (1.0 pH, 45) 1.8 pF (1.8 pF)
50 MHz || 0.642 uH | 1.19 pF || 0.66 1H (0.68 1H, 48) | 0.59 pF (0.6 pF)
60 MHz || 0.473 uH | 73.8 fF || 0.46 H (0.47 iH, 50) | 0.58 pF (0.6 pF)
72 MHz || 0.362 uH | 16.7 pF || 0.35 pH (0.33 pH, 42) 9.6 pF (10 pF)
80 MHz 03 puH | 19.5 pF 0.29 uH (0.3 pH, 30) 12.8 pF (13 pF)
96 MHz | 0.215 uH | 21.5 pF || 0.213 £H (0.22 pH, 57) | 19.1 pF (18+0.8 pF)
125MHz || 0.13 uH | 21.2 pF || 0.137 4H (0.15 1H, 63) | 18.9 pF (18+0.5 pF)
150 MHz | 91.1nH | 19.7pF || 90.8 nH (91 nH, 49) 18.4 pF (18 pF)
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Figure 2.12: An example of power measurements using data received from the RX prototype
operating at different frequencies.

As shown in Table 2.1, these single-stage L-matching networks are designed
with series inductors and shunt capacitors for below -20 dB of reflected loss. All chips
in the RX board are powered by a 3.3 V fixed output LDO (Texas Instrument TPS73633)
connected to a 3.6 V coin cell battery. Fig. 2.12 shows a time-series measurement of
received power, as computed in MATLAB (via the Bluetooth link) every second for 1
minute. These results were used to compute the average and standard deviation of path

loss as will be reported in Section 2.4.

2.3 Proposed Simulation Model using Circuit
& FEM Analysis

2.3.1 Hybrid Approach

Simulating capacitive HBC links accurately is difficult due to the complicated
physics that occurs at the boundary between the metallic electrode and biological tis-
sue, and the complex geometry of the human body’s interaction with arbitrary external
environments. Previous works in capacitive HBC simulations can be typically broken

up into two primary categories: electrostatic circuit analysis, and electromagnetic (EM)
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finite element method (FEM) analysis.

Conventionally, electrostatic circuit analysis can easily characterize the capac-
itive coupling effects occurring around metallic electrode plates and other conductive
media. Under this assumption, prior art has developed distributed electrostatic circuit
models based on the frequency-dependent conductive properties of biological tissues,
and model the electrode-tissue interface with a complex contact impedance; the tissue-
environment interface is then modeled with a capacitive impedance [6,20,21]. However,
such models assume a single tissue type, longitudinal transmission over planar tissue
geometries, and constant capacitive coupling to the environment, none of which are re-
alistic assumptions. Thus, circuit models alone cannot accurately capture the complex
geometries and tissue properties found in real world environments.

To overcome the limitations of circuit models, others have suggested building
anatomically-accurate 3D FEM models and performing EM simulations to predict the
performance of capacitive HBC links. Such simulation setups can better model the
properties of different tissue layers, while also giving a more accurate estimation of
the coupling to the environment. However, due to the algorithmic limitation of most
EM simulation tools, this analysis method fails to accurately describe ionic conduction
and diffusion that occurs at the interface between the electrode and the epidermis (i.e.,
the contact impedance in electrostatic circuit models), limiting the accuracy of such
simulations. Prior work has shown that such simulations can deviate significantly from
measurement results [18,22].

To overcome these challenges, Fig. 2.13 proposes a new simulation model that
combines the strengths of electrostatic circuit analysis modeling (the electrode-tissue
contact impedance) with the strength of FEM EM simulations (the ability to represent
complex 3D geometries with accurate tissue properties) in a new hybrid approach that
represents the complex behavior of capacitive HBC links much more accurately. Specifi-
cally, the proposed model incorporates the results from FEM EM simulations that model
tissue properties and environmental coupling, together with measurement-derived S-

parameters modeling electrode-tissue contact impedances, and lumped circuit models
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Figure 2.13: A hybrid simulation model incorporating electrostatic circuit analysis with FEM
EM analysis

describing electrode properties and TX and RX circuits. Each individual path is simu-
lated, then brought together for system-level simulations in a circuit simulator (Cadence
Design Environment). This method provides a more accurate path loss model by includ-
ing all physical phenomenon in HBC channels such as the capacitive coupling amongst

metal plates, body leakage and environmental coupling, signal transmission through
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Figure 2.14: HFSS simulation model: (a) the realistic human body surface mesh and (b) the
external ground model.

complex 3D anatomy, and contact impedances at the electrode-epidermis interface. An
overview of the proposed simulation paradigm is shown in Fig. 2.13a, while Fig. 2.13b
describes the block diagram used in the circuit simulator. The following subsections

describe the methods used to determine each of the blocks found in Fig. 2.13b.

2.3.2 Electromagnetic Simulation Model

Figure 2.14a shows the mesh geometry of the 3D FEM simulation model used
in this work, based on a 3D scan of a 30-year-old 173 cm-tall male subject [26]. The
body was configured to contain biological tissues that were modeled with frequency-
dependent relative dielectric permittivity and conductivity [27]. While it was possible
to model many different layers of tissue types, simulation time in Ansys HFSS was pro-
hibitive, and thus the properties of all employed tissues were instead averaged across
the volume of the human body model. In all simulations, an external ground was imple-
mented as a4 m x 4 m x 3 m perfect conductor box filled with air, as illustrated in Fig.

2.14b, in order to match measurement configurations described in Section 2.2.
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Figure 2.15: HFSS simulation electrode model: (a) the HBC electrode pair and (b) the internal
ground plate of a spectrum analyzer

The electrodes were modeled as pairs of 30 mm x 30 mm rectangular metallic
plates vertically separated by 10mm as shown in Fig. 2.15a, and placed 20 cm apart on
the arm of the simulation subject. Also, a 20 cm x 20 cm copper ground plate illustrated
in Fig. 2.15b is used to represent the additional (internal) ground plane of an SA placed
15 cm away from the wearable RX prototype in order to simulate the effects of large
battery-powered equipment.

To create the composite block diagram depicted in Fig. 2.13b, it is necessary
to individually simulate each block in isolation. The human body impedance on the
forward path was determined, for example, by placing only the two signal electrodes on
the skin and finding the resulting S-parameters via a HFSS simulation. Similarly, the
coupling between the two ground electrodes was simulated using two ground plates that
were floating on top of the body in the same position they would normally be during
full system operation. The coupling of each metallic electrode to environmental ground
via the body (i.e., body leakage) was simulated with each electrode individually. The
simulation results of these paths are then combined to create the blue HFSS simulation
model blocks shown in Fig. 2.13b. Since all simulations were observed to be linear,
and the system is assumed to be time-invariant, superposition of all simulation results is

possible.
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2.3.3 Electrostatic Circuit Simulation Model

The remaining blocks in Fig. 2.13b were determined either analytically, or via
measurements. Due to simple geometries, electrostatic circuit models can easily deter-
mine the impedances of the electrodes themselves, and the capacitive coupling between
the electrodes and the external environment. These results are primarily capacitive and
do not change significantly with frequency, as their properties are primarily determined
by the physical dimension and positioning of the metal plates. Thus, the green circuit
model blocks found in Fig. 2.13b can be represented with simple combinations of resis-

tance and capacitance. Table 2.2 shows the values employed for each of these blocks.

Table 2.2: Electrostatic Circuit Modeling Component Values

Resistance or Capacitance
Electrode Resistance (R,) 3.420Q
Inter-electrode Capacitance (C') 1.89 pF
Cross-coupled Capacitance (C),) 319 fF
Ground-coupled Capacitance (C.,;) 1.45 pF

The contact impedance between the metal electrode and the epidermis is, on the
other hand, frequency-dependent and difficult to model using conventional EM simula-
tors. Since it is not easy to directly derive a multi-parameter circuit model that accurately

describes the frequency-dependent behavior [28,29], 1-port measurements, described in
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Figure 2.16: Measured input impedance of electrode pairs placed on the skin, and the corre-
sponding S-parameter simulation models.
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Section 2.2, are used to create an S-parameter model that can be directly inserted as the
red Contact Impedance blocks into the block diagram of Fig. 2.13b. Measured results
from both TX and RX electrodes, and the resulting S-parameter-based model are shown

in Fig. 2.16.

2.4 Results

Figure 2.17 summarizes path loss measurements on a human body and simula-
tion results for a variety of instruments and grounding scenarios as described in Sections
2.1,2.2,and 2.3. The topmost curve (“VNA without balun” in gold) shows measurement
results of TX and RX devices directly connected to ports 1 and 2 of a VNA (Keysight
E5071C), respectively, as illustrated in Fig. 2.3a. In this configuration, no matching
is performed and the TX and RX devices consist only of the two parallel plates and
an U.FL connector. Since a VNA is driving the electrodes, path loss is computed via
measured S-parameters using the maximum available gain (MAG) formula (Eqn. 2.1),

which gives the best possible path loss result assuming ideal matching.

|So1 |

MAG = X (K—=VK?=1) for K >1 (2.1)

|S1a|

VNA without balun (Fig. 2(a))
— VNA with balun (Fig. 2(b))
—e— SA without balun (Fig. 14(a))
—— SA with balun (Fig. 14(b))

Path Loss [dB]

== Wearable Prototype (Fig. 3)

- = = Sim. with SA ground

= = = Sim. for wearable device

10 30 50 70 90 110 130 150
Frequency [MHz]

Figure 2.17: Measured (solid) and simulated (dashed) path loss results of miniatured wearable
capacitive HBC devices compared to conventional measurement setups using a VNA or a SA.
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It can be seen that this configuration is by far the most optimistic, significantly underes-
timating the path loss due to the direct return path coupling.

The next curve (“VNA with balun” in violet) again utilizes a VNA, but in this
case with a balun (Mini-Circuits FTB-1-1 (0.2 - 500 MHz)) inserted between each port
in order to isolate grounds at DC, as illustrated in Fig. 2.3b. While this increases the
path loss as expected, the coupling through the baluns still presents a low impedance
return path at MHz frequencies, again significantly underestimating path loss. Between
10 and 150 MHz, this configuration achieved a minimum path loss of approximately

15.8 dB at 40 MHz.
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To decouple the grounds between TX and RX, the next measurement (“SA with-
out balun” in blue) utilizes the battery-powered TX device described in Section 2.2.C,
and a battery-powered spectrum analyzer (Anritsu MS2712E), as illustrated in Fig.
2.18a. The TX device was programmed to operate at one of eight discrete frequencies
using the on-board PLL clock multiplier, and both the TX and RX matching networks
were manually changed and optimized at each frequency. As anticipated, measurement
results here show more path loss than when using a VNA due to the decoupled grounds.
This approach achieved optimal path loss of 27.5 dB (¢ = 0.8 dB) at 72 MHz within
the measured frequency range (20 to 150 MHz). Path loss was measured by comput-
ing power gain of 60-second measurements over three days, and then averages (solid
points) and peak variations (error bars) were computed. A simulation model was also
constructed under this configuration, whose results are shown as the dotted blue curve
(“Sim. with SA ground”). In this case, the simulation setup shown in Figs. 2.14 and
2.15 was employed, though with the ground plate electrode connected to an additional
20 cm x 20 cm ground plate located 15 cm away, representing the internal ground plane
of the battery-powered SA as depicted in Fig. 2.15b. Simulation results (MAG from
Cadence S-parameters simulation) match measurement results to within 2.2 dB across
the 20 to 150 MHz frequency range.

An additional experiment was also conducted by connecting the RX to an SA
via a balun (“SA with balun” in green) in order to help decouple its large ground plane
from the RX as illustrated in Fig. 2.18b. All cases with the battery-powered SA showed
larger path loss than the VNA results, however, the results are still optimistic due to the
additional coupling path by the internal ground plate of SA.

The final measurements presented here utilize the battery powered TX and RX
devices (“Wearable Prototype” in red) as described in Section 2.2 and illustrated in Figs.
2.5 and 2.6. In this case, the TX and RX devices are coupled only via the body and the
environment, and are representative of the size of devices that may actually be used in
realistic capacitive HBC applications. This case was also measured by computing power

gain of 60-second measurements over three days as illustrated in Fig. 2.12. As shown
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Table 2.3: Measured and Simulated Path Loss of Capacitive HBC Channel

Measurement Simulation
Freq. Averaged \ Peak variation \ Std. deviation || Simulated \ DIff.
20MHz || 42.2dB | +0.9dB/-0.8 dB 0.43 dB 420dB | -0.2dB
30 MHz 39.1dB | +1.1dB/-1.5dB 0.61 dB 40.5dB | +0.6dB
40 MHz 37.5dB | +1.3dB/-1.1dB 0.75 dB 38.6dB | +1.1dB
50 MHz 35.8dB | +1.2dB/-1.2dB 0.76 dB 359dB | +0.1dB
60 MHz 33.2dB | +1.4dB/-1.8dB 0.93 dB 32.8dB | -0.4dB
72 MHz 31.7dB | +1.5dB/-1.4dB 1.14 dB 309dB | -0.8dB
80 MHz 33.1dB | +1.1dB/-1.7dB 1.23 dB 322dB | -0.9dB
96 MHz 38.1dB | +2.2dB/-2.4dB 1.52 dB 36.5dB | -1.6dB
125MHz | 41.0dB | +2.3dB/-2.7dB 1.73 dB 394dB | -1.6dB
150 MHz | 40.3dB | +1.9dB/-3.8dB 2.2dB 37.8dB | -2.5dB

in Fig. 2.17, path loss follows a similar trend vs. frequency as the SA experiments with
baluns, yet with path loss results that are 1.6 to 5.5 dB greater. From 10 to 150 MHz, the
optimal path lossis 31.7 dB (¢ = 1.14 dB) at 72 MHz for the 30 mm x 30 mm electrodes,
separated by 20 cm. From this data, path loss results in VNA and SA measurement
setups are underestimated by up to 33.6 and 8.2 dB, respectively. Simulation results
using the model developed in Section 2.3 match to within 2.5 dB. The results of the

wearable, battery-powered configuration are summarized in Table 2.3.

2.5 Conclusion

Capacitive HBC links can potentially offer power and interference advantages
over conventional narrow-band, over-the-air radio approaches in body-area network ap-
plications. Just like any other communication system, link budgets must be understood
prior to transceiver design, and thus accurate path loss models in capacitive HBC sys-
tems are required. Unfortunately, most prior work has measured the path loss of ca-
pacitive HBC systems using large benchtop equipment that significantly underestimates
losses through inclusion of unintended coupled return paths. This chapter presents de-

tailed analysis, measurements, and simulations of capacitively coupled HBC systems.
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The results reveal that inclusion of large ground planes, whether they are isolated or
not with baluns, can significantly affect path loss results. Accurate measurements there-
fore demand testing apparatuses that are of the same physical size and have the same
grounding configurations as devices that will eventually be employed in commercial
products. By combining the strengths of electrostatic circuit modeling, which predicts
the behavior of electrode-tissue interfaces well, and 3D FEM EM models, which of-
fer more accurate geometric representations, a hybrid simulation model is proposed and
shown to be accurate to within 2.5 dB of measurements. In summary, designers of future

capacitive HBC systems should:

e employ power gain instead of voltage gain in order to optimize link SNR;
e impedance match the electrode-RX interface to maximize received signal power;

e not characterize capacitive HBC links using VNAs or grounded instruments —

baluns help but do not perfectly isolate ground electrodes at MHz frequencies;

e include the effects of internal ground plates of any equipment used to measure

path loss;

e simulate path loss using a hybrid electrostatic circuits - FEM EM that captures

most physical phenomenon in capacitive HBC systems;

e or employ other coupling mechanisms, such as magnetic resonant coupling [30],
which due to their inherently non-referenced nature, eliminate grounding effects

altogether and therefore ease modeling and reduce environmental variability.

Chapter Two is largely a reprint of material as it appears in ”’Channel Modeling
of Miniaturized Battery-Powered Capacitive Human Body Communication Systems”
by Jiwoong Park, Harinath Garudadri, and Patrick P. Mercier in IEEE Transactions on
Biomedical Engineering (TBME), February. 2017. The dissertation author was the

primary investigator and author of this work.
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Chapter 3

Energy-Efficient Intra-Body Wireless
Data Transfer via Magnetic Human

Body Communication

Wireless communication systems have transformed how humans interact with
electronic devices and their environments. Thanks to pioneering work by the likes of
Maxwell, Marconi, Hertz, Tesla, and others, wireless systems based on the propaga-
tion of far-field electromagnetic (EM) waves are well understood and have been engi-
neered to enjoy robust operation when used with devices that for example continuously
monitor electrophysiological processes [31-33] such as electromyogram (EMG), elec-
trocardiogram (ECG), and electroencephalogram (EEG), and physiochemistry such as
glucose [34, 35], lactate [36], and electrolytes [37]. However, propagation of far-field
radio frequency (RF) energy is inherently inefficient around the human body due to sig-
nificant energy absorption by relatively highly conductive (¢=2 Siemens/m at 2.4 GHz)
biological tissue [1, 2] (Fig.3.1a), making the power consumption of conventional ra-
dios too high for many miniaturized wearable and medical devices that must support
high data rates and long battery life [38]. For example, Fig.3.1b shows the power con-
sumption breakdown of a wireless EEG monitoring device featuring a Texas Instruments
CC2642R [39] Bluetooth Low-Energy (BLE) v5.0 module and an Intan Technologies
RHD2216 [40] 16-channel EEG front-end. Due to high losses around the human body,
the BLE radio is engineered to support an 89-dB link budget, implying a worst-case
wireless link efficiency of 1.3x 107; as a result, the BLE module consumes up to 90%

of the device’s power budget.
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Figure 3.1: (a) RF broadcasting communication techniques (e.g. Bluetooth and UWB) and (b)
the power consumption breakdown of a wireless EEG monitor system employing a conventional
RF (Bluetooth LE v5.0) technique.

This chapter shows that the high permittivity of biological tissue at 10s to 100s
of MHz can be exploited to: a) enhance far-field radiation energy inside the human body,
which has favorable distal path loss properties (attenuation proportional to 1/r?) com-
pared to near-field-only magnetic coupling systems (attenuation proportional to 1/r°),
and b) help guide generated far-field waves inside the human body in a leaky waveguide-
like manner, thereby enabling low-loss intra-body communications for ultra-low power
and high energy efficient wireless systems. Since the far-field behavior within a cou-
ple of wavelengths (noting that a wavelength A is 1.6 m in tissue, which has a relative
permittivity, €., or 80 at 21 MHz) cannot be described using conventional dielectric
waveguide analysis due to a non-uniform propagating direction (i.e., omni-directional
propagation), we developed ray-tracing-like EM analysis techniques to describe the far-
field waveguide-like behavior and summed these results with near-field coupling anal-
ysis in order to model path loss across a human limb. This analysis is then validated

with simulation and experiment, both of which reveal path loss results as low as 10 dB
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Figure 3.2: Human Body Communication: (a) Capacitive-coupled electric HBC (eHBC) and
(b) the proposed magnetic HBC (mHBC).

(i.e., a link efficiency of 10~!) over varying postures when generating magnetic fields
using resonantly coupled coils [30,41]. In contrast, electric human body communica-
tion (eHBC) systems, which capacitively-coupled electric fields (Fig.3.2a) into the body,
exhibit 30-40 dB path loss, both with significant variability with posture and environ-
ment [5,6,15,42].

The proposed magnetic human body communication (mHBC) technique, illus-
trated in Fig.3.2b, improves intra-body communication efficiency by 1,000-1,000,000x
over prior approaches, thereby paving the way to new types of ultra-low-power biomed-
ical monitoring devices. Recently, we have successfully developed an experimental
microchip that demonstrates a reduction of power dissipation in transceiver circuits to
less than 40 W for a 30 dB link budget (link efficiency of 10~3) via mHBC [43, 44];
however, the physics of this approach have not yet been investigated. In this chapter,
while addressing the theoretical background of mHBC with analysis, simulations, and
measurements, an EEG monitoring device is designed with off-the-shelf components

to demonstrate the effectiveness of the proposed technique in a representative body-
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area network application. Experimental results demonstrate correct and robust mHBC
operation, with a 2,000x reduced transmission power despite a 1000 x worse receiver
sensitivity than BLE v5.0 modules, all of which can help enable dramatically improved

battery life of wearable devices.

3.1 Theoretical Background

3.1.1 Characterization of Magnetic Fields in the Human
Body

The complex power density (Poynting vector) generated by a generalized mag-

netic dipole (for mHBC) or electric dipole (for eHBC) is given by:

1

_77]66](3&4 A~ .9 1 . 1 _A. ] 1 . 1 .
-2 {Fsin 9[(l<:r)2 +3 (k’r)f’] 0sin26| )’ +7 (k;r)5]} (magnetic)
3.1
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_nk413d2 A . D 1 o 1 N . 1 ) 1 .
T 39702 {rsin 0[(167“)2 J (kr)5] + Osin20[j (kr)? +J (k’T’)5]} (electric)
3.2)

where [, is the current magnitude, a is the radius of loop current, d is the dipole length,
k is the wave number, 7 is the radiation impedance, r is the observation distance, and
0 is the polar angle of the observation point [45] as derived in Appendix A. Here, the
(1/kr)?, (1/kr)3, and (1/kr)> terms represent the far-field radiation, mid-field induc-
tion, and near-field quasi-static components of power density, respectively. Assuming

the human body has relative permittivity e,, the complex power density of a magnetic
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dipole can be categorized and rewritten with k = /€, k, and = 1,/,/€, as follows:

P noko[§a4 A . 9 A .
IMmpear(W) = W(mm 0 — 0sin20) (near-field) (3.3a)
. R 31244
Imia(W) = —6’67"77()];02—‘;&3m2€ (mid- field) (3.3b)
r
. 4724
Re(W) = f\/e_i’noko—oasm% (far-field) (3.3¢)

32r2

where k, is the wave number in free space and 7, is the radiation impedance in free

space. Similarly, an electric dipole can be written as:

I (W) _ L mlod” (sin26 — #sin0) ( field) (3.4a)
Mpear = ke sin 7sin near-fie .
(T — Anoko]gdz . . .
Imig(W) =10 39,23 s1n260 (mid-field) (3.4b)
S ) .
Re(W) = r\/erwsm 6 (far-field) (3.4¢)

Figures 3.3a and 3.3b illustrate the classfied power density of magnetic and elec-
tric dipoles, respectively, when placed in either free space or in biological tissue (e, =
80 at 21 MHz) withd =1 cm, a=27 cm, I, =1 A, and 6 = 45°. Unlike conventional
EM systems which operate either in the near- or far-field regimes and thus one of the
radiation, induction or quasi-static term dominates, all three terms are comparable at 10s
of MHz across the human body (r < 2 m) since the near-field dominant region decreases
from ~2 m to ~30 cm in tissue, and thus conventional EM analysis based on either far-
or near-field phenomena is not appropriate. Thus, all analysis of mHBC systems should
consider all modes of operation, similar to what is needed in recent work on wireless
charging of small implants [46,47].

Interestingly, Fig.3.3a and its corresponding equations reveal that far-field ra-
diation power from a magnetic dipole is enhanced in tissue at human-compatible dis-
tances due to the high relative permittivity of tissue; this is also similar as the radi-
ation efficiency enhancement by dielectric loading for electrically-small high-() loop

antenna [48]. The enhanced far-field energy confined in the human body enables body-
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Figure 3.3: Classified power density generated by: (a) a magnetic dipole antenna, and (b) a
electric dipole antenna placed in biological tissue or in air. (c) 3D FEM simulation results of a
magnetic dipole antenna in biological tissue or in air.

range wireless coverage with 1/r? attenuation in the body and less path loss fluctuation
by coil misalignment [49]. 3D finite element method simulations, as shown in Fig.3.3c
in free space and in tissue, validate that, for the same amount of input power, the pres-
ence of tissue can increase power transfer between coils. In contrast, quasi-static power
from an electric dipole degrades inversely proportional to €, in biological tissue, thereby

suggesting that mHBC transducers have an intrinsic field-generation-benefit over their
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eHBC counterparts. Similar conclusions have been made regarding antennas in seawa-

ter [50,51].

3.1.2 Human Body as a Leaky Dielectric Waveguide

When mHBC coils are wrapped around anatomy (e.g., like a wristwatch or a
headband), the far-field component of generated EM waves internally reflects between
the tissue-air boundary, thereby creating a dielectric waveguide-like effect that serves to
guide these waves along the body, ultimately helping to decrease path loss.

To analyze this behavior, first consider a simplified model of a human limb, rep-
resented by a cylinder, with TX and RX coils wrapped around as illustrated in Fig.3.4a.
In this model, the field excitation of the TX is considered as an ideal magnetic dipole
placed at the center of the cylinder’s cross-section (i.e., the xy-plane in Fig.3.4a), which
would nominally support a family of circularly symmetric TE,, guiding modes along
the limb under normal circumstances (i.e., at higher frequencies than the cutoff frequen-
cies of guiding modes). However, the TE(; mode (the lowest order mode with magnetic
dipole excitation) of dielectric waveguide propagation has a cutoff frequency of ~ 260
MHz for a 5 cm limb radius [52, 53], and thus conventional waveguiding analysis is
inappropriate to address wave behavior at 10s of MHz. Although dielectric waveguides
operating below the cutoff frequency can still guide waves and be modeled in a leaky
mode [54], such classical guide-mode analysis relies on a waveguide that is several mul-
tiples of the wavelength long such that all wave vectors can be assumed to have uniform
incident direction like a plane wave. In contrast, mHBC typically operates within one
wavelength (~1.6 m at 21 MHz in tissue) where the far-field EM waves are radiated om-
nidirectionally as described in Eqn. (3.3c), and thus a new analytical method is required
to deal with the behavior of non-plane waves inside a cylindrical body shape.

To do this, the field pattern of the magnetic dipole can be split into near-, mid-,
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Figure 3.4: (a) Analytical model for cylindrical dielectric waveguide of a human limb, (b)
incidence, reflection, and transmission of perpendicularly polarized EM wave at the tissue-air
boundary, and (c) total reflection condition.

and far-field components:

, K12, 1 . |
Hear = ¢ (7)*(72c0s0 -+ fsing)e 77— (3.52)
= Ajnk?)loaQ Lo o it
) Y Sl Sy j(kr—wt) )
id ) 1 ( k:r) sinbe (3.5b)
, KIa?, 1 i |
Hopig =~ ; ¢ (1) (P2c0s0 4 Bsing)e 707 (3.5¢)
E. = _ J(kr—wt) )
far = O 1 (kr)sme% (3.5d)
; k30?1 . 1 .
Hpor = —6" ; ¢ (=) sinfe 7070 — R (3.5¢)
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Here, the near- and mid-field components arising from the magnetic dipole are
stored in a reactive power represented as the imaginary part of Poynting vector, and do
not reflect at the tissue-air boundary. Thus, the average B-field of the near- and mid-field
components can be easily analyzed using the boundary condition for quasi-static E- and
H-field (see Appendix B). As illustrated in Fig.3.3a, the power density of the near- and
mid-field components at 21 MHz dominate the far-field component in at distances under
~2 m in air; however, the enhanced far-field radiation inside the body enables longer
communication range because the far-field portion attenuates with 1/r? rather than 1/r3
(mid-field) or 1/r° (near-field). In other words, the high permittivity of human tissue
at 10s of MHz enables a near-field component that is un-degraded from operation in
air, while simultaneously enhancing mid- and far-field components, the latter of which
helps overcome the nominal distance restrictions of conventional near-field coupling
approaches [41,46,47,55].

Importantly, the leaky waveguide behavior in the cylindrical limb shape helps
to further improve path loss in the region where the far-field radiation dominates over
the others (i.e., r > 0.25 m where ¢, = 80 at 21MHz). Unlike the near- and mid-field
components, the far-field components form a transverse EM (TEM) wave along omni-
directional radiation direction vector 7, and thus fundamental wave theory regarding the
boundary conditions does apply in the far-field in tissue (though the non-uniformity, as
described above, requires new analysis). Interestingly, when perpendicularly-polarized
TEM waves arrive at the tissue-air boundary, reflection and transmission can occur ac-

cording to Fresnel equations as depicted in Fig.3.4b and by:

\/€,cos0; — cosb,

r = 3.6
+ \/€,-c080; + cosb, (3.6a)
2./€,cos0;
T, creos (3.6b)

B V€rcost + cost,
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Figure 3.5: Analysis of leaky dielectric waveguide excited by an ideal magnetic dipole.
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For total reflection to occur (i.e., |['; | = 1), cosf; should be zero or imaginary.

With this condition, the critical incident angle (6..) can be derived as:

0; >= 0. = arcsin( l) (3.7)

€

As an example, when the center of a TX coil is placed on the center axis of a
cylindrical human arm, 6.. is 6.4°, which means that total reflection occurs if the radiation
angle from the source () is smaller than the critical radiation angle (6,. = 90°- 6. =
83.6°) as depicted in Fig.3.4c. Here, the distance where total internal reflection begins
to occur is defined as the unit length, b = a - tand..

To quantify how total internal reflection serves to fortify magnetic field strength
distally along the human body, a ray-trace-like model, shown in Fig.3.5a, is used to av-
erage flux density (B) across an RX coil with area A, = ma? based on how many flux
vectors, whose numbers increase with unit length b, reach distance z=Z. To simplify
analysis, an increasing number of totally reflected flux vectors can be summed by a rep-
resentative model of a cylinder whose radius is effectively expanded (a* = aZ/b) to
contain the same total number of flux vectors without reflection as depicted in Fig.3.5b.
When the initial radiation pattern has cylindrical symmetry as shown in Eqns. (3.5d)
and (3.5e), the far-field propagation in a cylindrical waveguide can be easily described
by converting from a cylindrical coordinate system to a rectangular one through the
cross-section of the cylindrical medium. Here, to account for the change in vector direc-
tion during reflection, it can be shown that the H-field of perpendicularly polarized EM
waves on the xz-plane cross-section (¢=0) has only  and Z vector components that can

be rotated as illustrated in Fig.3.5¢ and by:

Dym = —1 (whenm = 4n — 3 or 4n — 2)
=1 (whenm = 4n — 1 or 4n)
(3.8)
D.,, = —1 (whenk =4n — 2 or 4n — 1)

=1 (when m = 4n — 3 or 4n)
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where n is a natural number. The average far-field B-field passing through an RX coil
placed at z=Z in the cylindrical tissue model can then be derived (see Appendix B) as

shown below:

Bfar,avg(Z ~ Nb) = Bﬂﬁ,faﬁaW(Z) + Bzvfar’a’”g(Z) (3:9)
€, ptok?l, N (m—1)aZ maZ
(where Bx,far,avg(Z) =T 5 Z Dmm[ N 2 2 2]
R e T T

ma + v Z?% + m?a?
(m —1a+ /22 + (m — 1)%a?
ma (m—1)a
2 55 T 2 )
Z2+m?a®>  \/Z%+ (m—1)%

e, k21 N
and B. jorang(Z) = B2 S Do
m=1

These results of far-field waveguide analysis can be simply added to the average
B-field of near- and mid-field components derived in Appendix B to compute the total

flux density as proposed and proved in [56]:

|Btotal,avg(Z)‘2 = [Bz,far<Z) + Bz,near,avg(Z)]2
+ [B%fa?“(Z) + Bx,near,avg(Z)]Q (310)

+ |Br,mid,avg<Z)|2 + |B9,mid,avg(z)|2

oly, 1 Z
(where Bw near avg(Z) = K <_ - 3)7
e 2 7?7 7P rg?
_ poloaV22? + a?

Bz,near,(wg<Z) 3
272\ Z? + a?
) Wokoloa
B’r’mi av Z) = €& —
midang\Z) = NG
tokoly 1 1

and BG,mid,avg(Z) = .7\/a ))

> 7 Vrre

Although this mathematically-derived wave propagating model is based on a
cylindrical limb which has no realistic curvature and no closed end, it is sufficient to
help explain how magnetic coupling can have longer coverage along human limbs than

over the air.
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3.1.3 mHBC Wireless Channel Link

The above analysis showed how to compute magnetic flux density (B) across an
mHBC system. To estimate path loss of a wireless mHBC channel, it is necessary to
compute the ratio of received power to available power at the source based on computed
magnetic flux density. An mHBC system can be mapped to a magnetically-coupled
circuit model as shown in Fig.3.6, which can be used to compute the maximum available

gain (MAQG) as follows:

MAG(z) = Posaman(2)  WM(z 2)2 /[SRZ(R + Ry + sz_w;)z]
Prowceavniatte - VE(Ry + =55 [2Ry(Ro + B+ 5552007 o
- wQM(z)
AR Ry(1 + ST

The mutual inductance, M, largely determines the path loss and is defined as how much
the magnetic field flux generated by the current of the primary coil flows through the

inner dimension of the secondary coil, and can be computed by:

P 1 A
M(Z) = 2}(2) [_ Bl( )dA - I_QBtotal,cwg(z) (312)
1 1J A, 1
M(r)
__C2§RL
JjwMi2 jwMiq
L2
C1 —R2"'—w|-2 C2opt=—5 55
OPt= wL Riopt =—50, T R+ dS

Figure 3.6: The simplified circuit model of magnetic resonance coupling for maximum power
gain estimation
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3.1.4 Health Safety of mHBC

Computing the magnetic flux density also enables estimation of the power dis-
sipated in human tissue to determine if it complies with tissue heating safety standards.
To estimate the power dissipated in tissue, imagine a coil of conductive tissue located
inside the cylindrical limb model as depicted in Fig.3.7a, which can be a path for eddy
currents induced by the TX coil. The resistance of this modeled coil can be estimated

as:
. 2T aeddy

- odadz

(3.13)

Rcoil in tissue (aeddy)

With the resistance of this modeled coil, the eddy current and its power density can be

derived as:

Jjw(z)

Rcoz'l in tissue

2
o wﬂ-aeddy Btotal,a'ug (Z)

[ Leddy(@eddy, 2)| = | 7
coil in tissue

= §w0aeddthotal,avg(z) da dz

1 1
Peddy (aedd:w Z) - 5 |Ieddy] 2Rcoil in tissue — ZWZUwagddydadz [Btotal,avg (Z)]2

Paay(Qeqay, 2 1
pv,eddy(aeddy7 Z) - % - gUJQO-agddy[Btotal,avg(z>]2 (314)
eddy

Sm\
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(b)

Figure 3.7: (a) the power absorption estimating model by a coil of the conductive tissue and (b)
its result.
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Fig.3.7b shows the local power absorption density induced by 0 dBm mHBC
transmitter coil. Here, power density (W/cm?) is represented in units of W/kg assuming
an averaged tissue mass density (1.1x 1072 kg/cm?®) in order to compare to the averaged
specific absorption rate (SAR) regulation (1.6 W/kg) which is commonly used as the
restriction for transmitting power of wireless communication systems [57]. Here, the
peak local power density of 0.23 W/kg from the O dBm transmitter is well under SAR
limits. Since in practice the required TX power is actually much lower than 0 dBm and
the averaged SAR should have a lower value by averaging in volume, practical mHBC

systems should be well under SAR limits.

3.2 Results

3.2.1 Validation of Analysis with FEM simulations

Figure 3.8 shows the simulated B-field pattern with and without 1.4-m cylin-
drical arm model, respectively, illustrating that far-field components tend to be more
concentrated along the cylinder due to the tissue-air boundary, while near-field compo-
nents remain the same regardless of the presence of tissue, as expected. Figure 3.9a
contrasts simulated B-field magnitude averaged in the cross-section of the limb model
to results from the developed far-field and near-field model in Eqns. (3.9) and (3.10).
The full-field EM simulation analysis matches well with the developed model until near
the end of the cylinder (which has a finite length in simulation but an infinite length in
the analytical model), while also showing the off-body fall-off of magnetic flux. The
far-field component of the B-field, which has slow attenuation (1/r), dominates the near-
field beyond the near-field region boundary, which recall was shrunk to 0.25 m inside
the body (at 21 MHz with ¢,=80), in Fig. 3.9a, while providing better communication
coverage than over-the-air quasi-static near-field which has fast attenuation (1/r®) within
a 2-m body area as depicted in Fig. 3.9b. The enhanced far-field inside the body re-

sults in the better B-field propagation (~10x higher in simulation and ~30x higher
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in analysis at the edge of the body model in Fig. 3.10a), which improves the channel
gain described in Eqn. (3.11). With the impedance properties of the designed mHBC
coils and the averaged B-field results from analysis and simulation models, the channel
gain (MAG) can be estimated and be compared to the measured MAG as shown in Fig.
3.10b. The developed model predicts path loss with <1.8 dB error for distances > 1
m. At lower distances, the coils become strongly coupled [41] and the analytical model

underestimates path loss.

3.2.2 Measurement Results

To validate the developed physics and demonstrate the benefits of mHBC over
other wireless body-area networking approaches, prototype coils were developed to
wrap around the wrist (e.g., like a smartwatch) or head (e.g., like a headband or hat)

and used to perform channel measurements and deliver sensor information across the
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Figure 3.8: The 3D FEM simulated B-field pattern of far-field, near-field, and total field with
the cylindrical human limb model and in air
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Figure 3.10: (a) the total averaged B-field magnitude comparison between with body and in air
and (b) the estimated path gain from analysis and simulation and its comparison to the measured
path gain.

body. Figure 3.11a shows measured path loss across the human body when a coil is
placed on a stationary wrist, while another coil is moving along outstretched arms to
increase the distance between the coils. These results are contrasted with the developed
mHBC model along with other communication approaches.

Here, mHBC achieves a path loss less than 13.1 dB across the body, which
is 25 dB better than prior-art eHBC techniques [15], and >70 dB better than a 2.4

GHz Bluetooth RF measured with a ceramic chip planar inverted-F antenna (Yageo
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Figure 3.12: Additional results: (a) path loss across 40 cm between two wrap-around coils
(wrist-to-arm) or between a planar chest-worn patch and a wrap-around coil on an arm and (b)
Path loss fluctuation during motion (wrist-to-head)

ANTS5320LL24R2455A) over a 30 x 30 mm? ground plane of 1 oz 2-layer copper PCB
mimicking the form factor of wearable devices such as a smartwatch. Importantly, mea-
surements results performed using the same setup as mHBC, but in this case without the
human body present (i.e., measurements performed in air), reveal path loss degradation
of up to 30 dB compared to including the body in the channel, which helps validate
the enhanced far-field component and leaky dielectric waveguiding effect of the human

body.
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To demonstrate that multiple coils can be used within a single body-area network
in both wrap-around and planar coil geometries, Figs. 3.11b and 3.12a show measure-
ment results of two- and three-coil systems communicating between the head and one
or two wrist (3.11b) or between the wrist and a chest-worn patch (3.12a), demonstrat-
ing <15 dB path loss at optimal frequencies in all cases. Note that the two-coil system
measurement results are from [30]. Motion of the human body, which adversely affects
conventional wireless channels via significant path loss variation (e.g., path loss down
to 90 dB [58], is shown in Fig.3.12b to fluctuate path loss by up to 7.8 dB, which can be

easily managed by high-efficiency, low-complexity receiver circuitry.

3.2.3 System Demonstration

To demonstrate that mHBC can be used in realistic scenarios, a wearable EEG
data acquisition system was developed to measure brain activity and deliver sensed in-
formation from the head to a wrist-worn RX device (Fig. 3.15. Figure 3.13a shows that
measured symbol-error-rate (SER) curves achieve reliable performance at data rates up
to 656.25 kbps at transmit powers below -33 dBm for -65 dBm RX sensitivity (in con-

trast, most Bluetooth radios utilize >0 dBm transmit power and <-95 dBm RX sensitiv-
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Figure 3.13: Demonstration results: (a) symbol-error rate curves at various data rates and (b)
Comparison between the acquired EEG data in the TX unit and the demodulation result of re-
ceived data on the RX side with -35 dBm transmit power.

49



ity for BAN), thereby demonstrating a 2,000 x reduction in transmit power with lower
RX complexity for high sensitivity compared to the CC2642R module. Measurement re-
sults of captured EEG data before and after mHBC transmission across the body in Fig.
3.13b reveal that the developed mHBC system can reliably transmit sensed information
across the body with <10~® SER, demonstrating that mHBC is a practical technique to
achieve reliable communication around the body. The dramatic reduction in transmit
power and RX sensitivity can improve battery life of a wearable system incorporating
a 20 mWh Li-ion battery from 20 hours to >40,000 hours, enabling more convenient,

long-term operation of wearable devices for improved monitoring and diagnostics.

3.3 Methods and Material

3.3.1 Simulation Methods

All 3D finite-element-method (FEM) simulations are performed in Ansys HFSS
to validate the channel performance of the proposed mHBC concept using realistic body
surface meshes. To this end, two 3D meshes obtained by scanning the geometry of two
separate postures of a standing male subject with a WB4 laser are utilized. Mesh data
was provided by NEVA Electromagnetics Inc. [26], and the resulting model is shown
in Fig. S1A. Although this silhouette model excludes internal organs and features, the
model is sufficient to characterize the field behavior at the tissue-air boundary.

In addition to physical geometry, the dielectric properties of biological tissue
must be also considered for realistic simulation results. Since the dielectric properties
of tissue depend on the operating frequency as reported in [27], the FEM model should
incorporate the relative permittivity and conductivity with frequency-dependencies as
depicted in Figs. 3.14b and 3.14c. However, since the employed 3D body model is
a single uniform piece without layers such as skin, organs, and bones, the dielectric
properties, which are on average similar to one another compared to air, are instead

averaged across the body, weighted by their respective volumes, and assigned to the
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Figure 3.14: Practical human body model and its simulation results: (a) body surface meshes
for HESS, dielectric properties of human tissues: (b) relative permittivity and (c) conductivity,
and (d) path loss simulation results.

lumped body model. Thus, Fig. S1B shows not only the dielectric properties of several
important tissue types but also their weighted average. Here, Fig. 3.14d depicts the
simulation results of the various postures shown in Fig. 3.14a, while validating the
measured path loss fluctuation (up to 7.8dB at 21 MHz) by natural human body motion
shown in Fig. 3.12b. The cylindrical model, employed to validate the proposed analytic
model in Fig. 3.8, used a 1.4-m length and 10-cm diameter single bulk cylinder assigned
as the material with ¢, = 80 and ¢ = 0.2 Siemens/m at 21 MHz. The 10-cm diameter
coil was implemented with 2.6-mm diameter copper wires with appropriate shunt tuning

capacitance for resonance at 21 MHz.
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Magnetic fields are generated and received in FEM simulations using circular
copper coils. For coil placement around arms and legs, 10 cm diameter coils with 2.6
mm diameter copper wires were implemented. For coil placement around the head, 18
cm diameter coils were employed. To resonant at the HFSS solution frequency (nomi-
nally set to be 21 MHz), the designed coils were shunted with capacitors tuned for 21
MHz resonance after initial simulations revealed coil inductance. Also, to ensure the
accuracy of results from HFSS simulations, a Delta-S of 0.01 was used for the conver-
gence value of S-parameters, resulting in greater than 700,000 meshes. The simulations

applied a mixed order of basis functions to address both near-field and far-field radiation.

3.3.2 Measurement Materials and Methods

In order to validate the performance of mHBC systems as predicted from the de-
veloped analytical model and simulation results, path loss was measured with a vector
network analyzer (VNA). Unlike eHBC systems, which cannot employ large bench-
top instruments due to the parasitic return path by the internal ground plates of instru-
ments [42], magnetic coupling operates without needing reference potentials, and thus
path loss through mHBC links can be measured directly by a benchtop VNA [30]. In
this work, a Keysight ES071C VNA (Santa Rosa, CA), was employed. The coils were
implemented with enameled copper wires with PVC tube insulation to minimize the
electric body coupling, and sized to be the same as in the FEM simulations.

Again in contrast to eHBC schemes, which have difficult matching electrode
capacitance due to severe environmental/posture variation and the requirement of large
(e.g., >1 mH) inductors, mHBC coils can be easily matched via small (e.g., pF) ceramic
capacitors, and this matching is robust to environmental and posture variation. Since
matching is easily achieved, rather than designing matching networks at each individual
frequency tested, path loss can instead be measured via maximum available gain (MAG),
which is the best achievable path loss assuming the TX and RX are conjugate-matched,

via measurement of S-parameters and the following equation:

52



164.06 kbps

64 bits

0:[101010...1010]
1:[010101...0101]

Acg”"ed 328.13 kbps 32 bits ';’ﬁ_‘:t“gngy
v ata | 656,25 kbps 16 bits ift Code
N ef.
__%Electrode
| y
3 Serial-to-Parallel R Walsh Code .
S {'ﬂ‘ Interface (4 bits) Modulation (16 bits)| 21 MHz
S BE )
2 w 41.01 ksample/s 656.25 kchip/s Carrier
$ § 82.03 ksample/s 1.3125 Mchip/s
o :_; 164.06 ksample/s 2.625 Mchip/s Freq. Selective
D, Spreader
(b)
@ Power Management Block for TX TX side RX side
> % e 3.3V Fixed |4—| Adj Voo priver
-] T Output LDO Output LDO 3 Power Management Block for RX|
: g (TPS73633) [TT| (TPS73601) > .E
< < P = Véur n e | | 5VFixed || Inverting
< L] 2.5V Fixed |HH-| inverting i O R(Q+) % & L[ |outputLbo[ [charge pump
Output LDO ICharge pump| < L (TPS73650) [——| (TPS60403)
| (TPsS73625) [TT| (TPS60403) é [
| |
K AvDD| DVDD| [Dvss [ Avss l
T
1 .__<] EEG AFE Module v Cowen  VSS
5 Ei [: our
§ . Ref. Biasl\mp(TI ADS1299) = -L I VoD VDD VSS
w
= ! R, R: LNA
(8] Attenuator| Coil ¢, g E !
=4 i H G=20dB
0@ orver T LT |G TR
s LO| LPF
Conrolbits  SPidata U0 Sychronized Clock for RX
Control Data S2P & Freq.
Register 16-Walsh :;2?;: S \ :m:h e Level BB |:
i : »2 2250 [T Somont Shifter |
< For RX Mixer (AD831)|

(0

Figure 3.15: EEG demonstration: (a) the EEG data transfer prototype, (b) the block diagram of
frequency selective digital transmission (FSDT) modulation, and (c) a hardware configuration
for the EEG data transfer system.

In this work, S-parameters were measured ten times in three different instances,
and the results averaged before computing MAG. To validate that measurement of MAG
was satisfactory in determining path loss, a 21 MHz resonator was constructed, and
MAG and 521 measurements matched within 1.75 dB. Measurement of EEG transmis-
sion from the head to the wrist via mHBC required the development of a full transceiver
system. A photograph of the developed system is shown in 3.15a. The transceiver sys-
tem was engineered to be compatible with the IEEE 802.15.6 [59] employed for eHBC,
which uses frequency selective digital transmission (FSDT) for data modulation. As
shown in Fig. 3.15b, the FSDT scheme utilizes a frequency selective spreader to di-
rectly generate a 21 MHz carrier transmitting data signal with a 16-bit Walsh code. A

block diagram of the hardware prototype is shown in Fig. 3.15c.
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The mHBC TX unit, placed on the head, performed EEG acquisition with a
Texas Instruments ADS1299 analog front-end (AFE) module (Dallas, TX) that employs
programmable gain low noise amplifiers, 24-bit AY. analog-to-digital converters, and
an internal reference bias driver. The TX was controlled by an Opal Kelly (Portland,
OR) XEM6001 field-programmable gate array (FPGA) to control the operation of the
EEG AFE module as well as modulate the acquired EEG data via the FSDT scheme
as described in Fig. S2B. The 18 cm diameter TX coil (637.2 nH with () factor of 27)
transmitted the modulated FPGA output via a driver comprised of N & P-channel power
MOSFETs (Fairchild Semiconductor FDG6332C). The output power was set with an
adjustable VDD, Driver from a low-dropout regulator (Texas Instrument TPS73601).
To constrain the transmitting power from the TX coil to below -30 dBm, a resistive at-
tenuator was placed between the 3.3 V FPGA output and the power driver. To mimic the
operation of battery-power wearable products, the developed prototype included a power
management block incorporating LDOs (Texas Instrument TPS73633 and TPS73625)
and an inverting charge pump (Texas Instrument TPS60403).

The mHBC RX unit connected to a 10 cm diameter RX coil on the wrist and de-
modulated received data after a 20-dB gain LNA (Analog Devices AD4895) and a 0-dB
conversion gain mixer (Analog Devices AD831). An impedance matching network was
designed for the interface between the RX coil (300.1 nH with 95.23 () factor) and the
50 €2 input of the LNA at 21MHz. To simplify synchronization between transmitting
and receiving nodes, the FPGA provided the reference clock for down-conversion oper-
ation in the mixer. Level shifters were employed at the interface between the FPGA and

the output of the mixer. Finally, the FPGA performed the Walsh demodulation.

3.4 Conclusion

This paper has presented an energy-efficient way to improve the limited cov-
erage of inductive-coupling-based near-field communication by employing the human

body as a leaky dielectric waveguide for far-field radiation. Analytical modeling, 3D
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FEM simulations, and experimental evidence suggest that at distances larger than ap-
proximately 25cm, the far-field component indeed dominates inside the human body, in
part due to the high permittivity of human tissue (¢, > 80) that enhances the far field
radiation and shortens the wavelength, while offering a more favorable 1/7? attenuation
compared to the 1/75 attenuation of near-field components. Since the human body is on
the same order of size as the wavelength in tissue (e.g., 1.6 m at 21 MHz), conventional
leaky dielectric waveguide analysis, which requires an assumption of a uniform plane
wave (1.e., a waveguide that is at least multiple wavelengths long), is not appropriate for
analysis, and thus the proposed ray-tracing-like analytical method is proposed.

The developed theoretical analysis, 3D FEM simulations, and measurements of
mHBC systems in representative scenarios all agree that mHBC offers a multi-order-of-
magnitude path loss improvement over other forms of wireless communication around
the human body. Additionally, measurement results revealed relatively constant path
loss variation during natural human motion. Low path loss and low variation will help
enable the design of low-complexity, low-power integrated transceiver circuits in future
work to ultimately enable wireless body-area connectivity at much lower power than
current solutions provide. This will help facilitate further improvements in size and/or
battery life of wearable devices for applications ranging from sports, fitness, medicine,
personal entertainment, and beyond.

Chapter Three is largely a combination of material as it is submitted to Proceed-
ings of the National Academy of Sciences of the United States of America (PNAS):
“Energy-Efficient Intra-Body Wireless Communication via a Human Body Dielectic
Waveguide” and as it appears in "Magnetic Human Body Communication,” in Annual
International Conference of the IEEE Engineering in Medicine and Biology Society
(EMBC), August 2015, which both are written by Jiwoong Park and Patrick P. Mercier.

The dissertation author is the primary investigator and author of this work.
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Chapter 4
A Sub-10 pJ/bit 5 Mbps Magnetic

Human Body Communication
Transceiver Demonstrating
High-Fidelity Audio Trans-Body
Delivery

Advances in wearable devices such as wireless headphones, head-mount dis-
plays, and medical monitoring sensors have offered exciting opportunities to improve
lifestyle in terms of both entertainment and health. Nearly all such wearable devices
require wireless communication functionality, either directly to cellular or WiFi access
points, or via a local body area network (BAN) which then connects to commodity wire-
less equipment via a single node (e.g., a smartphone or smartwatch). Since wearable
devices must be sufficiently small to comfortably fit within human anatomy, and since
radios often dominate the power consumption of such devices [38], ultra-low-power
BAN:Ss are typically preferred over direct communication to distal access points.

The most popular BAN approach today is Bluetooth Low Energy (BLE). How-
ever, this 2.4 GHz RF standard was originally designed for free-space communication
at a distance of >10 m, rather than for a short-range BAN: the broadcasting nature of
2.4 GHz RF results in severe loss across the human body, which absorbs RF energy
quite well at 2.4 GHz, thereby significantly increasing path loss over free space scenar-

10s [1,60], as illustrated in Fig. 4.1a. As a result, BLE transceivers must support large

56



|-> H-field flux

*
L
=
-

3
%
5=
-

[~ €=

o

- —————

Poynting
Vector

{477 - m

(a)

>

Figure 4.1: (a) Conventional RF broadcasting (e.g. Bluetooth). (b) Capacitively-coupled eHBC.
(c) mHBC.

amounts of power-expensive amplification (e.g., ~mW-scale for 1 Mbps data transfer),
causing BLE to dominate the power of wearable devices, to the point that small devices
such as wireless earbuds have battery lives of only a few hours.

Instead of broadcasting RF energy, researchers have proposed using the human
body itself as a conduit for lower-frequency quasi-static fields, as illustrated in 4.1b,
which theoretically supports lower path loss [61]. Since then, many electric-field-based
human body communication (eHBC) transceivers have been demonstrated [62-70]. In
general, these transceivers have demonstrated improved energy-efficiency over conven-
tional RF approaches due to improved path loss. However, as will described in Section
I, path loss measurements were not necessarily done correctly in most cases, with ac-
tual losses higher, which will result in reduced energy efficiency in practice. In addition,
capacitive coupling to the body and the environment can change substantially with pos-
ture and normal movement, which requires bulky dynamically-tunable inductors [71]
that are difficult to efficiently implement over a wide range of conditions.

To further reduce path loss and improve the ability to dynamically tune for vary-
ing posture and environmental conditions, we have previously proposed magnetic hu-
man body communication (mHBC) [30], illustrated in Fig. 4.1c. In mHBC, path loss

has been measured to be as low at 10-20 dB across a ~1 m human body, which compares
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Figure 4.2: System block diagram of the proposed mHBC transceiver.

favorably to ~80 dB in RF, or ~40 dB in eHBC. Theoretically, a lower path loss enables
the design of transceivers that require less amplification and less complexity, resulting
in reduced power consumption towards a longer battery life for wearable devices.

This chapter start by briefly describing the mHBC technique in general and con-
trasting to other BAN approaches in Section 4.1. In Sections 4.2 and 4.3, we discuss
how to design a low-power mHBC transmitter (TX) and receiver (RX), respectively,
that can each operate at high instantaneous data rates to support high energy efficiency.
Section 4.4 then reports the performance and specifications of the implemented mHBC
transceiver. Finally, Section 4.5 verifies that the proposed mHBC transceiver depicted
in Fig. 4.2 works in a practical scenario via the demonstration of 5 Mbps high-fidelity

(Hi-Fi) audio data transfer between phone-mounted and ear-mounted prototypes.

4.1 Wireless Body Area Network Approaches

4.1.1 Sub-6 GHz Radio Frequency

The most traditional way to communicate across the body involves propagat-

ing RF waves operating in one of the main Industrial, Scientific, and Medical (ISM)
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bands between 400 MHz and 5 GHz. Due to the relatively high conductivity of biolog-
ical tissues at frequencies in the high-MHz range and beyond, the human body ends up
blocking a large fraction of broadcast power from a body-worn antenna, as loosely illus-
trated in Fig. 4.1a. For example, the body shadowing effect increases the 1.5 m channel
loss of a 2.4 GHz Bluetooth communication link from 40 dB to upwards of 85 dB [1],
as summarized for various BAN-relevant distances in Fig. 4.3. Another study reported
that a 17-cm-long ear-to-ear communication link has 98.2 dB channel loss due to high
insertion loss around the brain [60]. Such severe path loss degradation requires higher
power communication circuits to achieve higher TX output power as well as better sen-
sitivity and wider dynamic range for RXs. Furthermore, due to the broadcasting nature
of sub-6 GHz RF communications, all such systems must support elaborate medium ac-

cess control techniques to support multi-user access in congested environments, while
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Figure 4.3: Channel gain comparison of mHBC to previous wireless BAN approaches.
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also providing careful encryption services to data privacy and security, both of which
may require even more power consumption. For this reason, researchers have explored

other BAN techniques in an attempt to reduce power.

4.1.2 Electric Human Body Communication

In 1995, researchers proposed to use the human body as a conduit of quasi-static
electric fields [3]. While there are multiple ways to accomplish this, the most popular
to date relies on capacitive coupling. Capacitive eHBC specifically attempts to improve
channel gain by employing the human body as a forward signal path while utilizing
the naturally-occurring capacitive coupling with the environment as a return path as
illustrated in Fig. 4.1b. Many early studies showed that path loss in capacitive eHBC
systems could be quite good: for example down 40 dB across the body [15]. However,
most such studies did not perform path loss measurements correctly: the presence of
large ground planes of measurement and test equipment inadvertently resulted in high-
quality capacitive return paths that caused artificially better path loss. In general, the
only way to accurately measure eHBC path loss is via battery-powered form-factor-
accurate devices [42]. When done in this manner, measurement results reveal worse
path loss than previously estimated (e.g., 32 dB over 20 cm at 72 MHz in [42], or 49 dB
over 25 cm at <1 MHz in [72]), though still with arguably advantageous performance
over far-field RF approaches in a BAN. Figure 4.3 summarizes the path loss results
in [15], though it should be noted that due to the large employed electrode and ground
planes enable better path loss than a smaller form-factor-accurate prototype would.

Capacitive eHBC approaches also have favorable multi-user access and secu-
rity/privacy benefits, since the signals are much more localized to the human body than
broadcasting RF. Unfortunately, as a result, capacitive eHBC approaches are also very
sensitive to environmental and postural variation. As a capacitive interface, these ap-
proaches require a variable inductive matching network, if narrowband tuning and pas-

sive voltage gain are desired for maximum sensitivity, which can be difficult to imple-
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ment efficiently and reliably over a wide range of conditions [42,64,71]. Alternatively,
wideband high-impedance termination can be used, which eases variation requirements
at the expense of the absence of passive voltage gain [72].

Thus, while there is still promise and potential for eHBC-based BANs, chal-
lenges remain. The next subsection will show that mHBC offers additional significant

advantages that make it an arguably even more attractive approach.

4.1.3 Magnetic Human Body Communication

Part of the challenge of capacitive eHBC systems is the differential nature of
voltage measurements: they require both a sensing and a reference electrode. In capac-
itive eHBC systems, this configuration means that both the forward and return paths,
which are both highly variable, together determine the path loss. In addition, while the
human body is conductive, it is not exactly an excellent conductor, which reduces the
forward path gain.

The idea for mHBC came from two ideas: the human body is magnetically inert
(i = 1), and magnetic fields can be sensed in a single-ended manner (i.e., without re-
quiring a reference point), easing implementation requirements and reducing the impact
of environmental variation. With p, ~ 1 the thought was that magnetic fields should
exist within the body just as they would do in air. If mHBC were to operate only in the
near field, this conclusion would be correct.

To our surprise, however, the path loss between two coils in both simulations and
measurements was actually better with the body in the way at 10s of MHz than when
operating in air [30]. Measurement results in air and on the body are summarized in
both [30] and Fig. 4.3. On the body, path loss can be as low as 10 dB, which is far better
than RF or eHBC approaches. Due to the inherently single-ended nature, environmental
variations are low, and any existing variation can be easily handled by simple capac-
itive tuning (described in Section 4.2). Additionally, magnetic fields fall off rapidly

away from the body, providing some of the same multi-user access and privacy/security
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benefits of eHBC systems.

While initially surprising, we hypothesize that the improved performance is due
the presence of far-field components that have favorable properties at these frequencies
on the body. Specifically, it can be briefly noted that due to the high permittivity of
biological tissue (¢, > 80), the near-field region boundary (\/27) is reduced to 0.13 m
in tissue at 40 MHz due to the enhanced far-field radiation which has slower attenuation
(1/r?) than the near-field quasi-static (1/7°%). It is also known in the literature that mag-
netic loop antennas (i.e., coils) show better performance than electric dipole antennas
in high dielectric dissipative medium such as seawater, which has similar permittiv-
ity but higher conductivity than biological tissue [50,51]. Thus, it can be noted that
the proposed mHBC approach, when operating at 10s of MHz across the body, is dis-
tinctly different from conventional near-field magnetic approaches, for example Near
Field Communication (NFC), or Near Field Magnetic Induction (NFMI), by utilizing
components ranging from the near- to the far-field in a similar manner to recent work on
mid-field wireless power transfer [49]. With that being said, the far-field contributions
and subsequent advantage is currently only a hypothesis, and the exact physics describ-
ing mHBC are still under investigation and will be disseminated in a future publication.

Inclusion of far-field components also offer another advantage: less suscepti-
bility to TX-RX misalignment. Figure 4.4 shows the measured results of maximum
available gain (MAG) and the phase shift of an mHBC channel across various differ-
ent postures, demonstrating reduced path loss variation (i.e., <4 dB across an mHBC
channel). Here, the channel gain measurement was performed with a wristband coil
pair (()=60) insulated with thick PVC tube to minimize the effect of capacitive eHBC-
like coupling. It can be noted that while path loss experiences very little fluctuation
with posture, the phase shift of the mHBC channel does strongly depend on the angle
between the two coils. As a result, it is not desirable to employ phase-based modula-
tion schemes in low-power mHBC implementations. Instead, amplitude- or frequency-
modulated waveforms are more appropriate. In this work, we employ OOK modulation

at 40 MHz.
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Figure 4.4: Measured results of maximum available gain and phase shift of the mHBC channel
with various body postures.

Instead of capacitive coupling, magnetic resonance coupling is implemented
in wireless BANs to address the shortcomings of E-field-based wireless technologies.
Since the H-field energy travels freely through the biological tissues as illustrated in
Fig. 4.1c, mHBC exhibits excellent path loss compared to the E-field based approaches,
as plotted in Fig. 4.3 [15]. Also, unlike the eHBC system, the mHBC system estab-
lishes a wireless communication link without reference potential, thereby minimizing
the environmental influence and variations by user’s moving and postures. Interest-
ingly, magnetic energy can be confined inside a human body; therefore, it provides path
gain enhancement and rapid off-body path loss attenuation that enable high-secured and
energy-efficient data transferring [30].

Due to the extremely good path loss, mHBC offers a significantly relaxed link
budget to help reduce required transceiver complexity and power. For example, Fig.

4.5 illustrated a BLE link budget that, due to the additional 44 dB of body shadowing
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Figure 4.5: Comparison of required receiver sensitivity between 2.4 GHz RF Bluetooth Low
Energy and mHBC.

effect on top of the 43.6 dB path loss across 1.5 m plus margin for matching efficiencies,
antenna gain, and so on, requires an RX sensitivity of -97.6 dBm for a 10 dBm TX output
power, which requires mW-level power consumption. In contrast, the low mHBC path
loss, plus margin for channel variation and matching, permits significantly reduced TX
power and sensitivity. Due to fixed overheads in both transmit and receiver circuits, it
does not make sense to push TX power too low, or RX noise figure too high, in order
to arrive at an optimally-low transceiver power consumption. For example, a -25 dBm
TX output power and an -55 dBm RX sensitivity are reasonable link budget selections
to enable energy-efficient operation to cover a 1.5 m body-area link. This link budget

enables a dramatic reduction in transceiver power consumption, as will described in the

Sections 4.2-4.4.
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4.2 mHBC Transmitter Implementation

As described in the previous section, the relaxed link budget offered by mHBC
affords a very relaxed TX output power specification. Unlike in conventional RF TXs
where the output power is so high that the power amplifier largely determines the over-
all TX efficiency, the power of all downstream components in the TX matters when
transmitting such a small amount of power (i.e., -25 dBm is 3 W), which motivates a
simple, low-complexity TX architecture.

Figure 4.6a depicts a conventional TX architecture used in many low-power RF

applications. With such a low output power in mHBC, the power overhead of the syn-
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Figure 4.6: (a) A generic low-complexity TX architecture used in low-power wireless BANSs.
(b) An energy-efficient TX architecture for relatively-low TX output power. (c) A cross-coupled
LC oscillator employed for the mHBC TX PO.
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thesizer, the mixer, and the power amplifier can be significant, thus deteriorating the
global TX efficiency of the architecture [73]. A simpler, lower-overhead approach in-
stead utilizes an inductor as both a radiative and resonant element at RF, as depicted
in 4.6b [74,75]. This architecture is well-suitable for mHBC applications, as a coil is
already needed to generate magnetic fields across the body, and can thus be simultane-
ously re-purposed as a resonator in a power oscillator (PO). The general structure of the
power oscillator is shown in 4.6¢c, where the tail current source is modulated in order
to quench and regenerate the oscillation for on-off-keying (OOK) modulation. Interest-
ingly, capacitively tuning the inductor to the correct frequency enables, in conjunction
with the oscillator’s positive feedback structure, automatic impedance matching of the
coil, and thus no additional matching network is needed.

However, the proposed PO-based TX encounters two principal challenges re-
lated to mHBC applications, specifically regarding a trade-off between (), path loss, and
data rate, and frequency stability during motion; both of these will be described in more

detail below.

4.2.1 Challenges of PO-based Direct-Modulation Trans-

mitters
Bandwidth-Path Loss Trade-off

The achievable 3-dB bandwidth of the transmitter is defined by f,/Q). This defi-
nition implies that () cycles are nominally required to generate or quench an oscillation
to create an OOK symbol. Figure 4.7a illustrates this by showing how long it takes
the PO to turn on and off for various (J-factors. Due to this restriction, a () of 50 at
40 MHz, for example, limits the transmission data rate up to approximately 800 kbps.
While faster data rates are technically possible, the oscillator does not have time to set-
tle or quench, resulting in amplitude-shift-keying-like (ASK-like) modulation with a
poor modulation index due to high-() filtering, as illustrated in Fig. 4.7b. Obviously,

reducing the () of the TX coil can ensure sufficient bandwidth for fast data transmis-
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Figure 4.7: Bandwidth limitation caused by high @ coils: (a) Shut-down and start-up time of
the PO that needs for () cycles; (b) too fast data rate results in a poor modulation index; and (c)
the trade-off between bandwidth and the channel gain.

sion. However, this () comes with an important trade-off: path loss of mHBC systems
is generally improved with higher () coils. This trade-off is depicted in Fig. 4.7¢c, which
shows that for the indicated coupling coefficient and (Qrx, going from a Q7 x of 10 to
50 improves the path loss by 7 dB. However, at the same time, the bandwidth decreases
from 4 MHz to 800 kHz. This trade-off is one of the reasons why conventional NFC
protocols utilizing low-frequency (13.56 MHz) near-field coupling cannot support high
data rate communications. The specific goal of the TX design is to obviate this trade-off
and enable high data rates without sacrificing path loss. Section 4.2.2 will describe how

this TX design will be accomplished.

Inductance Variation

It is well known that the inductance of a flexible wearable coil can fluctuate with
normal human motion. Although rigid inductors could be used in certain embodiments
(e.g., integrated into the housing of a smartphone), their inductance can still vary with
environmental variation, albeit less severely than physically flexible coils. Thus, some
form of inductance compensation would be useful.

Our experiments indicate that flexible wearable inductors can have inductance
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Figure 4.8: The inductance fluctuation of wearable mHBC coils: (a) path gain degradation by
resonant frequency mismatch between TX and RX; and (b) an example of circuit malfunction:
injection pulling.

variation of up to 20%. Figure 4.8a illustrates how such variation might affect path loss:
without compensation, path loss could degrade by up to 15 dB at a carrier frequency of
40 MHz. One possible solution to this is to injection-lock the power oscillator. Figure
4.8b shows that injection locking can help over a £8% range, but if the resonant fre-
quency of the PO is out of the locking range, the TX output generates harmonic tones
that destroy signal fidelity. Fortunately, this inductance variation only occurs at human
time scales (milliseconds), and the circuits shown in Section 4.2.2 will be able to com-

pensate for this variation with more than sufficient speed.

4.2.2 TX Circuit Design

Figure 4.9 shows the proposed mHBC TX circuit design to mitigate the chal-
lenges and trade-offs described above. The PO consists of a center-tapped mHBC caoil,
a capacitive digital-to-analog converter (DAC) for frequency tuning, a cross-coupled
pair, and a tail current source used for data modulation. To rapidly kick-start oscilla-
tions without having to wait for () cycles as a conventional implementation would, the
PO is injection locked via a 40 MHz crystal oscillator (XO) and transistors M;; and

M;o, which together serve to accelerate oscillator start-up time by 13.3x. Injection
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Figure 4.9: Proposed TX implementation for fast-data-rate communication and with dynamic
resonant frequency calibration.

power control is enabled via a 3-bit binary weighted current source, enabled only when
injection control is enabled and the OOK symbol to be transmitted is a logic “1”. To
rapidly quench oscillations without having to wait for () cycles, switches SW1 and SW2
are introduced, which serve to dynamically reduce the tank’s ()-factor during off times
while improving the quench rate by 10.5x.

In order to ensure the TX is tuned to the correct center frequency, and to fur-
ther ensure that injection locking is most beneficial, an all-digital frequency-locked-loop
(ADFLL) is employed. The fast control bit output (2.5 Moutput/s) of the ADFLL de-
picted in Fig. 4.10 [76] enables automatic LC oscillation tuning within 10-20 us, and
is only activated between packets every 1-10 ms, which is sufficient to compensate for
slow inductance changes (>50-ms scale) of wearable coils.

The proposed rapid kick-start and quenching circuits, along with the ADFLL,
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Figure 4.10: Detailed block diagram of the all-digital-frequency-locked-loop.

help to de-couple the bandwidth-path loss trade-off described above. With the proposed
circuitry, the developed mHBC TX successfully generates OOK modulated outputs at 5
Mbps even with a ) of 50 for good path loss, enabling operation in the upper right-hand

corner of Fig. 4.7c.

4.3 mHBC Receiver Implementation

Design of the mHBC receiver must follow similar principals to that of the trans-
mitter: a low-complexity architecture with a small number of blocks is likely preferable.
A conventional heterodyne or even a direct-conversion receiver architecture is likely not

appropriate, due to the power overhead of local oscillator (LO) generation. Instead,
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most ultra-low-power receiver architectures utilize a direct envelope-detector-based ap-
proach [77-80]. The following subsection will discuss the typical challenges of such

approaches, and how mHBC can help.

4.3.1 Design Challenges of Direct-ED Receivers

The most problematic characteristic of direct-ED receivers is that they demodu-
late everything at their input to baseband - including interferers. Figure 4.11a shows the
common-source-amplifier-based (CS-amp-based) ED with an RC low-pass filter imple-
mented in the proposed mHBC RX. Because this ED performs down-conversion utiliz-
ing 2nd-order intermodulation harmonics, the conversion gain, A, .o, is determined by
the 2nd-order transconductance, g,,2, of the employed MOSFET, and the magnitude of
the input fundamental carrier tone. Without careful filtering, all broadband interference
will be down-converted to baseband, which causes demodulation failure as illustrated
in Fig 4.11b. To minimize this issue, [78—80] implemented high-() front-end filters to
reject interference.

Fortunately, mHBC can alleviate the interference susceptibility thanks to its
physically-inherited properties. First of all, an mHBC receiver naturally has a decent
bandpass filter via its RX coil. Since there is no easy way to enable wideband data re-

ception at the RX without a priori knowledge of the incoming data, a low-() coil must

X Vin Desired
f,\\&j BB AMES—> Signal Interference

Envelope
Detector -OW-Pass
Filter

Vin

y ‘ ., Vout fo
o fo_fotfmod Freq
2nd order
harmonicsﬁlonv(fmod)
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l fT B 3 0 >
(a) (b)

Figure 4.11: (a) A CS-amp-based ED with a RC filter and its down-conversion gain by 2nd-order
inter-modulation. (b) The interference issue plaguing non-coherent down-conversion receivers
without channel selection filters.
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Figure 4.12: An additional benefit of mHBC: interference rejection by the RX coil and the
human body channel itself.

be used (noting that the same coil as the TX could be used, but with intentionally de-
(Q-ing resistors added to the tank). Despite a lower than desired () (e.g., Q) rx=8 here
for 5-Mbps data transfer), the coil still has the frequency response shown in Fig. 4.12,
which shows rejection of interference at the 2.4 GHz ISM band, the FM radio band, and
the 13.56 MHz NFC ISM band by up to 56 dB, 33 dB, and 22 dB, respectively. More
importantly, the body itself helps to provide additional rejection. As depicted in Fig.
4.3, RF radios and other off-body magnetic sources (e.g., NFC) have up to 80dB and
25dB more path loss around the body than on-body mHBC, respectively.

Therefore, a direct-ED architecture, when used in an mHBC receiver, can toler-
ate reasonable levels of out-of-band interference, and can thus help enable a low-power
implementation. Anecdotal testing of the developed receiver in a typical un-shielded lab

environment did not show any interference sensitivities. In-band interference, however,
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can potentially directly degrade the ability to receive the correct signals. While in-band
interference is expected to be rare at 40 MHz, a very proximal mHBC user could po-
tentially cause tangible interference. To mitigate this, frequency division multiplexing
(FDM) or time division multiple access (TDMA )functionality can be added in future
work.

It should also be noted that A, .., of ED is determined by the voltage magnitude
of the fundamental input tone, which can result in poor gain and noise performance
depending on the input signal level. For instance, the -55 dBm RX input power of the
target RX sensitivity produces a 2 mV input voltage swing with the designed RX mHBC
coil. Given a power budget of 3 uW (0.6 V and 5 A) and Rgp of 80 k€2 (for Vo >100
mV), A, conv 18 only 0.443 (-7 dB) and the noise figure (NF) is 55.5 dB, which provides
-39.5 dBm RX sensitivity - not good enough. To mitigate this problem, a preamplifier
was implemented for better A, .., and NF, and finally better RX sensitivity. At40 MHz,

the preamplifier power is not exorbitant and is well justified to help improve sensitivity.

4.3.2 RX Circuit Design

The overall receiver architecture is shown in Figure 4.13. As described above,
a preamplifier is placed in front of the ED to improve RX sensitivity. The amplifier
utilizes an n-type dynamic-threshold MOSFET (DTMOS) for inclusion of ¢,,,. Fig.

4.14a shows that this improves transconductance efficiency (g,,,/Ip) by up to 17% when

]
+ Ve _pRE1

RN

RX coil ]
designed I ]
forRP=RIN "]

Note: Bias circuits are not shown in this figure.

Figure 4.13: Proposed ultra-lower power and energy-efficient mHBC RX architecture and its
circuit-level design.
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Figure 4.14: Improvement of (a) first-order transconductance efficiency and (b) second-order
transconductance efficiency of an n-type dynamic-threshold MOSFET in deep sub-threshold
operation.

biased into deep subthreshold. The preamplifier was designed to achieve a voltage gain
of 19 dB and a noise figure of 31.6 dB, all for 1.8 W of power consumption. While
the noise figure may at first glance sound awful, the power consumption is extremely
low and, most importantly, the achieved sensitivity meets the needs of the mHBC link
budget, as will described shortly.

The CS-amp-based ED also employs an n-type DTMOS amplifier, in this case,
to enhance the 2nd-order transconductance via g¢,,;2, enabling a 37% improved 2nd-
order transconductance efficiency (¢,,2/Ip) as shown in Fig. 4.14b. By cascading the
preamplifier and ED, the down-conversion front-end was designed to achieve A, .on, =
31.1 dB and a noise figure of 35.9dB for 2 mV RX input voltage, which results in -59.1
dBm RX sensitivity with 2.4 yW total power consumption. This RX front-end meets
the needs of the proposed mHBC system.

After envelope detection, a single-to-differential (S-to-D) buffer is used to lessen
susceptibility to power supply fluctuations and provide low-pass filtering that helps to
reject high-frequency harmonics. Here, the S-to-D buffer was designed with low-Vt
devices to minimize input capacitance in order to ensure a 2.5 MHz cut-off frequency

of the ED RC filter (Rgp=400 k) and C'rp=150 fF). The S-to-D buffer then drives
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a fully-differential 3-bit variable gain amplifier (VGA). While the VGA compensates
the variable noise level of an ultra-low power comparator, a common-mode feedback
(CMFB) circuit adjusts the common-mode voltage of VGA output to the appropriate
value to minimize the error of the next-stage comparator. Also, by implementing the
oversampling decision scheme in an ultra-low power StrongARM comparator and the
following latch logic, the RX architecture can successfully demodulate data without a
power-hungry synchronization block. For the better impedance matching performance
between the mHBC RX coil and the RX input, the RX coil was designed for the parallel
resistance (Rp) at the resonant frequency (40MHz) of the LC tank to have the same

resistance value of the RX input.

4.4 Measurement Results

As summarized in Fig. 4.15, the mHBC TRX was fabricated in 1x1 mm? in
65 nm LP CMOS, and operates with a 0.6 V supply while supporting up to 5 Mbps
OOK modulation at 40 MHz with a high-¢) (>50) TX coil. The core area of the chip
is only 0.12 mm? as illustrated by the layouts shown in Fig. 4.15. The full transceiver
requires two external coils, several off-chip shunt tuning capacitors, and a reference
crystal. Depending on the power source (e.g., battery voltage), some sort of power
management circuits would be needed too [e.g., a 0.6 V low-dropout (LDO) regulator].

Figure 4.16 shows the measured TX output waveform under the worst-case mod-
ulation that alternates between 1s and Os at 5 Mbps. With the implementation of the
accelerated quenching and oscillation kick-start circuits, the mHBC TX improves the
ASK-like modulation index from 15.4% to 84.7%. Figure 4.17 shows OOK spectrum
results modulated by externally-applied pseudo random binary sequence (PRBS) bits
at data rates of 1.25, 2.5, and 5 Mbps. The signal spectral results were received by
an mHBC RX coil across a pre-measured 12-dB-path-loss channel (10 cm distance in
air with QQ7x=50 and () zx=8 of the wire-wound wearable coils designed only for test-

bench measurements) including bandpass filtering by the RX coil and a narrowband
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Figure 4.15: A implementation summary table, the die photograph, and the layouts of the pro-
posed mHBC transceiver

matching network only for the 50 €2 spectrum analyzer input. When de-embedding the
filtering of the measurement setup, the main lobe of the modulated TX output is esti-
mated to have a 3-dB bandwidth of 1.24, 2.38, and 4.7 MHz at data rates of 1.25, 2.5,
and 5 Mbps, respectively (ignoring the large carrier feedthrough tone due to the lack of
phase scrambling).

Figure 4.18 depicts the spectrum and frequency tracking results of dynamic res-

76



T T T
s H} |
a
g
= L
1 .
O bl - PQonIy
% Y A 01 e [II Ky it —Wlth IL '
= 0.5 p i 'HH'{l‘w'”"lw"::{”f‘l - & switch §
7y I I i " 1 T | T [T < TECE
> g | T R
o ' fb e (i1 \‘n“\‘ Ity ! ] ! Il \
(O] O il ! e | \‘l'
N i \ ]‘IH‘J N:I“‘ l‘hHi‘\‘”‘“iw ey !
= |l | BT . TR R S
0.5 (- 111 - R T
=-0. .: -.!':' I IR "R FHTARE A G
2 "l S '| ! i ! - 8"
-1 . i : 1
0 1 2 3 4

Time [us]

Figure 4.16: Measurement results of the high data rate capability of the proposed mHBC TX:
5.5x improved modulation index by rapid-quenching and kick-start circuits.
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Figure 4.17: Measurement results of the high data rate capability of the proposed mHBC TX:
measured OOK modulated spectra with various data rates, received by a wire-wound RX coil
(Q rx=8) with 10-cm distance air (12-dB loss).
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Figure 4.18: Measurement results of dynamic resonant frequency calibration for the proposed
mHBC TX: measured spectrum and frequency tracking waveform (inset) of ADFLL operation.

onant frequency calibration by the ADFLL. Here, to confirm whether the designed
ADFLL was working correctly, the LC resonance of the TX PO was intentionally off-
tuned to 40.4 MHz (blue dashed line in Fig. 4.18). Once the FLL starts operating,
the capacitor-array DAC in the PO is automatically adjusted to set the oscillation fre-
quency to 40 MHz (green dashed line in Fig. 4.18) in 10 us as shown in the measured
frequency-tracking result (the inset plot of Fig. 4.18).

As depicted in Fig. 4.19, the 4 x4 capacitor-array DAC with 0.2-pF unit capac-
itors was designed to cover +10% inductance variation of a 960-nH mHBC TX coil
because a printed-circuit-trace coil for hand-held mHBC applications in Section 4.5 has
lower inductance fluctuation (< £10%) than flexible wearable coils. The inductance
values for 40 MHz resonance were calculated in Fig. 4.19 with the tuning capacitance
(DAC + off-chip fixed capacitors) estimated by the measured resonant frequencies ac-
cording to the DAC bit configurations and the fixed 960-nH mHBC TX coil.

After a 20 us calibration period to set the PO resonance frequency in the injection
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Figure 4.19: Measurement results of dynamic resonant frequency calibration for the proposed
mHBC TX: measured inductance variation coverage by capacitor-array DAC in ADFLL.

locking range, the injection locking block is turned on to provide the rapid kick-start
behavior described in Section 4.2 and enhance the TX output power by 17.4dB (red
solid line in Fig. 4.18).

In 3D FEM simulation in Ansys HFSS, a TX output power of -24.8 dBm in
the TX default mode causes 73 W/kg specific absorption rate (SAR), which is much
less than the 2 W/kg IEEE regulation. The H-field flux density is 3.2 nT, which is
significantly less than an MRI machine (1.5 T), and is even less than earth’s magnetic
field (65 uT).

Figure 4.20a depicts the received signal strength variation under ordinary walk-
ing conditions. Due to both the mis-tuned carrier frequency caused by varying induc-
tance of the TX LC tank and the different channel distance in moving, the received
power can be fluctuating by up to 8.9 dB. However, once the ADFLL helps calibrate the
resonant frequency to the designed carrier frequency automatically, the received signal

strength fluctuates only up to 2.9 dB, which matches the posture data in Fig. 4.4 well.
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bit-error-rate results with various data rates.
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Figure 4.20b shows the RX bit-error-rate (BER) measurement results represent-
ing that the 0.1% BER RX sensitivity is -63.5 dBm to -56 dBm at data rates from 1.25
to 5 Mbps, respectively. These BER results were measured by providing the output
of a signal generator that has a configurable output impedance to match the RX input
(1.8 k2). The BER measurements were performed using 2x oversampling decision
logic with a clock generated separately by an on-chip XO for asynchronous and non-
coherent demodulation conditions. Here, all the curves in Fig. 4.20b depict the averaged
BER curves over ten measurements with arbitrary phase differences between the modu-
lated input signals and the RX logic clock.

Figure 4.21 demonstrates that a pair of mHBC transceivers with -24.8 dBm TX
output power and -56 dBm RX sensitivity settings successfully operated across a human
body at 5 Mbps with 388 ns latency (path loss was 20 dB over a 1 m mHBC channel,
Qrx=50 and Qrx=8).

As summarized in Fig. 4.22a, the mHBC TX transmits -24.8 dBm output power

with 18.6 ¢W of power consumption in the default mode, resulting in an energy effi-
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Figure 4.21: Measured waveform results of 1-m trans-body TX-to-RX data transfer.
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ciency of 3.7 pJ/bit and a TX global efficiency of 9.3%. These TX performance met-
rics can be improved by changing the TX operation mode (e.g., 1.5 pJ/bit with -34.1
dBm minimum TX output mode, and 13.5% with -22.3 dBm maximum TX output
mode). To the authors’ knowledge, this is the first wireless BAN transmitter achiev-
ing >5% TX global efficiency with <-20 dBm TX output power [73]. With 1.3 pJ/bit
energy-efficiency at 6.3 W of power consumption, the mHBC RX achieves a sensi-
tivity of -56dBm in the default mode and supports a 1.5-m mHBC channel using a
-24.8 dBm TX output. When including the 17.2 ¢W from the on-chip XO, the TX
and RX consume 35.8 yW (7.15 pl/bit) and 23.5 uW (4.7 pJ/bit), respectively. This
proposed mHBC transceiver is the lowest power and most energy-efficient amongst re-
ported eHBC transceivers when including the energy cost of frequency synthesis as

shown in Fig. 4.22b and Table. 4.1.

4.5 Demonstration

To demonstrate that the designed mHBC transceiver is capable of operating in a
practical wearable application, a Hi-Fi audio data streaming system was developed. As

illustrated in Fig. 4.23a, 2-channel analog audio data from a smartphone was converted

Table 4.1: Performance Comparison Table

N. Cho [62] | A. Fazzi [63] | . Bae [64] I.Lee[65] H. Cho [66] H. Cho [67] J. Lee [68] | W. Saadeh [69] S. Maity [70]

JSSC’09 ISSCC’09 JSSC’12  ISSCC’14  JSSC’15 JSSC’16 VLSI'17 JSSC’17 CICC’18 i
ey 180nm 130nm 180nm ‘ 65nm ‘ 130nm ‘ 65nm 65nm 65nm 65nm 65nm
process

EIEE eHBC mHBC
scheme
Frequency 18.375 20-60
band [MHz] 30-120 1-30 40-120 40 - 120 23,625 140-180 13.56 0-50 20-120 0-15 375-425
. Direct Double 3-level Direct P-OFDM Direct
Diedietiiton FSK Digital FSK Walsh BPSK BPSK | 00K | pivial BPSK Digital COK
Not
Supply [V] 0.9 1.2 1 1.1 1.2 1.2 0.8 Reported 1.1 1 0.6
Maximum
data rate 10Mbps 8.5Mbps 10Mbps 60Mbps 1.3125Mbps | 80Mbps | 100kbps | 100Mbps 2Mbps 30Mbps SMbps
TX power t
X 2.35mW 0.652mW 3.8mW 1.85mW 1.4mW 2.6mW | 21uW | 0.35mWf 0.87mW 9B3uW 36.7uW
consumption
TX E/bit
i i
(w/ XO) [pIbit] 235 76.7 380 30.8 1067 325 210 35 435 3.1 7.15
RX power 3.7mwW 215mW | 32mW | 9.02mW SmW | 6.3mW | 42.5.W | 2mW! 1.1mW 98w 23.5uW
consumption
RX sensitivity Not
[dBm] -65 -60 -66 -62 -98.3 -58 -72 Reported -83.1 -63.3 -56.6
RX E/bit ;
f t
(w/ XO) [pIbit] 370 253.2 320 150.3 3810 78.8 425 20 550 3.27 4.7

1 Note: Not including the power of frequency synthesis.
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Power [uW] | 17.2
Output power [dBm] -34.1 -24.8 -22.3
. PO (with IL) 71 18.2 26.0
";’ E‘ ADFLL.* 0.02
& = | CtrlLogic 0.34
Total 7.46 18.56 26.36
TX eff. (w/ XO) [%] 2.7 9.3 13.5
E/bit [pJ/bit] 1.5 3.7 5.3
Sensitivity [dBm]
(0.1% BER) e o .
Preamp 1.8
. ED 0.53
g s S-D buffer 2.6
S5=| BBVGA 094 | 13 | 19
Comp. + Logic 0.07
Total 5.94 6.3 6.9
E/bit [pJ/bit] 1.2 1.3 1.4
* Note : Operates for 20-ps duration every 1 ms.
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Figure 4.22: (a) A summary of the proposed mHBC TRX specification. (b) E/bit comparison to

Power consumption [mW]
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Figure 4.23: A Hi-Fi audio streaming demonstration: (a) demonstration block diagram; (b)
mHBC TX unit prototype fitted in a compact-sized smartphone; (¢) mHBC RX headphone unit
prototypes.

to a 5 Mbps lossless and non-compressed AES3 format, commonly employed in high-
performance wired digital audio interfaces, via a 2-channel 24-bit audio ADC and an
AES3 encoder.! Once the digitized audio data was applied to the mHBC TX data input,
the TX generated a 40-MHz 5-Mbps OOK-modulated signal with a 1 mm width 2-turn
mHBC TX coil (Q7x=50, Lrx=960 nH) printed on the outline of 1-0z copper print
circuit board (PCB) mounted on the smartphone.

As depicted in Fig. 4.23b, the designed TX PCB board contains all the compo-
nents for audio data transmission, such as an ADC, an AES3 encoder, an mHBC TX,
a TX coil, and power management blocks with a coin-cell battery, in the same size as
a compact smartphone (11x5.5 ¢m?), which mimics when the TX coil is deployed in-

side the smartphone. As shown in Fig. 4.23c, the mHBC RX unit employed a 32-mm

1t should be noted that this is not necessarily a pragmatic demonstration - compressed audio is likely
a better solution here. However, the main point of this demonstration is to show it is possible to transmit
high data rates across the body with high throughput.
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Figure 4.24: Waveform results of the proposed mHBC Hi-Fi audio streaming system.

diameter 4-turn wire-wound coil (QQrx=7.6 and Lrx=495 nH) mounted inside an in-
ear headphone prototype housing while playing the delivered audio data via the AES3
decoder and DAC.

Figure 4.24 shows that audio data was successfully transmitted from the smart-
phone TX unit to the headphone RX unit over a 1 m mHBC channel with no error bits
and <90 us latency (88 ps latency caused by the AES3 decoder), thereby demonstrating

that the proposed mHBC transceiver can be used as a real body-area network.

4.6 Conclusion

This chapter has presented the first transceiver designed to exploit the low path

loss of mHBC communication channels. Implemented in 0.12 mm? of core-area in
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65 nm, the TX and RX require only 7.15 and 4.7 pJ/bit, respectively, which exceeds
the efficiency of prior-art BAN systems that include frequency synthesis by an order
of magnitude, all at the lowest demonstrated power consumption when closing a real
human body channel link. State-of-the-art efficiency was accomplished by exploiting
the inherently low gain of mHBC links to design an ultra-low-power sub-V7z DTMOS-
based RX circuits with minimal sensitivity requirements, while employing a direct-PO
TX with synchronous kick-start via an ADFLL to raise the data rate when utilizing a
high-Q) TX coil. A Hi-Fi audio streaming via the designed mHBC transceiver validates
the practicality of the promising mHBC scheme.

Chapter Four is largely a combination of material in the following two papers:
”A Sub-404W 5Mb/s Magnetic Human Body Communication Transceiver Demonstrat-
ing Trans-Body Delivery of High-Fidelity Audio to a Wearable In-Ear Headphone,” in
IEEE International Solid-State Circuits Conference (ISSCC), February 2019, and ”A
Sub-10-pJ/bit 5-Mb/s Magnetic Human Body Communication Transceiver,” in IEEE
Journal of Solid-State Circuits (JSSC), November 2019, which both are written by Ji-
woong Park and Patrick P. Mercier. The author is the primary author and investigator of

this work.
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Chapter 5

Wireless Powering of Millimeter-Scale

Fully-on-Chip Neural Interfaces

Miniaturized implantable microchips featuring on-chip electrodes, amplifiers,
stimulators, and wireless power transfer (WPT) and telemetry capabilities can offer
electrical access to the cortical surface at high electrode density for next generation
information-rich, long-lasting, and robust brain-machine interfaces (BMI). If the fully-
on-chip neural interfaces are smaller than the radius of curvature of the cortical surface
(i.e., at mm-scales), many such chips can be arrayed across the curves of the cortical sur-
face (Fig. 5.1), potentially enabling higher global electrode density over a larger total
area than more conventional ECoG or 4tECoG [81]. As fully wireless modular devices,

interconnect problems that burden conventional approaches are eliminated.

Wireless Fully-integrated
Transmit Powering Modular Neural Ip_Iant

N

- <—Epidermis & dermis

. "1, <——Subcutis

Arachnoid mater
Cerebrospinal fluid

Cerebral cortex

Figure 5.1: Overview of fully-on-chip modular neural implants. The inset die photo illustrates
the on-chip coil and interior active circuitry.
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Figure 5.2: Loss mechanisms in an on-chip coil and its typical quality factor as a function of
frequency.

However, the achievable quality factor (()) of mm-scale on-chip coils is low for
several reasons as illustrated in Fig. 5.2, which results in low power transfer efficiency
(PTE) when coupled with the small physical size of the on-chip coils and relatively
large transcutaneous separation between the implant and an external driving coil [82].
For example, the limited area and trace width/spacing design rules, along with its sheet
resistance and proximity effect between traces, results in finite parasitic resistance in the
on-chip coils [83]. Also, the P-type silicon (p-Si) substrate for ICs yields loss mecha-
nism that contributes to additional resistance in the coils as well as parasitic capacitance
that reduce the self-resonant frequency (SRF) [84]. In addition, unlike conventional
on-chip inductors which have an interior blank for magnetic flux and a guard ring for
isolation from peripheral circuitry, the inner of on-chip coils for modular neural im-
plants would be filled with neural interface circuits and electrodes for integration, which
reduces () of the coils by blocking magnetic flux while introducing severe interference
to sensitive circuits. Also, the ()-enhancement techniques for on-chip inductors, such as
the patterned ground plane [85] and the deep trenched p-Si substrate, cannot be applied
to the interior of fully-on-chip neural interfacing devices. For these reasons, the WPT
with on-chip coils in fully-integrated neural implants has not achieved comparable PTE
to conventional WPT techniques utilizing PCB [86, 87], wire-wound [88-90], or ferrite

core coils [91].
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This chapter presents guidelines for design and optimization of on-chip WPT
coils to overcome and alleviate the challenges described above with reporting the results

of an on-chip coil optimized for a 100 ;W neural interfacing system depicted in Fig.5.1.

5.1 On-chip Coil Optimization

5.1.1 Model parameters

Power transfer efficiency of an inductive link illustrated in Fig 5.3 is given by:

k?Qrx QRX toaded Rprx
1+ k2QrxQrx joaded R + Rp,rx
 Keouplingrx
1+ KeouplingIRX

PTE =

(5.1)

Nioad

where Qrx = wlrx/Rrx, Qrx = wLrx/Rrx, QRX loaded = NMRXQRX> Keoupting =
K QrxQrx, Nrx = Ry/(RL + Rprx), Nioad = Rprx /(R + Rprx) and Rprx is
the effective parallel resistance of the RX coil (Rrx(Q%y + 1)), assuming capacitors
are used to resonate both the transmitter (TX) and receiver (RX) coils [86].

Here, K oupling 18 largely dominated by the TX and RX coil design and their
physical separation, which is difficult to optimize on the RX side under anatomical
constraints. Instead, optimizing on-chip coils for mm-scale neural implants is typically

an exercise in maximizing 1gx X0ad, both of which depend on the load impedance. To

N jwMi1 g
—— _SL RpRX ==
RRxHWLRX P,RX % PRX—— C2==RL

Q 1 2
= Lrx 5~ RerRx=Rrx(Qrx +1)

Figure 5.3: Equivalent circuit model of inductive power transfer systems.
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Figure 5.4: Cross section of the employed FEM simulation model.
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Figure 5.5: Frequency-dependent dielectric properties of tissues for the proposed FEM model.

illustrate the proposed design procedure, in this work, a 100 W load is considered in a
total chip area of 3x3 mm? with 2.4 x 2.4 mm? of area available for inner active circuitry
(Fig. 5.1).

In this work, optimization is performed based on 3D Finite Element Method
(FEM) simulations using Ansys HFSS v15. Figure 5.4 shows a cross section of the
employed 10x 10x 10 cm?® model, consisting of 2 mm of skin, 2 mm of subcutis (fat), 5
mm of bone, 1 mm of CSF that models the subarachnoid space, 3 mm of gray matter, and
87 mm of white matter. All of the tissue layers include frequency-dependent dielectric
properties as shown in Fig. 5.5 from [27]. The RX chip is placed on gray matter (10
mm implant depth) and covered with 200 pm of Parylene C, while the TX is positioned

above tissue with various air gap distances (1 to 10 mm).
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5.1.2 Optimizing the number of turns

Figure 5.6a depicts the simulated () zx of on-chip coils with the varying number
of turns in the same layout area, and with a 1:1 width-to-space ratio. Here, fewer turns
results in higher () rx. This matches intuition, as resistance increases quadratically with
trace length and width, while inductance increases only linearly in the same layout area.

This analysis concludes that a single turn coil offers the largest possible K oypiing-

25 T T T T T T T T m
1-turn

20

15

10

Quality Factor of RX coil (Qrx)

O 1 1 1 1 1 1 1 1 J
50 100 150 200 250 300 350 400 450 500
Frequency [MHZz]
(a)
2500 T T T T T T T T m
1-turn

2000 [

1500

1000

500

Effective Resistance at wq (£2)

0 1 1 1 1 1 1 1 -
50 100 150 200 250 300 350 400 450 500
Frequency [MHz]
(b)

Figure 5.6: (a) Quality factor (Qrx), and (b) effective resistance (Rp rx) at resonance for
various turn-number configurations.
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Figure 5.7: Power transfer efficiency for £=0.005, and QQ7x =250 for AC loads of (a) 0.16 k2,
(b) 1.6 k€2, and (c) 16 k€.
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However, PTE is not determined solely by K oupiing: Nrx and 1,44 are also im-
portant, and depend on both the load impedance and Rp rx. As illustrated in Fig.5.6b,
Rp rx increases with the number of turns due to increased Rrx. In contrast to opti-
mizing K coupiing, @ larger number of turns is desired to achieve a high Rp rx in order to
better match to the impedance of a low-power load. These competing trade-offs equal-
ize for various frequencies and load conditions, resulting in an optimal number of turns
for maximum PTE.

Figure 5.7 illustrates this for & = 0.005 and Qrx = 250, assuming AC loads of
0.16, 1.6, and 16 kS2 that model 1,000, 100, and 10 ©W 0.8 V DC loads, given a rectifier
with 50 % power conversion efficiency (PCE) and 100 % voltage conversion efficiency

(VCE) [92]:

1 PCE 1 PCE Ve
VO E2 PCend = 5y e Ppcioad

RAC.load = (52)

This analysis shows a 3-turn coil is optimal for a 100 W neural implant with other

specifications described above.

5.1.3 Optimizing trace width/spacing

The next step for RX coil design is to size the coil wire width and spacing. Wider
trace widths achieve lower resistance but reduce the spacing between turns in a fixed
area. Proximity effects between turns result in not only additional effective resistance
but also increased parasitic capacitance that reduces SRF, both of which ultimately serve
to degrade ()rx. Unlike when optimizing for the number of turns, it is appropriate to
try to maximize (Qrx when optimizing coil trace/space specifications, as at large load
resistances, 1rx and 7);,,4 are not strongly affected by coil trace size. To select optimal
trace width and spacing, a parametric sweep was performed in HFSS with 5 ym trace
width steps from 60 to 90 pum for a fixed total coil width (280 pum). Representative
results from this parametric sweep are shown in Fig. 5.8. Here, HFSS simulation results

suggest an optimal ratio of 30:11 (75 pm : 27.5 pm for () = 14 at 200 MHz).
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Figure 5.8: Optimizing () px through trace width/spacing engineering.

Interestingly, a tapered sizing approach where outer turns are wider than inner
turns can further improve () under the same total coil width constraint by minimizing
the proximity effect and p-Si substrate losses. To find the optimal tapering rate, a further
parametric sweep was performed in HESS by increasing the outer-turn trace with 1 ym
steps from 80 to 90 pm, while decreasing the inner trace width by the same amount
and maintaining the middle trace width and relative spacing. Simulation results reveal
an improved () of 14.6 for a 10 pum tapering rate with 27.5 pym spacing. Figure 5.8
illustrates () of the optimized on-chip coil in comparison to the 1:1 width-to-space 3-

turn coil.

5.1.4 Internal Circuit Routing Considerations

In fully-on-chip neural implants, the RX coil is typically positioned along the
perimeter of the chip to maximize its area and inductance. However, unlike conven-
tional inductors in RFICs, the inner area of the RX coil in fully-on-chip neural implants
is filled with active circuitry, electrodes, metalization, etc. [93]. The presence of con-
ductors within the inner area of the coil can potentially adversely affect Qrx (and po-

tentially interfere with sensitive internal analog circuits). Figure 5.9 shows simulated
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Figure 5.9: The loss density on metal surfaces indicating the amount of receiving power from a
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Figure 5.10: The () degradation by inner routing and its measured value of the fabricated IC
implementing the H-tree routing scheme

power loss densities of two representative chip implementations with a conventional
grid-based internal power distribution and routing scheme (left) and a fractal H-tree-
based routing scheme (right). As shown, grid-based routing schemes introduce addi-
tional on-chip eddy current loops that cause significant additional losses. Figure 5.10
shows how Q)rx is degraded from a maximum of 12.8 with no internal routing (includ-
ing feed line losses), to 8.0 under grid-based routing. To minimize the degradation of
Qrx, it is recommended to design on-chip power distribution and routing networks to

follow a fractal geometry, to minimize the number of eddy current loops. Simulation
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results from an H-tree implementation are also shown in Fig. 5.10, illustrating minimal
degradation of ()rx. Measurement results at 144 MHz, chosen not because it is optimal
for the RX coil’s (), but rather due to characteristics of the TX coil, reveal a QQgx of 11,

validating simulations at that frequency.

5.2 Transmit Coil Optimization

To maximize PTE, the TX coil should be designed to maximize k?Q)ry at the
frequency where the RX coil was optimized. At the frequencies where mm-scale RX
coils are optimal (~100s of MHz), a single-turn TX coil offers superior ()7 x compared
to multi-turn coils (due to higher SRF), and is thus employed in the following analysis
with regards to the trace width and the inner dimension, assuming 1 oz (35 pm thickness)
copper on a 0.6 mm thick FR4 PCB substrate.

Generally, k increases with both frequency and TX coil size as shown in Fig.
5.11, until the SRF or for a radius /2 larger than the TX-RX coil separation distance,
respectively. However, too large of a coil size decreases ()7x at the optimal RX coil

frequency as depicted in Fig. 5.12. Figure 5.13 illustrates the effects of this trade-off

3 -3
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(a) Optimization for inner radius (b) Optimization for trace width
with 6-mm fixed trace width. with 6-mm fixed inner radius.

Figure 5.11: Single-turn TX coil optimization for coupling coefficient (k).
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Figure 5.12: Single-turn TX coil optimization for quality factor (()7x) at the RX optimal fre-
quency.

vis-a-vis PTE, showing an optimal PTE of 2.1 % for a 6 mm inner radius and 6 mm trace
width at 185 MHz. Here, the proposed octagon-shaped TX coil realizes up to 10.5 %

PTE improvement over a circular coil that has 1.9 % optimal PTE as shown in Fig 5.14.

2.1

2.05

11.85

Peak PTE over 50M - 300MHz Range [%]

Figure 5.13: Transmit coil optimization for 1 oz copper (35 pm thickness) on a PCB, for 15 mm
coupling distance (5 mm of air and 10 mm of tissue).
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In high power applications that flirt with specific absorption rate (SAR) lim-
its, it may be beneficial to not necessarily optimize for maximum PTE, but instead for
maximum delivered power to the RX under SAR limits. For example, the TX coil de-
scribed above can transmit more power under SAR limits at lower frequencies, where
PTE is deteriorated. As shown in Fig. 5.15a, an optimal frequency of 144 MHz balances
SAR-limited TX power with PTE to maximize power delivered to the RX load. Inter-
estingly, placing the TX coil away from the skin increases TX power under SAR limits
as depicted in Fig. 5.15b, yet does so with decreased PTE. In this example, the power
delivered to the RX load is maximized for an air separation distance of 5 mm. At an RX
load power of 100 pW, it is better to optimize for maximum PTE, as SAR limits are not
reached. However, if the implant enters a constant stimulation mode, where power can
be as high (~mW level) [94], the SAR-informed optimizations described above may
be appropriate. Assuming a peak power as high as 6 mW, a 144 MHz frequency was

selected in this work.
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Figure 5.15: (a) Operating frequency selection with 5 mm air gap and (b) optimal air separation
from tissue when considering SAR at 144 MHz.

5.3 Measurement Results

In order to validate the described optimization methodology, a 3x3 mm? fully-
on-chip neural interfacing device and a 24 mm octagonal TX coil were fabricated with

the coil specifications described in the preceding section. WPT measurements were
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taken with a Keysight E5071C vector network analyzer. To ensure accurate PTE mea-
surements, extensive calibrations and port extensions were performed to de-embed the
effects of all SMA connectors and feed lines, and all measurements were repeated 20
times and averaged. Unlike conventional WPT systems, which often estimate impor-
tant quantities such as k by removing the tuning capacitor and measuring Z-parameters
[89,90], it is difficult to remove on-chip tuning capacitors used in mm-scale neural im-

plants, and thus an alternative analytical technique is required.

12 T T T T T T T T 0015

—©— In air (measured)
= = In air (simulated)
S —— W/ tissue (measured)
85 ==== W/ tissue (simulated) 0.01

G max) [%]

0.005

Coupling Coefficient (k)

Maximum PTE (
o

11 12 13 14 15 16 17 18 19 20
Distance between TX and RX [mm)]

(a)
—6— In air (measured)
= = In air (simulatd)
—— W/ bone (measured)
—HB— W/ skin & muscle (measured)
—%— W/ muscle (measured) -
= = W/ tissue model (simulated)

10

PTE with 1.6 k€2 AC Load [%]

O 1 1
11 12 13 14 15 16 17 18 19 20
Distance between TX and RX [mm]
(b)

Figure 5.16: (a) Maximum PTE under optimal load conditions, along with estimated k. (b)
Measured and simulated PTE with a 1.6 k{2 AC load in air and galline tissue.
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The maximum PTE with an optimal load, PT'E,,qz opt.icad> 15 defined approx-
imately as k*QrxQrx/4 when K coupling 1s smaller than 1. This is exactly the same
as the definition of maximum available gain (G,,..), and thus k& can be estimated by

measuring Qrx, Qrx, and G, derived from the following equation:

Gmax = :221: (S — V5% — 1)7 (5.3)
12

where S is the stability factor derived from S-parameters. Figure 5.16a shows the mea-
sured PT Ey,q5 0pt.load and k results acquired via measured and converted S-parameters
both in air and across 10 mm of galline tissue (with the rest of the coil separation dis-
tance occurring in air). Coil (Js were measured separately, revealing )7y =416.8 and
Qrx =11 at 144 MHz in air. Since ()7x is severely degraded in the presence of bio-
logical tissue, ()7x was measured at every data point in order to estimate k. Simulated
PT Erpaz.opticad based on the models described above agree with all shown measure-
ments to within 0.6 %.

While Fig. 5.16a shows the maximum PTE given an ideal load, Fig. 5.16b shows
measured PTE for a more realistic fixed 1.6 k{2 AC load. Here, the WPT achieved
3.82 %, 3.2 %, and 2.93 % PTE at 11 mm WPT channel distance (1 mm air gap, and 10
mm of either galline chest bone or muscle tissue with and without skin). Simulations
with the brain implant model described in Fig. 5.4 achieves 4.25 %. For reference, the
WPT link achieved 8.1 % measured PTE and 8.6 % simulated PTE across 11 mm in air,
matching to within 0.5 %.

Table 5.1 summarizes the results of this work while contrasting to other recent
work on mm-scale implantable coils. As a result of the proposed optimization proce-
dure, the designed on-chip coil WPT link achieved higher PTE than previously-reported

on-chip WPT solutions, while achieving comparable PTE to mm-scale wirewound coils.
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Table 5.1: Table of Comparisons to Recent mm-Scale WPT Links for Implants under In-vitro

Conditions
Parameters This work [82] [89] [90]
Type Oct. PCB Square PCB Hex. PCB Cir. PCB
TX Diameter [mm] 24 20.5 24 28
No. of turns 1 2 1 5
Type On-chip On-chip Wirewound | Wirewound
0.036 0.048 0.785 0.785
RX Volume [mm’] (3%3x0.004) | (2x2.18x0.011) | (rx0.52x1) | (rx0.52x1)
No. of turns 3 4 7 7
TX-to-RX distance [mm] 117\ 15% 10 12 12
Tissue thickness [mm)] 10 7.5 10 10
Frequency [MHz] 144 160 200 20
AC load [k€] 1.6 Optimal 5 0.25
PTE [%] 3.82*\ 1.83 0.8 0.56 1.4
Max. Del. Power 2W/kg SAR) [mW] | 5.22° \ 6.62° 0.8° 0.275° 2.75°

Note : T for the maximum PTE and I for the maximum delivered power under 2 W/kg SAR

*5.04 % with optimal load. ¢ based on HFSS SAR simulation. o converted from 1.6 W/kg SAR.

5.4 Conclusion

This chapter has shown the optimization methods for on-chip WPT coils via
FEM simulation, validating with the in-vitro experiments. With the restricted Q of on-
chip inductors under IC fabrication, these optimizing steps enable to achieve 3.82 %
PTE with 1.6 kQ2 AC load modeled for 100 uW 3 x 3 mm? neural implants when the
implant depth is 10 mm with 1 mm air separation. Since the optimized PTE ensures
the plenty of delivered power on an energy-efficient neural implant, the on-chip WPT
is expected to create the next generation of neural implants, alleviating the problems by
external components.

Chapter Five is largely a reprint of material as it appears to ”Wireless powering
of mm-Scale Fully-on-Chip Neural Interfaces,” by Jiwoong Park, Chul Kim, Abraham
Akinin, Sohmyung Ha, Gert Cauwenberghs, and Patrick P. Mercier in IEEE Biomedical
Circuits and Systems Conference (BioCAS), October 2017. The dissertation author is

the primary investigator and author of this work.
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Appendix A

Derivation of Field Pattern and

Complex Power Density

Given an ideal current loop (I = I,e’™") which has a radius of a as shown in

Fig. A.la, the vector potential can be derived as below:

7 (k\/TQ +a2—2arsinfcosd’ —wt)

1 AlLIoa /27r ;€ /
A= cos d
¢ T Jo ¢ /12 + a® — 2arsinfcosd’ ¢

. Io 2 1 k, 1 .
~ ¢“4 : / cosd/ [~ + alj— + —)sinfcos¢/] e 7E0dg (for v > a)
s 0 T r r
kI,

(A.1)

With derived vector potential by an ideal current loop, the E and H field pattern

and Poynting vector can be derived as shown below:

- 1 - 1. 1 0 1 o .
H = EV X A= p[r g 80(32710|A|) . a—(sm0|A|)]
k31,a? 1 1 1 1 1 4
— o = o 2 - . : —j(kr—wt)
1 {r [j(k;r)2 )’ 512 cost + 0 [k L (kr)3] sinf} e
(A2)
= nk:df a® 1 _ o
F=— H jkr—wt)
Jwev ¢ {k:r * j(kr)Q} sinf e
(A.3)
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Figure A.1: (a) An ideal magnetic dipole and its near-field pattern and (b) a Hertzian electric
dipole and its near-field pattern

1 o1

nkSI2a* 1 1 N
T
(k) " Chr)?

32 Gy T G 20— O

| sin20}
(A.4)

W=_ExH*"=

N —

Where k = /e,.k,, 1 =1, / /€ with a dielectric medium which has the relative

permittivity of €,,

_, k31 a2 \/E_ 1 ~ € \/6_ 1 )
H= _20 o ~ r 9 01 0 r r ind —j(kr—wt)
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(A.5)
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(A.7)

In a similar manner, the vector potential, field pattern, and Poynting vector of an

electric dipole which has a length of d as shown in Fig. A.1b can be derived as:
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While degrading the E-field generated by an electric dipole as shown in Eqn.
[A.10], a high dielectric material (e.g., biological tissues at lower frequency) enhances
the H-field by a current loop as described in Eqn. [A.5], which results in better inductive
coupling between the magnetic sources (e.g., mHBC coils), unlike poor capacitive cou-

pling of eHBC or RF under a high dielectic medium like seawater as reported in [50,51]
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Appendix B

Derivation of the Magnetic Flux

Density inside the Human Body

When there is no boundary on the propagation path of a far-field EM wave (i.e.,

in free space), the averaged magnetic flux density (54, 404) passing through the RX coil

placed at z = Z can be derived as:

Bfar,avg,air (Z> —

(1321(Z) _ i/ troH gar (1) dA

Ay

Ok2 o .
a2/ / HooZo o’ sinf da'do
7

(B.1)
,uok:2 sm@ » pok?I, /“ a’ o
— a
2 0 1/Z2_|_a/2 2 0 ZQ+CL/2
ok, a?
= 1 —2"In (1 + ﬁ)

However, the existence of high dielectric in air yields a boundary condition that

keeps the far-field wave energy inside the dielectric material by total internal reflection

as shown in Fig. 3.4, which can be modeled as an effectively enlarged dimension (a*)

of the receptor coil, so long as the orientation of the flux vectors are taken into account.

With this modeled wave behavior, the By, 4,4 0f the RX coil can be derived as follows:

Bfar,avg(Z ~ Nb) = i'Bx,far,avg(Z) + éBz,far,avg(Z)

(B.2)

106



1 2 a*
(where Bcc,far,avg<Z ~ Nb) = @ / / ,uona,r(r> cost) da’ld¢
0 0

ma

_ poe;k:glo i D / sinfcosh !
m=1 (

m—1)a r
o er[o N ma Za
_ Hobrloto ZD””/ L 5 da
2 —" (m—1)a /ZQ + alQ
_ po€r k21, i\f: Dol (m—1)aZ B maZ |
2 o V2 + (m— 122 722+ m2a?

1 21 a* .
and Bz,far,cwg<Z ~ Nb) = ﬁ / / ,U/onm'(r> sinf da/d¢
0 0
o6 k21, [/“ D, sin?6 2 D ysin26
B 2 0 r

a r

Na Dz : 29
+ ... +/ ﬂda’]
(

N-1)a r

da' + da’

ma <2
sin-60
da

N
o k21, Z
m=1

m—1a T

ma 12

Moerkg[o al a /
_ tokolo 5y S
2 —t (m—1)a 1 /Z2 + a12

_ Moerkgjo i D {ln[ ma + v Z? + m2a? ]
2 =TT m = a4 /22 + (m— 1)2a?

(m—1)a

ma
- +
VZ2 +mPa® /2% + (m — 1)%a?

1)

On the other hand, the mid- and near-field portion is stored in a standing wave
rather than being radiated. Since the E and B fields are not coupled with each other in the
near field, the boundary condition derived from the far-field radiating wave properties
cannot be applied to this standing wave. Therefore, for the analysis of the near-field

portion’s behavior at the body air interface, it is more suitable to employ the boundary
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condition for time-harmonic B field given below:

B . B
x =t =i x =t (B.3a)

Mo Mo
ii-B,—ii-B=J,~0 (B.3b)

where .J, is the surface current density vector and 7 is the normal vector of the
incident plane. When J, can be negligible due to tissues’ low conductivity (o < 0.2
Siemens/m) at lower frequency, the near-field portion of the B field does not show a
discontinuity at the boundary; hence, B can be calculated without the consideration on

the boundary condition by the human body as shown below.
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Here, since B,,,, has the same phase as the far-field portion, B,car,avg 15 Split
into = and 2 dimension for the sake of convenience for computing the total averaged B

as derived below:

’Btotal,avg(Z>’ = {[Bz,far(Z) + Bz,near2,avg(Z)]2 + [Bm,far<Z) + Bm,near2,avg(z>]2
+ ’Br,nearl,avg(z)|2 + |B0,near1,avg(Z)|2}1/2
(B.5)
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